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This book contains the revised and extended tutorials that 18 experts have
presented at the workshop on Advances in Analog Circuit Design
(AACD) held at 15-17 April 2003, in Graz, Austria. The book comprises
three parts, one per topic, each with 6 tutorial contributions. The three
topics are:

Fractional-N Synthesis;
Design for Robustness;
Line and Bus Drivers.

Each topic is introduced with a foreword by the chairman of the day,
respectively Arthur van Roermund, Michiel Steyaert, and Han Huijsing.
Together, they form the permanent program committee of AACD. The
local organising committee of the workshop was formed this year by
Herbert Grünbacher (workshop chairman) from Carinthia Tech Institute,
Villach, Austria; Wolfgang Pribyl from Austriamicrosystems; and Franz
Dielacher from Infineon Technologies.

This book is number 12 in the series called Analog Circuit Design. The
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We hope that also the current book in this series wil l provide a valuable
contribution to our Analog Circuit Design community.

Arthur van Roermund



PART I: FRACTIONAL-N SYNTHESIZERS

Fractional-N synthesis refers to the synthesis of a reference frequency that is
related with a fractional ratio to another reference frequency. This is
especially important in RF communication electronics, where oscillator
frequencies have to be tuned to specific RF frequencies, while coupled to a
highly accurate reference frequency, most commonly with a phase-locked
loop (PLL). If an integer divider is used in the feedback loop, the reference
frequency has to be kept very low to obtain enough frequency resolution,
which has drawbacks like strong noise gain and, because of stability reasons,
low-bandwidth loops, and thus slow lock-in behaviour. Fractional-N dividers
provide a solution here, but if simply done by changing temporarily between
two integer values, this results in strong phase perturbations, and therefore in
strong undesired phase noise and frequency spurs in the output spectrum. A
solution is found in sigma-delta modulation, which can shape the errors in
the frequency domain. An optimal trade-off can thus be made between
resolution, spectral purity, switching speed, and power dissipation. However,
the combination of PLL design, sigma-delta design, and RF circuit design
aspects makes this a complex job. Moreover, secondary effects, like noise
modulation by non-linear parasitic non-linearities, appear to be significant
for high performance integrated RF circuits.

The tutorials that follow all comprise some overview of theory and
application of fractional-N synthesis and show experimental verification of
it, but from different angles and with different focus. The first paper of Rhee
is a general introductory paper including practical design considerations, and
a treatment of noise coupling, non-linear effects and out-of-band noise
problems. The second paper, of Perrott, focuses on design and simulation
techniques and tools, at transfer-function level and detailed behavioural
level. The third paper, of De Muer, specifically addresses a fast non-linear
analysis method, and shows that due to non-linear effects a single-loop
architecture yet has preference over a MASH architecture, and that for high-
resolution applications the limitations of fractional-N sigma-delta become
apparent. The last three papers are more application oriented. The paper of
Bietti focuses on specific designs, down to transistor level, for wireless 3G
terminals. The paper of Guillou specifically shows the application in receiver
I/Q mixers, UMTS local oscillators, and variable IF in transmitters. The last
paper, of Märzinger, addresses the use of fractional-N sigma-delta loops for
highly integrated modulators: the fractional-N control input is here driven by
the signal that is to be modulated.

Arthur van Roermund



The demand for low-cost high-performance frequency synthesizers is growing as
wireless systems are diversified. High data-rate systems such as general packet
radio service (GPRS) need agile frequency switching and require lower in-band
phase noise to maintain the same integrated phase error with wider loop
bandwidth. Standard frequency synthesizers based on a PLL have difficulties in
meeting various specifications due to the fundamental trade-off between loop
bandwidth and channel spacing. The circuit noise floor of the synthesizer and
spurious tones can be suppressed by narrowing the PLL bandwidth, but the
narrowband PLL suffers from long settling time. The narrow loop bandwidth also

A. van Roermund et al. (eds.), Analog Circuit Design, 3-26.
© 2003 Kluwer Academic Publishers. Printed in the Netherlands.

PRACTICAL DESIGN ASPECTS IN
FRACTIONAL-N FREQUENCY SYNTHESIS

Woogeun Rhee
IBM Thomas J. Watson Research Center

Yorktown Heights, NY, USA

Abstract

The objective of this work is to present practical design consideration
of fractional-N frequency synthesis focusing on different aspects
from integer-N frequency synthesizer design. In this work, a frac-
tional-N frequency synthesis technique for high spectral purity is pri-
marily considered. The fractional-N synthesizer offers several
advantages over integer-N synthesizers and conventional fractional-
N synthesizers. However, superior performance of the fractional-
N synthesizer can be possibly limited by noise coupling, nonlinearity,
and out-of-band phase noise performance. Design efforts and system
perspectives both for the modulator and the PLL are needed to
overcome those issues. System and circuit design aspects in frac-
tional-N synthesizer design have been addressed followed by exper-
imental hardware results.

1. Introduction

3



put stringent requirement for the VCO noise performance. Therefore, there is a
trade-off to determine the synthesizer performance in terms of the phase noise, the
spurious tone, and the settling time as illustrated in Fig. 1. On the other hand, a
fractional-N technique provides wide bandwidth with narrow channel spacing and
alleviates PLL design constraints for phase noise and reference spur. The inherent
problem of the fractional-N frequency synthesizer is that periodic operation of the
dual-modulus divider produces spurious tones. Among several spur reduction
methods, the modulation method is primarily considered in this work.

Fractional-N frequency synthesizers are PLL-based synthesizers which have a
frequency resolution finer than phase detector frequency. The fractional-N method
originally comes from Digiphase technique [1],[2]. Fig. 2 shows the block
diagram of the traditional fractional-N frequency synthesizer. Fractional division
ratio is obtained by periodically modulating the control input of the dual-modulus
divider. For example, to achieve an N + 1/4 division ratio or the fractional modulo
of 4, an N + 1 division is done after every three N divisions. The carry of the
accumulator is the sequence of {...000100010001...}, where the N + 1 division
ratio is corresponding to “1”.

4
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Since phase detector frequency can be higher than the frequency resolution, the
fractional-N synthesizers offer several advantages over integer-N synthesizers.
Firstly, the in-band phase noise contribution from the PLL circuits excluding the
VCO is less. For example, to achieve –80 dBc/Hz in-band noise at 2-GHz output
with the phase detector frequency of 200 kHz, the PLL circuit noise at the phase
detector output should be as low as –160 dBc/Hz due to the multiplication factor
of 20log(10 000). When the fractional-N method is used with the phase detector
frequency of 8 MHz, the phase noise requirement of the PLL circuits becomes
only –112 dBc/Hz, which can be easily met even in CMOS. Secondly, the
reference spur performance is less sensitive to the leakage current and to the
charge pump current mismatch. For example, with a 64-modulo fractional-N
technique, the leakage current as high as 10 nA and the 10% mismatch of the
charge pump output currents may not degrade reference spur performance
significantly while they are critical in the integer-N frequency synthesizers [3].
Thirdly, the fractional-N technique offers agile frequency switching with wide
loop bandwidth. Some applications employ narrowband fractional-N synthesizers
simply to alleviate the PLL noise contribution. In that case, faster settling time can
be achieved by using a dynamic bandwidth method. By dynamic bandwidth we
mean that the loop bandwidth is set to be wider than the desired one when the PLL
is in the frequency acquisition mode [4],[5]. With high phase detector frequency,
the loop bandwidth in the transient mode can be set high with less overshoot
problem. The fractional-N technique provides the opportunity of using dynamic
bandwidth methods more effectually.

5
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The unique problem of the fractional-N synthesizer is unwanted spur generation
which is caused by the periodic operation of the dual-modulus divider. The
fractional-N synthesis is not useful in practical applications unless the fractional
spurs are suppressed. Thus, additional circuitry must be added to suppress those
fractional spurs. Various techniques have been proposed, and their performances
are summarized in the literature [6],[7].

The phase interpolation method using a DAC is a traditional spur reduction
method employed in digiphase synthesizers. Fig. 2 shows the basic architecture
and its operation. Since the phase error is compensated in the voltage domain, this
method suffers from analog imperfections. The mismatch results mainly from
limited DAC resolution and the limited accuracy of the DAC. This approach is
more effective when a sample-and-hold (S/H) phase detector is used. For the S/H
phase detector, the DAC needs to match only the dc voltage during one reference
clock period. For the PLLs which use a P/FD and a charge pump, the phase
interpolation in the time domain instead of in the voltage domain can provide
better spur suppression [8].

Narrowing the PLL noise bandwidth increases the effective oversampling ratio,
which results in high in-band signal-to-noise ratio (SNR). When high-order
modulators are used, the PLL needs more poles in the loop filter to suppress the
quantization noise at high frequencies.

6

2.2 Spur reduction techniques

2.3 modulation in fractional-N frequency synthesis

Fig. 3 shows the fractional-N division scheme using a modulator which
achieves fine frequency resolution with a randomly-modulated dual-modulus
divider [9],[10]. The  modulation technique is similar to the random jittering

method [7], but it does not have a phase noise spectrum due to noise shaping
property. The PLL acts as a low-pass filter to the modulator quantization noise,
and the effective oversampling ratio can be defined by the ratio of the
phase detector frequency to the PLL noise bandwidth or



Conventional digiphase-based fractional-N synthesizers suffer from poor
fractional spur performance when the analog matching is not well controlled. The
instantaneous phase error which needs to be cancelled at the phase detector output

is the fraction of the VCO output period, which can be as low as rad. In the
digiphase method, design complexity depends on the VCO output frequency. For
applications which do not require agile frequency switching, this method would
be useful to relax PLL circuit noise contribution with comparable spur
performance. The settling time can be also improved with dynamic bandwidth
scheme.

On the other hand, the fractional-N synthesizers offer arbitrarily fine frequency
resolution regardless of VCO output frequency, which can make the synthesizer
compensate for crystal-frequency drift with a digital word and accommodate
various crystal frequencies without reducing phase detector frequency [11]-[13].
The all-digital modulation also makes the spur-reduction scheme less sensitive to
process variation. With superior phase noise and spur performance, the
fractional-N synthesis has been extended to a direct digital modulation with a
digital baseband filter [14]-[17].

A few-bit modulation is an another interesting way to have moderate
performance between the conventional digiphase method and the general
modulation method [18]. It features negligible power consumption, small area,
and simple design. The method would be useful for narrowband synthesizers to
achieve better in-band noise performance.

7
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For fractional-N frequency synthesis, two types of modulators have been used.
One is a single-loop modulator, and the other is a cascaded modulator called
MASH. The single-loop modulator has a choice of a single-bit or a multibit output
depending on the quantizer while the MASH architecture outputs only multi bits.

The high-order single-loop modulator with a single-bit quantizer is less
sensitive to nonlinearity. The drawback of this architecture is the limited dynamic
input range due to stability problem. As shown in Fig. 4(a), the inability to use the
full scale of the quantizer makes the frequency synthesizer face the dead-band
problem, unless the reference frequency is high enough to cover all channels
without changing the integer division ratio. By having a multilevel quantizer, the
dynamic input range problem can be solved. The eight-level quantizer in Fig. 4(a)
expands the active division range from {N, N + 1} to {N – 3, N – 2, ..., N+ 3, N +
4} without increasing the minimum quantizer level. Therefore, the multibit high-
order modulator can be easily designed to be stable over all interpolated range
between N and N + 1, which is about 12% of the full range of the quantizer.

Compared to the MASH modulator, the multibit single-loop modulator has less
high-frequency noise at the phase detector output. Although the MASH topology
with the same order can shape the in-band noise more sharply, it produces an
output bit pattern spread more widely than the single-loop noise shaper does as
shown in Fig. 4(b). Different from the integer-N synthesizer, the fractional-N
synthesizer with a modulator makes the charge pump have the dynamic turn-
on time after phase-locked. Less spread output bit pattern makes the synthesizer
less sensitive to substrate noise coupling as the modulated turn-on time of the
charge pump in the locked condition decreases. It also helps to lessen the
nonlinearity problem of the wideband fractional-N synthesizer, which will be
discussed later.
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3. Fractional-N Frequency Synthesis: System Design Aspects

Use of noise-shaped modulators in frequency synthesis alleviates the analog
design constraints of the PLL. In this section, a multibit single-loop modulator is
presented, and system design aspects over integer-N synthesizers are considered.

3.1 Choice of noise transfer function (NTF)



Fig. 5(a) shows the third-order single-loop modulator with an eight-level
quantizer. The NTF is derived from the high-order topology [19]. To avoid digital
multiplication, the coefficients of {2, 0.5, 1.5} are implemented by using shift
operations. This constraint slightly modifies the original NTF, but it still maintains
the causality and the stability conditions [20]. Low-Q Butterworth poles are used
to reduce the high-frequency shaped noise energy, which results in low spread
output bit pattern. As shown in Fig. 5(b), the NTF of the proposed modulator has
the passband gain of 3.1 and the corner frequency of  0.18 for the clock

frequency Note that the high corner frequency is preferred for in-band noise
suppression, but it increases the high-frequency noise energy [21].

9
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By interpreting well-known theoretical results of the oversampling ADC in the
frequency domain, we can derive the upper bound of the loop bandwidth in terms
of the in-band phase noise, the phase detector frequency, and the order of the

modulator. If the in-band phase noise of of the frequency synthesizer
is assumed to be limited within the noise bandwidth of  (Hz) as shown in Fig. 6,

the integrated frequency noise (rms Hz) within is approximately [22]

where assumed. Because the quantizer level in the frequency domain is

equivalent to with the frequency noise of as illustrated in Fig. 6, the
dynamic range of the Lth-order modulator should meet the following condition
[23]

where is defined in Equation (1). Therefore, from Equations (1), (2), and
(3), we obtain

3.2 Dynamic range consideration
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Phase noise is one of the most important specifications for frequency synthesizers.
In synthesizer design, it is important to identify phase noise contribution from
each source. The noise contributions from various sources for a type-II, fourth-
order PLL with a third-order modulator are plotted in Fig. 7. Depending on open-
loop gain design, the modulator can affect in-band noise or out-of-band noise.
The in-band noise may be limited by PLL nonlinearity. The out-of-band noise can
be possibly determined by the residual quantization noise of the modulator rather
than the VCO noise. Note that the quantization noise contribution does not depend
on division ratio, because it is generated by frequency modulation having the
resolution of one VCO clock period. As shown in Fig. 7, the open loop gain needs
to be carefully designed to have the overall noise performance meet the system
specification. High-order poles are important not only for spur suppression but
also for noise performance, which is different from integer-N synthesizer design.

Unless the PLL bandwidth is extremely wide, the in-band noise contribution of the
modulator is negligible even with the order of two. However, low-order

modulators having less uncorrelated output bits may exhibit phase noise

An integrated phase error [rms rad] is an important factor for synthesizers in
digital communications, and it is given by

From Equations (4) and (5), an approximate upper bound of the bandwidth is
obtained, or

For example, when the phase detector frequency is 8 MHz, the upper bound of the

bandwidth with the third-order modulator to meet less than 1°-rms phase error
is 195 kHz. In practice, the required loop bandwidth is narrower than that by
Equation (6) since the quantization noise of the third-order modulator is tapered
off after the fourth pole of the PLL.

3.3 Phase noise
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fluctuation over time, which will degrade the worst-case phase noise performance.
Practically, it is good to have the modulator with the order of at least three in
fractional-N synthesizer design.

Ideally, second or higher-order fractional-N synthesizers do not create spurious
tones. In practice, it is likely to observe fractional spurs at certain output
frequencies. Possible mechanisms to generate fractional spurs are listed below.

3.4 Spurious tones

Coupling between reference clock and VCO
PLL nonlinearity
Idle tones from modulator
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For low-cost synthesizers with limited number of package pins, coupling could be
one of major sources to generate fractional spurs. As illustrated in Fig. 8, the
harmonics of the reference clock can generate a sideband close to the carrier when
the fractional division ratio is close to an integer boundary. Next possibility is PLL
nonlinearity, and the detailed description is done in the following section. Idle
tones from the modulator itself can be an another possible cause of fractional
spur generation. The amount of spur contribution by idle tones is quite low with
high-order modulators, but idle tone performance becomes important when PLL
nonlinearity is present.

In general, the all-digital multibit modulator has no linearity problem, but when it
is combined with the PLL, the nonlinearity of the phase detector is a concern. Fig.
9 shows the similarity between the multibit oversampling ADC and the frequency

3.6 Nonlinearity

3.5 Settling time

As mentioned previously, the fractional-N synthesis offers the opportunity of
using the dynamic bandwidth method more effectually. For integer-N
synthesizers, it is difficult to set much higher charge pump current during the
frequency acquisition mode due to stability. With high phase detector frequency,
the fractional-N synthesizer can accommodate high charge pump current during
the transient mode. The dynamic bandwidth scheme is useful to enhance the
settling time for the given loop parameter or to have better suppression of spur and
out-of-band noise for the given settling time.
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synthesizer having the multibit modulator. The frequency synthesizer has the
multilevel feedback input in the time domain generated by the modulated
multimodulus divider, whereas the multibit ADC has the multilevel feedback
input in the voltage domain generated by the multibit DAC. It is well known that
the multibit DAC performance limits the in-band noise performance as well as the
spur performance. Therefore, a similar behavior can be deduced for the
multimodulus divider with the modulator. The multimodulus divider conveys the
information from the digital domain without having the linearity issue. The phase
detector converts the digital quantity into an analog quantity by generating the
multiphase errors, and the phase detector nonlinearity is considered a main
contributor for nonideal effects of the fractional-N synthesizer. In the
simulation, the higher-order modulator with nonlinearity still has better spur
performance. Therefore, higher-order modulators are preferred not only for lower
in-band noise but also for lower spur levels. Since the MASH modulator is based
on successive noise cancellation of the previous stage’s, the overall performance
with nonlinearity may exhibit the characteristic of a first-order modulator
regardless of the order of the modulator [20]. For that reason, a 2-1 MASH
architecture could be a better choice [24]. A comparison study between the single-
loop architecture and the MASH architecture in the nonlinear fractional-N
synthesizer can be found in the literature [13].

When the PLL bandwidth is set wide, a discrete time z-domain model describes
loop behavior more accurately than a continuous-time model [25]. One of
linearizing assumptions in the z-domain analysis is that phase samples occur at
constant intervals. The fractional-N synthesizer has wide variation of the
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sampling time in nature, and the amount of relative variation to the reference clock
period increases as the division ratio decreases. Therefore, less spread output bit
pattern of the single-loop modulator alleviates the nonlinearity problem of the
fractional-N synthesizer by reducing the nonuniform sampling effect.

Below is the summary of system design aspects in fractional-N synthesizer design.

modulator design needs to be correlated with PLL design
--> best modulator does not guarantee best fractional-N synthesizer!
Third or higher-order modulator is preferred to reduce idle tone,
out-of-band noise, and noise fluctuation effect.
Fractional spurs might be still there due to coupling, nonlinearity, or
modulator idle tones.

fractional-N synthesizer performance is to be ultimately limited by
nonlinearity.
Single-loop modulator gives less spread output bit patterns
--> useful feature for PLL design to reduce coupling and nonlinearity.

4. Fractional-N Frequency Synthesis: Circuit Design Aspects

Fig. 10 shows one example of the dual synthesizer block diagram [12]. The
fractional-N technique is employed for the RF synthesizer to offer agile channel
selection, and a standard integer-N architecture is chosen for the IF synthesizer to
reduce power, die area, and substrate noise coupling. Implementing a low-cost
low-power fractional-N synthesizer in a small package is challenging since the
modulator induces substantial digital noise. Several circuit design aspects in
fractional-N synthesizer design are considered in this section.

4.1 Prescaler and frequency divider

Most frequency dividers employ a dual-modulus divider which prescales the
division ratio to generate integer division ratio with low-speed frequency
counters. With a proper frequency plan, use of the dual-modulus divider helps to
save power consumption significantly since only few D flip-flops (DFF) operate
at high frequencies. Fig. 11 shows two types of prescalers commonly used in
frequency synthesizers. The frequency divider with a P/P+1 prescaler has been a
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standard topology for most integer-N synthesizers, which gives low-power
operation with a proper frequency plan. Different from the integer-N synthesizer,
the fractional-N synthesizer has stringent feedback timing requirement for the
modulus control as the counters operate at high frequencies. By embedding the
DFF at the input of the prescaler modulus control, the timing requirement can be
alleviated. Also, having asynchronous counters with the DFF at the output saves
power without degrading the performance as shown in Fig. 11(a) [11]. On the

other hand, use of frequency prescaler offers lower minimum division ratio

[26]. For example, the minimum division ratio of frequency divider with
four 2/3 prescalers is only 16 while the minimum division ratio of

frequency divider is 56 with a 8/9 prescaler and 240 with a

16/17 prescaler. Therefore, the frequency divider is useful to accommodate
high reference frequency [14]. It generally suffers from harsh modulus control
timing for the first stage 2/3 prescaler. Use of 4/5 or 8/9 prescalers in front end will
alleviate timing margin when seamless integer division ratio is needed only for
certain bands. Use of multiphase prescaler topology can reduce power
consumption for both topologies [27], but it requires careful matching among
quadrature outputs not to create an additional source of PLL nonlinearity in
fractional-N synthesizer design.
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The fractional-N synthesizer is quite immune to phase detector (P/FD and charge
pump) mismatches, since phase detector frequency can be much higher than PLL
bandwidth. In fractional-N synthesizer design, nonlinearity is a concern.
Mismatch in the phase detector does not degrade linearity much, but poor phase
resolution of the phase detector does. To improve the phase resolution of the phase
detector, the switching time of the charge pump needs to be improved. The charge
pump which requires less minimum turn-on time (but actual turn-on time set by
the P/FD can be longer) to avoid the dead-zone is shown to have better phase
resolution. In other words, the rising and falling transitions during current
switching must be sharp. Having high phase detector gain for a steep phase-to-
voltage transfer function is an another way to improve linearity. It also lowers the
impedance of the VCO control line for the given loop bandwidth, which results in
reduced coupling toward the VCO input.

Since the input data of the frequency divider are dynamic in the fractional-N
synthesizer, it is important to synchronize them for proper operation. Also, the
dynamic dithering scheme is useful to further decorrelate the modulator outputs
[12],[15]. It is important not to reset the modulator logic when the frequency
synthesizer is reprogrammed for different channel. Resetting the modulator
will impact synthesizer settling time.

4.2 P/FD and charge pump

4.3 Modulator control logic
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Dealing with noise coupling is one of difficult tasks for designers. In addition to
layout efforts, some ways of reducing noise coupling at circuit level are
considered. Fig. 12 shows the timing diagram of the charge pumps and digital
blocks in the dual synthesizer. Since the modulator changes states at the rising-
edge of the clock, it generates high switching noise at that time. Due to the master-
slave DFF operation in the modulator, a significant switching noise is also
generated at the falling-edge of the clock. It is important to turn on the charge
pump during the quiet period [10],[15]. The IF synthesizer with the narrow loop

4.4 Noise coupling
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bandwidth is relatively immune to the high-frequency digital noise. Accordingly,
the P/FD in the RF synthesizer is designed to be falling-edge triggered, while the
P/FD in the IF synthesizer is rising-edge triggered to minimize the coupling. To
further isolate the charge pump turn-on time from the digital switching noise, the
clock of the modulator is delayed with a DFF using the high-frequency clock
which is available from the prescaler output.

As shown in Fig. 13, an on-chip voltage regulator is designed to have digital
blocks operate at lower supply voltage. The voltage regulator reduces the power
consumption and the substrate noise coupling from the digital blocks, since
lowering the supply voltage of the CMOS digital circuits mitigates the dynamic
peak current. For the RF synthesizer, two regulators are implemented; one is used
for the modulator and the other for the counters. Miller compensation is done to
maintain the stability, and the dc load current enhances the phase margin. A
decoupling capacitor is added at the regulator output. Note that the on-chip
regulator is used not to improve power supply rejection of the analog circuits but
to reduce substrate noise coupling by lowering supply voltage of the digital
blocks.

Below is the summary of circuit design aspects in fractional-N synthesizer design.

Frequency divider with P/P+1prescaler has lower power, and
frequency divider features lower minimum division ratio.
Linearity is more important than matching in charge pump design
--> minimum turn-on time requirement needs to be minimized.
High charge pump current is still preferred in fractional-N synthesizer
--> to improve linearity and coupling especially with external VCO.
Timing isolation and use of lower supply for digital blocks help to
reduce noise coupling.

5. Experimental Results

Prototype fractional-N synthesizers have been implemented in CMOS
and in BiCMOS [11],[12]. A type-II fourth-order PLL is designed with
a 3-b third-order modulator. Fig. 14(a) shows the measured output spectrum at
900.03 MHz with the 3-b second- and third-order modulators [11]. They are
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compared by switching output bits of each modulator without changing any loop
parameter of the synthesizer. The external loop filter is designed to have about 40-
kHz loop bandwidth. The third-order modulator case shows less out-of-band noise
as expected. Being limited by the synthesizer noise, the output phase noise does
not show the noise shaping effect by the modulator unless the loop bandwidth
is further widened. However, the effect of the quantization noise from the
modulator can be clearly seen at the divider output. Fig. 14(b) shows the shaped
quantization noise seen at the divider output. The output with the second-order
modulator has idle tones at high frequencies but they can be suppressed to a
negligible level at the VCO output with a 40-kHz loop bandwidth. The third-order
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modulator does not exhibit high-frequency tones near Note that the corner

frequency of the quantization noise is close to that of the NTF shown in Fig. 5(b).

Fig. 15 shows the synthesizer output phase noise measured at 900.03 MHz [11].
The phase noise of a free-running external VCO is plotted together. The phase
noise floor from 200 to 800 kHz is the residual quantization noise of the
modulator. The phase noise is –135 dBc/Hz at 3-MHz offset frequency, and it can
be further suppressed either by increasing the phase detector frequency or by
pushing high-order poles toward the loop bandwidth sacrificing the phase margin.

Fig. 16 shows the dithering performance in the fractional-N synthesizer [12].
To see the dithering effect clearly, only four bits from the MSB are used for the
input data of the modulator and the wide loop bandwidth of 150 kHz loop is
chosen. With the 8-MHz phase detector frequency, the minimum frequency
resolution is 500 kHz, which is the 1/16 of 8 MHz. In Fig. 16, the carrier frequency
is set at 2472.5 MHz with the effective division ratio of 309 + 1/16. Figure 16(a)
shows the fractional spur performance without dithering. Interestingly, the spur is
also generated at 250-kHz offset frequency, which is half of the minimum
frequency step. With dithering, the spurs are suppressed and they are smeared into
the broadband noise as shown in Fig. 16(b). It is under investigation to clarify
whether the spur at 500-kHz offset comes from the idle tone of the modulator with
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nonlinearity or the coupling between the harmonic of the reference frequency and
the VCO output frequency. In Fig. 16(b), the residual quantization noise of the
modulator is substantial since the effective oversampling ratio is only about 50,
which is not likely used in practical applications. The in-band noise contribution
of the synthesizer with dithering is shown to be –88dBc/Hz at 20-kHz offset
frequency, which has about 3-dB worse performance than the one in Fig. 16(a).
Fig. 16 implies that the synthesizer with a few bit modulator can be also useful
to achieve good phase noise performance with lower power consumption when
the system does not require fast settling time for the synthesizer.

Fig. 17 shows the in-band phase noise performance with different phase detector
frequencies, which is measured at 2.4-GHz output frequency for the RF
synthesizer and at 460.8-MHz output frequency for the IF synthesizer. To make
sure that the in-band noise is not limited by the VCO phase noise, the loop
bandwidth of 100 kHz is used to suppress the VCO noise to be less than –95
dBc/Hz. The in-band noise performance of the RF synthesizer tends to be
saturated at above 8-MHz phase detector frequency, which shows that it is not
limited by the synthesizer circuit noise floor, but by either the substrate coupling
or the nonlinearity effect of the PLL.
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Another interesting result that is not present in integer-N synthesizers is the noise-
shaped reference spur, showing that the noise shaping is related with the digital
modulation. The noise peaking at the carrier can occur in the under-damped PLL,
but the noise shaping at the reference spur is independent of the loop dynamics of
the PLL.

Several features which can be observed only in fractional-N synthesizers are
summarized as follows.

Arbitrarily fine frequency resolution
Channel-dependent spur performance
Noise-shaped reference spur
“Clear” noise shaping at divider output --> useful feature to check
whether multi-modulus divider operates properly with modulator
Residual out-of-band phase noise floor with low OSR
Spur and phase noise fluctuation with low-order modulator

Fig. 18 shows the microphotograph of the fractional-N synthesizer which is
embedded in the quad-band direct conversion GSM/GPRS RF transceiver [28]. To
prevent switching noise in the fractional-N synthesizer from interfering with the
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G. C. Gillette, “The digiphase synthesizer,” in Proceedings of 23rd Annual
Frequency Control Symposium, Apr. 1969, pp. 25-29.
J. Gibbs and R. Temple, “Frequency domain yields its data to phase-locked
synthesizer,” Electronics, pp. 107-113, Apr. 1978.
W. Rhee, “Design of high-performance CMOS charge pumps in phase-
locked loops,” in IEEE Proceedings of ISCAS, vol. 2, June 1999, pp. 545-
548.
D. Byrd and C. Davis, “A fast locking scheme for PLL frequency
synthesizers,” Application Note, National Semiconductor Corporation,
July 1995.

LNAs, the two circuits are separated by the low-noise baseband analog circuitry.
N- and P-type substrate contacts under the baseband supply and ground shunt
synthesizer switching noise in the substrate. The degradation of receiver noise
figure due to the synthesizer is reported to be less than 0.2 dB [28].

6. Conclusions

Fractional-N frequency synthesis technique alleviates several PLL design
constraints which are present in integer-N synthesizer design. Superior
performance of the fractional-N synthesizer can be limited by noise coupling,
nonlinearity, and out-of-band phase noise performance. Design efforts and system
perspectives both for the modulator and the PLL are needed to overcome those
issues. In this work, system and circuit design aspects in fractional-N
synthesizer design have been addressed, and experimental hardware results have
been presented for practical understanding of the  fractional-N synthesizer.
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Abstract

Design and simulation techniques are presented for fractional-N
frequency synthesizers that allow fast and straightforward
assessment of these systems at the transfer function and behavior
levels, respectively. The design approach uses a freely available
software tool to perform the loop filter design and allow
assessment of the impact of parasitic poles/zeros, gain and
pole/zero variations, and detector and VCO noise. The simulation
techniques, which are also embedded in a freely available
software tool, allow fast and accurate simulation of fractional-N
synthesizers by leveraging an area conservation approach and by
combining the VCO and divider blocks. The simulation approach
is verified by comparison to measured results from a custom
fractional-N frequency synthesizer IC.

1. Introduction

Fractional-N frequency synthesizers provide high speed frequency sources that
can be accurately set with very high resolution, which is of significant value to
many communication systems. Figure 1 illustrates this PLL architecture, which
consists of a phase-frequency detector (PFD), charge pump, loop filter, voltage
controlled oscillator (VCO), and a frequency divider that is dithered between
integer values to achieve fractional divide ratios. The realization of fractional
divide ratios allows the synthesizer to achieve very high frequency resolution. In
this paper, we will focus on a particular class of fractional-N frequency
synthesizers for which the divide value is dithered according to the output of a

modulator [1,9].
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Dithering of the divide value by the modulator allows high frequency
resolution to be achieved, but also has the negative side effect of introducing
quantization noise that degrades the overall PLL noise performance [1]. It is
highly desirable to be able to calculate and simulate the impact of this
quantization noise, along with other noise sources in the PLL shown in Figure 2,
on the overall PLL performance. It is also desirable to calculate and simulate
the dynamic response of the synthesizer in response to variations of the
input in order to evaluate stability and characterize the performance of the
system when it is used as a transmitter [2].

In this paper we will introduce design and simulation techniques for
fractional-N frequency synthesizers that focus on both dynamic and noise



29

performance. The design techniques are embedded in a GUI-based program
called The PLL Design Assistant program, which enables assessment of the
synthesizer noise and dynamic performance based on the modeling approach
described in [3]. The simulation techniques are embedded in a C++ simulator
called CppSim, which enables verification of the synthesizer noise and dynamic
performance at a behavioral level. Each of these tools can be freely downloaded
from http://www-mtl.mit.edu/~perrott. We will first focus on the design
techniques, and then on key aspects of the simulation method.

2. Synthesizer Design using the PLL Design Assistant Program

The PLL Design Assistant program allows fast and straightforward design of
phase locked loops at the transfer function level. In particular, the program
takes as input a desired closed loop transfer function description and then
automatically calculates the open loop parameters that must be chosen to
achieve the design. The resulting closed loop pole/zero locations, transfer
function, and step response are plotted with a simple touch of a button. The
impact of non-idealities such as open loop gain and open loop pole variations on
the closed loop response can be explored by entering in the variation values into
the tool and observing the resulting shifts in the closed loop pole/zero locations,
transfer function, and step response. In addition, the impact of parasitic poles
and zeros can be accounted for by entering them into the tool and observing the
resulting closed loop response. Finally, an estimate of the PLL noise
performance can be viewed by entering in noise parameters such as the
magnitude of detector noise and VCO noise and observing the resulting phase
noise and rms jitter at the PLL output. In this chapter, we will focus only on
calculation of the open loop parameters given a desired closed loop specification
– the other features of the software are described in detail in its accompanying
manual at the author’s website indicated above.

2.1. Background

A linearized model of the fractional-N frequency synthesizer presented in
[3] is shown in Figure 4. Here we are assuming that an XOR-based [8] or
Tristate [4] phase-frequency detector (PFD) is used, which is then fed into a
charge pump with current (please see [3] for more details). As discussed in
[3], this linearized model can be used to analyze the “small signal” dynamic
properties of the PLL as well as its noise performance. By “small signal”, we
consider only variations in the PLL frequency caused by small changes in the
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divide value. If the divide value is stepped by a large value, the PLL will cycle
slip many times before re-acquiring frequency lock, and thereby invalidate our
modeling assumptions. Fortunately, a well designed fractional-N frequency
synthesizer system can always be ramped in frequency slowly enough to avoid
losing frequency lock, so that our modeling assumptions will be accurate for
most practical cases. Otherwise, if an estimate of the nonlinear behavior
exhibited during cycle slipping is desired, simulation tools such as described
later in this chapter can be used.

The model shown in Figure 4 can be used to design the PLL dynamics to be
stable using classical techniques based on examining the phase margin of its
open loop response. However, the PLL Design Assistant software allows a
much more direct means of design by enabling the user to directly set the
characteristics of the closed loop dynamics rather than inferring the closed loop
behavior from open loop analysis. The key to the approach is to first design the
closed loop dynamics according to desired specifications, and then calculate the
open loop response required to realize the desired closed loop behavior,

As discussed in [3], the closed loop response of the system can be parameterized
in terms of a single transfer function we label as G(f). Table 1 describes the
relationship between G(f) and its open loop counterpart, A(f). The open loop
transfer function is, in turn, calculated from Figure 4 as specified in the table.
Note that, throughout this document, we will switch between f, w, and s as the
frequency variables of interest. In every case, we will assume that and
s=jw.
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Once the open loop transfer function is calculated, the last step in the design
process is to realize an appropriate loop filter implementation. The methodology
of doing so will be explained later in this document.

2.2. Definitions

Given the above background, we can summarize the design process as
1)
2)

Designing G(f) to achieve desired closed loop characteristics,
Designing A(f) to realize the desired G(f).

In this section, we will outline notation and background to provide
understanding of how to accomplish step 1. The following section will provide
details describing how step 2 is to be achieved.

2.2.1. Bandwidth, Order, and Shape

Figure 5 illustrates the definitions of bandwidth and order for G(f) that will be
assumed in this document.

Bandwidth is denoted as and is defined in an asymptotic manner as depicted
in the figure above. This definition of bandwidth turns out to be more
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straightforward for calculations than the traditional 3 dB bandwidth
specification. As an example, the asymptotic bandwidth of

is simply while the 3 dB bandwidth is

Order is denoted as n, and is defined according to the rolloff characteristic of the
magnitude of G(f) rather than the number of independent state variables in the
system. The reason for this definition is that the rolloff of G(f) is more directly
of interest to the designer than the number of independent state variables.

The shape of G(f) is defined according to standard filter design methodologies.
In particular, it describes the shape of the transfer function and corresponding
step response for a given specification of order and bandwidth. Typical
examples of shape specifications include Butterworth, Bessel, and Chebyshev.

It is important to note that the above definition of shape considers only the
dominant poles in the PLL system. Loosely speaking, the dominant poles are
the ones that most strongly influence the behavior of G(f) and are directly
specified to achieve the desired G(f) characteristic. In practice, any practical
system also includes parasitic poles and zeros that have second order effects on
G(f). Discussion of the impact of such parasitics is deferred to the design manual
that comes with the PLL Design Assistant program.

2.2.2. Type

The type of a PLL is defined as the number of integrators in its open loop
transfer function. In practical PLL implementations, the type is either I or II
(note that the VCO contributes one integrator, so the type must be at least I). A
type I PLL does not contain an integrator in its loop filter transfer function,
whereas a type II PLL does contain an integrator in its loop filter transfer
function. Most PLL’s are implemented as type II systems, but type I systems
have an advantage of having faster settling times [6].

The primary advantage of including an integrator in the loop filter transfer
function, as encountered in type II systems, is that it allows the output of the
loop filter to achieve an arbitrary DC value while simultaneously forcing the
phase error (i.e., the input of the loop filter) to have a steady-state value of zero.
Forcing the phase error to zero is quite advantageous in many applications – the
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phase detector maintains a consistent DC operating point, and the value of the
phase error is well controlled.

2.3. Computation of G(f)

Given the definitions in the previous section, the transfer function G(f) is
designed automatically by the PLL Design Assistant software package.
Specifically, the user simply enters in desired values for bandwidth, order,
shape, type, and and the corresponding G(f) transfer function is
automatically computed using classical filter design routines. The next section
describes how to design the open loop PLL transfer function to achieve the
desired G(f) response.

2.4. Loop Filter Design

The key PLL component used to achieve a desired PLL transfer function is the
loop filter. In particular, the loop filter implements desired poles and zeros for
realizing a given open loop transfer function and, in combination with the charge
pump, also sets the overall open loop gain of the system. Three steps must be
undertaken in designing the loop filter – selection of its transfer function,
selection of its topology, and selection of its transfer function values (and,
thereby, selection of the component values in its chosen topology).

2.4.1. Transfer Function Selection

To design the loop filter to achieve a desired G(f) specification, both its transfer
function and the value of parameters associated with that transfer function must
be properly chosen. The appropriate loop filter transfer function required to
realize a given G(f) function is found using the lookup table shown in Table 2.
The relevant specifications for this task are the desired order and type of G(f) –
note that the bandwidth and shape of G(f) are controlled by the parameter values
of the given loop filter transfer function. It should be noted that the table only
includes a limited set of orders (1, 2, and 3) and types (I and II), but these are
sufficient for most PLL applications due to the prohibitively high analog
complexity required to achieve higher order or higher type values.
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Examination of Table 2, as well as Figure 4, reveals that the desired DC gain of
the loop filter, is a function of a gain term, K, and the PLL parameters:

1)
2)
3)
4)

Nominal divide value,
VCO gain, (in units of Hz/V),
PFD topology,
Charge pump current,

The gain term, K, will be determined automatically for a given G(f) specification
by the PLL Design Assistant software. As for the other parameters, the nominal
divide value is set as the ratio of the output frequency to the choice of reference
frequency, the VCO gain is typically set by the desired frequency range of the
PLL, and the PFD topology is set according to the benefits of an XOR-based
versus Tristate design. However, the charge pump current is a free parameter,
and can be adjusted to either increase or decrease the required value of The
appropriate setting of the charge pump current is determined by the required
noise performance of the PLL – a higher charge pump current value yields lower
detector noise in general. The maximum value of the charge pump current is
typically constrained by limits on the loop filter component values or power
dissipation.

2.4.2. Circuit Topology Selection

Given that the loop filter transfer function has been chosen according to Table 2,
an appropriate loop filter topology is then selected to realize that transfer
function. Popular choices for loop filter topologies can be divided into two
categories: passive and active.
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Figure 10 illustrates possible loop filter implementations using passive
components. The advantage of the passive approach is that good noise
performance can be achieved with minimal power consumption, and that the
overall PLL implementation is simplified by minimizing the amount of active
circuitry. These advantages have led to widespread use of the RC network
shown for the Type II, Order 2 implementation in Figure 10. Passive
approaches are rarely used for higher order loop filter implementations due to
the awkwardness of using inductors.

Figure 11 illustrates active counterparts to the passive topologies shown in
Figure 10. There are two advantages to using an active, rather than passive,
approach for the loop filter implementation: 1) the charge pump need not
support a wide voltage range at its output since the active approach consistently
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sets its value to that of a reference voltage, 2) third order PLL dynamics can be
achieved without requiring inductors.

In general, there are two design rules that should be followed when using an
active loop filter implementation. First, the output of the charge pump should
always feed directly into a high-Q capacitor (i.e. a capacitor with minimal series
resistance) in order to attenuate its high frequency content before it feeds into
the loop filter opamp. The reason for doing so is that the opamp has limited
bandwidth and can exhibit nonlinear behavior if it is directly driven with the
high frequencies that are present in the charge pump output. The second rule is
that the feedback of the opamp should be configured to achieve unity gain from
the opamp terminals to its output. By doing so, the input referred noise of the
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opamp is not amplified in its influence on the loop filter output. The active
topologies shown in Figure 11 achieve both of these desired characteristics.

2.4.3. Computation of Parameters

Given that the loop filter transfer function and its corresponding topology have
been selected, the next step is to calculate the parameters of the transfer function
and then the component values of its corresponding topology. It is at this point
that we now turn to the PLL Design Assistant software as it will perform this
task for us. We will use an example to illustrate the relevant principles.

2.4.4. Example Design

Design a third order, Type II PLL with a Butterworth filter response and
bandwidth of Choose the ratio of to be 1/8.

Step 1: Select the loop filter transfer function based on Table 2:

Step 2: Select the corresponding loop filter topology.
Step 3: Solve for K, and in H(s) by using the software tool. Once
these values are known, they are used to solve for the component values in the
chosen loop filter topology. Figure 12 illustrates the entry of the desired G(f)
parameters into the tool along with the resulting loop filter parameter values that
it calculates (note that and Figure 13 displays the resulting
closed loop step response and pole/zero locations of the PLL. Note that one can
also plot the corresponding closed loop transfer function if desired. In addition,
the user can set the axis limits for all plots in the designated boxes, and can
zoom into a portion of the plot figure by simply dragging a box across the
desired plot area with the mouse.
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2.5. Impact of Open Loop Parameter Variations

In a practical PLL implementation, the value of the open loop gain and loop
filter pole and zero locations will vary from chip to chip and across temperature.
Classical PLL design methodologies address this issue by examining the phase
margin of the open loop transfer function across all such variations to infer
whether the system remains stable. The problem with this approach is that it
provides little information on other important issues such as the change in
settling time or closed loop transfer function that will occur due to such changes.
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Using the PLL Design Assistant, one can directly examine the changes in the
closed loop step response, frequency response, and pole/zero locations by simply
entering in the variations of each open loop parameter into the tool.

Figure 14 displays the inclusion of open loop parameter variations in the tool.
These variations are entered using Matlab notation, so that, in this case, the open
loop gain and loop filter pole values are varied by percentage changes of {-20%,
-10%, 0, 10%, 20%} as specified by the notation -0.2:0.2:0.2.

Figure 15 displays the resulting closed loop step response and pole/zero
locations due to the above open loop parameter variations. The step response
plots allow us to quickly assess that the system has no stability issues over the
range of parameter variations entered. The pole/zero locations also confirm that
the system remains stable as evidenced by the fact that the poles remain in the
left half of the S-plane. Note that the user can effectively do root locus plots as a
function of open loop gain or other open loop parameters with this feature.
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3. Synthesizer Simulation Techniques

We now turn our attention to the task of simulating fractional-N frequency
synthesizers. Fast behavioral simulation of these systems is a challenging
problem for a variety of reasons. First, the high output frequency of the
synthesizer (often in the GHz range) imposes a high simulation sample
frequency for traditional simulators. Unfortunately, the overall PLL dynamics
have a bandwidth that is typically three to four orders of magnitude lower in
frequency than the output frequency (often 100 kHz to 1 MHz bandwidth
compared to a 1 to 10 GHz output frequency). Thus, traditional simulators take
a long time to compute the dynamic response of the system since many
simulation samples are required. This is the classical problem that is encountered
with the simulation of PLL circuits. Second, for noise simulation, the fractional-
N synthesizer adds the additional constraint that its behavior is non-periodic in
steady-state due to the dithering action of the divide value, which prevents the
use of fast methods developed for periodic steady-state conditions [10] as used
with simulators such as SpectreRF.

Two techniques are presented here that allow fast and accurate simulation of
both dynamic and noise performance of fractional-N synthesizers at a detailed
behavioral level. The first provides accurate representation of the continuous-
time (CT) PFD output with a discrete-time (DT) sequence using an area
conservation principle. The second allows a dramatic reduction of the simulation
sample frequency, and therefore a longer sample period, by including the divider
implementation in the VCO simulation module. Both of these methods allow a
uniform time sample period to be used, and also allow non-iterative computation
of the sample values of the various signals within the system. The uniform time
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sample period allows the results of the simulator to be readily examined in the
frequency domain without re-sampling, and the non-iterative computation
allows the technique to be easily used in mainstream simulators such as Verilog,
VHDL, Matlab, and custom C/C++ programs.

3.1. Proposed Area Conservation Method

Accurate simulation of fractional-N synthesizers is difficult due to the fact that
the continuous-time (CT) signals of the synthesizer must be simulated in
discrete-time (DT). The conversion process from CT to DT leads to the
introduction of numerical noise for classical constant-time step simulation
techniques. The key signal for introducing such noise is the PFD output. The
standard approach of converting the CT PFD output to a DT sequence is to apply
the sampling operation shown in Figure 16 [11]. Unfortunately, this approach
effectively quantizes the location of the PFD edges according to the simulation
sample period, A reasonable assessment of the dynamic performance of the
PLL can be achieved if is made sufficiently small. However, the resulting
quantization noise overpowers the true noise characteristics of the signals, and
prevents proper noise analysis of the overall PLL.

We suggest an alternative method for sampling the PFD signal that achieves
accurate discretization of its output. To explain the technique, consider the
illustration of this signal shown in Figure 17. Here we view the PFD output as a
series of rectangular pulses with height of one or zero and a width and time
offset that varies according to the location of PFD edges. For rectangular pulses
not associated with edges, the width corresponds to the sample period of the
simulation, For rectangular pulses at edge boundaries, the width of the pulse
varies between 0 and as shown in the figure. In either case, these pulses look
like impulses to the loop filter so that, from an intuitive standpoint, their
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influence can be characterized by two parameters – their area and time offset.
Therefore, in line with this intuition, let us represent the corresponding DT PFD
signal, e[n], as samples that have amplitude proportional to the area of the
respective rectangular pulse in that time sample interval. The area of each pulse
corresponds to its associated timing parameter shown in the figure --- the
method of calculating for each pulse will be discussed in the next section. A
mathematical justification for this technique is given in [5],

Given the above PFD output discretization, we can then represent the CT loop
filter dynamics with a discrete-time filter using either the impulse invariance or
bilinear transform method [12]. This approach allows non-iterative computation
of the loop filter dynamics. Figure 18 illustrates an example DT loop filter
impulse response, along with a corresponding DT PFD signal. The charge pump
is ignored in this analysis for simplicity; its effect can be included by simply
scaling the PFD output by the value of the charge pump current. In the example,
we see that the DT version of the loop filter simply consists of a DT filter whose
impulse response corresponds to samples of the CT impulse response of the loop
filter.
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Now that it has been established that the PFD output signal can be accurately
represented as a DT sequence using a principle of area conservation, let us
examine the practical issue of implementing this technique in simulation code.
Of particular concern is the ability to encompass a wide variety of PFD
topologies. As revealed by Figure 19, computation of e[n] for a given PFD
topology requires that transition information be passed along and processed by
primitive elements such as registers and logic gates.

The transfer of transition information through primitives turns out to be
straightforward, as illustrated in Figure 20 for a register and a representative
logic gate, namely the ‘and’ gate. In the case of the register, the relevant timing
information is contained in the clock signal. Specifically, whenever there is a
transition at the output of the register, the location of that transition in time is set
by the location of the rising (or falling) edge of the clock. As shown in the
figure, this information is transferred to the register output by simply passing on
the clk transition value when the output transitions in the same direction, and
passing on the complement of the clk transition value when the output
transitions in the opposite direction. In the case of the ‘and’ gate, either input
can cause the output to transition. As gleaned from the figure, it is
straightforward to determine which input is causing the transition, and
appropriately pass its edge location value to the output of the ‘and’ gate. Similar
arguments can be made for more complicated registers that include set and reset
functions, and other primitives such as ‘or’ and ‘xor’ gates.
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3.2 Fast Computation by Combining VCO and Divider Modules

To obtain fast computation, we propose a technique that allows us to set the
simulation sample period, according to the reference frequency rather than
the much higher VCO frequency. By doing so we can typically achieve more
than two orders of magnitude speedup in simulation time of the PLL since the
VCO frequency is typically more than two orders of magnitude higher than the
reference frequency. This goal is achieved by combining the VCO and divider
into one computation block.

To understand how we can combine the VCO and divider blocks, let us first
consider the fact that the VCO phase can be modeling as an integrator fed by the
VCO input [11]. We can, in turn, relate the rising edges of the divider output to
the VCO phase by noting that such edges occur every time the VCO phase
increments by radians, where N[m] corresponds to the instantaneous
divide value. Therefore, as illustrated on the left side of Figure 21, the VCO
phase completely specifies the location of the divider edges. As such, we can
determine the value of at the transition points of the divider output based
entirely on computed VCO phase, as shown on the right side of Figure 21 for
first-order interpolation [13]. By using VCO phase rather than the VCO output
to compute the divider output, it suffices to choose a sample rate for the VCO
phase computation according to the divider frequency, which equals the
reference frequency, rather than the much higher VCO frequency. An
empirically-based rule of thumb to apply when using this approach is to set the
simulator sample rate (which corresponds the VCO phase computation sample
rate) to be 6 to 20 times higher than the reference frequency.
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3.3. Results

Using the presented techniques, the results of simulating the dynamic behavior
and noise performance of a prototype synthesizer described in [14] are now
discussed. The simulations were performed by the CppSim simulator package
as described earlier in this chapter. To verify its accuracy, simulated noise will
be compared to measured plots.

Figure 1 provides a block diagram of the prototype system; the reader is referred
to [14] for more details. Relevant characteristics of the prototype include a
reference frequency of 20 MHz, a VCO with carrier frequency of 1.84 GHz and

a second order modulator, a charge pump that outputs
+1.5 and -1.5 micro-Amps, a nominal divide value of 92.3, a PFD topology as
shown in Figure 19 [8], and a lead/lag filter that achieves an overall closed loop
PLL bandwidth of 84 kHz. Both dynamic and noise simulations will include the
noise sources depicted in Figure 22, with VCO noise being input referred as a
white noise source as described in [14]. Parameters associated with the noise
sources that are shown in the figure were computed from Hspice simulations and
VCO measurements.
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The simulation sample frequency was chosen as which is a
factor of 20 higher than the reference frequency. The CT loop filter was
converted to DT using the bilinear transform [12]. All simulations were run on a
650 MHz Pentium III laptop computer.

Beginning with dynamic behavior, Figure 23 shows the simulated VCO output
frequency (constructed from the simulated VCO input) in response to variations
at the input of the modulator that include step and ramp functions. The step
size is chosen to be large enough to knock the synthesizer out of frequency lock
--- the corresponding oscillations in the VCO output frequency are a result of
cycle slipping before the VCO becomes frequency locked again. The
subsequent ramp in divide value illustrates the high resolution of the synthesizer
as its output frequency is varied over a 40 MHz range. For this simulation, 260
thousand time steps were computed in less than 5 seconds.
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A noise simulation of the prototype (constructed from the simulated VCO input)
is shown in Figure 24 with the input to the modulator being held constant.
The plot shows the simulated output noise spectral density with the simulation
sample frequency, set to 20 times the reference frequency. We see that the
simulated phase noise agrees quite well with measured results. The larger
discrepancy at frequencies close to 100 kHz is probably due to non-ideal
characteristics of the charge pump, such as duty cycle offset and transient
dynamics, not being modeled. Such effects could be included within the given
framework, but it is useful to observe that, despite ignoring such effects, the
simulation results are still quite accurate for this prototype. For this simulation,
5 million time steps were computed in 80 seconds.

4. Conclusions

In this paper we introduced design and simulation techniques for fractional-N
frequency synthesizers. The design technique leverages a program called the
PLL Design Assistant that allows fast and straightforward PLL design at the
transfer function level. The simulation techniques are implemented in a program
called CppSim, and leverage an area conservation approach and combining of
the VCO and divider modules to achieve accurate and fast synthesizer
simulation. Using these tools and techniques, designers can now explore both
the dynamic and noise behavior of fractional-N synthesizer topologies at the
behavioral level in a fast and efficient manner.
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Abstract
Does fractional-N synthesis offer the way out for monolithic
CMOS integration of high-quality transceivers? That is the ques-
tion raised and answered in this document based on the most crit-
ical criteria influenced by extending the integer phase-locked loop
(PLL) with fractional capabilities: phase noise and spurious tones,
i.e. the spectral purity, integratability and agility. Linear system
theory is applied to uncover the fundamental bandwidth limita-
tions imposed by the noise in typical PLLs. Practice how-
ever proves the linear approach inaccurate. Therefore, a non-linear
analysis method is developed, that swiftly predicts the effects of
PLL non-linearities on the spectral purity. Serious in-band noise
leakage and re-emerging spurious tones can be observed and are
in close correspondence with experimental results. Both methods
are applied to compare MASH and single-loop modulators in
fractional-N synthesis. Based on the analyses, practical circuit de-
sign guidelines are compiled and applied to design a monolithic

fractional-N PLL in CMOS that complies
to the stringent DCS-1800 cellular specifications.

1. Introduction

The dusk of the 20th and the dawn of the 21st century is characterized by the
unrivaled growth of the telecommunication industry. The main cause was the
introduction of digital signal processing in wireless communications, driven by
the development of high performance, low cost, CMOS technologies for VLSI.
However the implementation of the RF analog front-end remains a bottleneck.
This is reflected in the large effort put in monolithic CMOS integration of RF
circuits both by academics and industry [1–3].

The goal of this work is the monolithic integration in standard CMOS technol-
ogy of a frequency synthesizer to enable the ful l integration of a transceiver front-
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end in CMOS [1]. The fractional-N synthesizer topology presents an elegant
solution [4]; It circumvents the severe speed-spectral purity-resolution trade-off
of the classic PLL synthesizer by providing synthesis of fractional multiples of
the reference frequency.

The basic idea behind fractional-N synthesis is division by fractional ratios,
instead of only integer ratios [5]. This is accomplished by e.g. dividing 99.9%
of the time by N and 0.1% by N + 1, such that the mean division is by N .001.
To accomplish fractional division, the same frequency divider as in an integer-N
frequency synthesizer is employed, but the division is controlled differently. In
Fig. 1 the division modulus of the frequency divider is steered by the carry output
of a simple digital accumulator of k-bit width. To realize a fractional division ratio
N + n, with a digital input is applied to the accumulator.
A carry output is produced every K cycles of the reference frequency which
is also the sampling frequency of the digital accumulator. This means that the
frequency divider divides times by N and K times by N + 1, resulting in
a division ratio given by Eq. (1).

Eq. (1) states that for a given reference frequency, it is possible to make the fre-
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quency resolution arbitrary fine, by choosing the width of the accumulator suffi-
ciently large. For example, in a DCS-1800 telecommunication system the channel
spacing of 200 kHz can be synthesized using a of 26 MHz, by realizing an
accumulator width k of more than 7 bits. Each cycle of the reference clock, the
accumulator accumulates the input K , until the accumulator output overflows.
At overflow, the carry output is set high and is subtracted from the accumu-
lator output. The resulting accumulator output is a sawtooth waveform with a
frequency depending on n, as shown in Fig. 2 for n = 0.3. The carry output of
the accumulator is used to control the division ratio of the divider. The carry out-
put has a mean value of n, but the instantaneous value is merely a “prediction”
of the mean value, since the output can only be 0 or 1. Therefore, the frequency
divider is dividing only by integer ratios, N or N + 1, while the output of the
PLL is a fractional multiple of When the divider is dividing by N, the divider
output leads the reference frequency, giving rise to an increasing phase difference
between both phase detector inputs. The phase detector output current starts to
accumulate. When the accumulator overflows, the divider modulus is changed
from N to N + 1, meaning that one output period of the VCO is swallowed by
the frequency divider (the shaded pulses in Fig. 2). This causes a phase shift at
the input of the phase detector that eliminates the previously accumulated phase
error. Fig. 2 shows the chronograph of the open-loop output of the phase detector
versus the VCO output and for N = 4 and n = 0.3.
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The accumulator, as shown in Fig. 1, acts as a phase accumulator; The phase
error in the PLL is in fact a time-integrated scaled version of the output of the
digital accumulator. The register is also called the phase register. Note that the
fractional-N PLL is never really locked, since the phase error is never zero over
more than one period of The pulse swallowing action, performed by the
frequency divider/accumulator circuit, is a periodic action, i.e. every
cycles of a VCO pulse is swallowed. Therefore, the sawtooth-shaped phase
error is also periodic with a period depending on K. The resulting AC component,
superimposed on the wanted DC output of the phase detector, modulates the VCO
frequency and large spurious components appear in the PLL output spectrum at
multiples of even after filtering by the loop filter.

Since the accumulator is in fact nothing more than a first-order modulator,
theory can be applied to the fractional-N synthesizer (see Fig. 3). The

modulator output controls the instantaneous division modulus of the prescaler,
such that the mean division modulus is with k the number
of bits of the modulator and K the input word. The corresponding phase
changes at the prescaler output are quantized, leading to possible spurious tones
and quantization noise. By selecting higher order modulators, the spurious
energy is whitened and shaped to high frequency noise, which can be removed by
the low-pass loop filter. As a result, for a given frequency resolution, an arbitrary
high reference frequency, can be chosen, ideally without degrading the spectral
purity of the synthesizer. Therefore, the fractional-N frequency synthesizer
offers the most integrated solution and the best path to full CMOS integration:
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Due to the higher reference frequency, fractional-N synthesis offers a poten-
tially higher bandwidth, enabling the full integration of the loop filter, without
blowing up the IC area.

In a fractional-N synthesizer frequency resolution is traded against digital
complexity, which is the natural biotope of CMOS technology.

The higher reference frequency lowers the necessary division factor, such that
the noise in the PLL band is less amplified; As a result the in-band noise, and
thus the rms phase error, can be lowered.

The broader bandwidth enables agile frequency switching, necessary for high
data rate communication systems.

The fractional-N PLL requires only one PLL and a digital modula-
tor, permitting power and area savings.

2. Fractional-N Synthesis: Linear Analysis

To model the impact of on the spectral purity of the synthesizer, a
linear-time-invariant (LTI) PLL model is employed, with the quantization
noise as an additive noise source at the prescaler output. The prescaler with

can be looked upon as a digital-to-phase (D/P) converter. Every reference
cycle, the prescaler subtracts rad from its input signal, with
determined by the modulator output. As guinea pigs for the analysis, a 3rd-
order MASH modulator and the 3rd-order, single-loop, multi-bit modulator of
Fig. 4 are chosen, since they represent the far ends of the modulator spectrum.
The single-loop modulator contains only 1 pole at the origin of the z-plane and two
low-Q Butterworth poles at with a passband gain of 3.2. The resulting
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quantization noise on the division modulus, and thus output phase is approximated
by uniformly distributed white noise [6]. The quantization noise power is
with for both modulators with the modulus range and
b the number of effective output bits.

Out-of-Band Phase Noise
The out-of-band phase noise contribution of the modulator at the output of the
synthesizer is found in Eq. (2) [7, 8], with the noise transfer function.
The noise transfer function is integrated since the prescaler acts on frequency,
while the state variable is phase.

In the equation,  is the closed-loop transfer function of the PLL. Since the
aim is to achieve high spectral purity, a 4th-order, type-II PLL characteristic is
chosen (see Eq. (3)), The open-loop gain can be approximated by in
the frequency range with the relative position of the two HF
poles relative to the cross-over frequency, to ensure enough phase margin. The
transfer function of the PLL becomes then:

The transfer function of Eq. (3), is in fact an approximation of a 3rd-order But-
terworth filter with one pole at and two poles at Note that the order of
the chosen modulators must be equal or lower than that of the loop filter
(three in this case) to ensure an equal or steeper noise roll-off at the
frequencies of interest.

Since the main advantage of fractional-N synthesizers is the decoupling
of the reference frequency and the PLL bandwidth the influence of the

noise on the bandwidth requirement is examined. Substituting the
in Eq. (2) leads to the formula for the maximum bandwidth of the PLL for an
n-th-order MASH modulator:

To comply with the most stringent DCS-1800 phase noise spec, i.e. -
133 dBc/Hz at 3 MHz offset [9], the target phase noise is

In Fig. 5, the maximum PLL bandwidth, is plotted versus
the reference frequency for different MASH modulator orders.
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The dashed line is the maximum bandwidth for a single-loop, multi-bit
modulator Fig. 4. Due to the Butterworth poles, the noise power is approximately
a factor 4 higher in the frequency band of interest than for a MASH modulator. For
a reference frequency of 26 MHz, not much is gained from increasing the modu-
lator order. For a high bandwidth, the reference frequency and/or the modulator
order should be increased leading to an increased power consumption and circuit
complexity. The maximum bandwidth is 87 kHz for the 3rd-order MASH modula-
tor and only 62 kHz for the single-loop, multi-bit modulator. Due to the stringent
noise specifications of high-quality wireless standards, the possible bandwidth of
a fractional-N synthesizer is severely limited.

rms Phase Error
Apart from the out-of-band phase noise constraint, the integrated in-band phase
noise, determining the rms phase error of the PLL is of importance. To
be sure the does not corrupt the rms phase error, the dynamic range of the
modulator must be higher than the dynamic range of the PLL [10]. The integrated
in-band frequency noise is given by with the
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noise bandwidth of the PLL and 10 log the in-band phase noise in dBc/Hz.
The noise bandwidth of a 4th-order, type-II PLL is From this, the
dynamic range of the frequency synthesizer can be derived:

The dynamic range of an n-th-order MASH modulator is [6]:

Calculating the inequality gives the maximum bandwidth of the PLL in Eq. (7).

The maximum PLL bandwidth is plotted versus the reference frequency
of the PLL for different MASH modulator orders in Fig. 6 and for a 1.5° rms
phase error (to ensure at least an overall rms phase error of 2°). For the single-
loop, multi-bit modulators (dashed curve), the actual maximum bandwidth
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is again 25% smaller than in Eq. (7). In the case of a 3rd-order modulator and
the maximum bandwidth is 810 kHz and 614 kHz, respectively.

According to linear theory, the constraint posed on the modulator noise due
to in-band noise contributions is much less severe than the constraint due to the
out-of-band phase noise at 3 MHz 1.

3. Fractional-N Synthesis: Non-Linear Analysis

The linear analysis suggested that applying control to the prescaler would not
cause any problems whatsoever. Practice however proves this inaccurate. There-
fore, an analysis method is developed that provides a fast, interactive means of
examining the influence of non-linearities and mismatch in different PLL build-
ing blocks by performing a transient simulation of the fractional-N synthe-
sizer. The strong point of the analysis method is its capability to sweep sim-
ulations sufficiently fast over different degrees of non-linearities and operating
points, while performing sufficiently long transient simulations to get accurate
fast-Fourier transforms (FFT) of the phase variable. This is accomplished by ana-
lyzing the fractional operation of the PLL in discrete time and in open-loop. The
building blocks are represented by high level models with parameters to model
any non-linear behavior or mismatch in critical transistors as shown in Fig. 7.

1A more detailed version of the above analyses can be found in [8].
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The jitter on the reference clock and thus on the modulus control
pulses can also be incorporated in the analysis. The simulations are performed in
Matlab [11].

To find the phase error, generated by the modulation of the division mod-
ulus, the variation of the number RF pulses, RF [k], at the output of the divider is
monitored. Every reference cycle, the number of RF pulses at the divider output
is determined by the number of pulses swallowed by the control, DS[k]:

The resulting quantized phase changes are compared with the phase that would
be expected when the loop would be in lock, i.e. the phase corresponding to
the fractional part of the division modulus The result is the instantaneous
accumulated phase error (Eq. (9).

The phase error is converted to current pulses, CP[i], in the charge pump. The
(phase error-to-charge pump current) conversion is modeled to contain

any phase/frequency detector (PFD) non-linearity (see Fig. 7). Mismatch in the
up and down current sources, resulting in gain mismatch for positive and negative
phase errors is modeled by The occurrence of a dead zone is modeled by
DZ[k] .

The current noise spectrum is modeled as a phase noise source which is sub-
jected to its corresponding closed loop transfer function. The non-linear conver-
sion from voltage to frequency/phase in the VCO is modeled by the variation of
the VCO gain, when changing the operating point of the PLL. The total analysis
time is approximately 15 seconds on a Pentium4.

The analysis tool enables the evaluation and comparison of the effect of MASH
and single-loop noise on the PLL. An analysis is performed with the follow-
ing non-linearities; a 0.1% dead zone (0.72º around 0º phase error) and a gain
mismatch of ±2%. The reference frequency is 26 MHz and the fractional divi-
sion number is 67.92. The output frequency is 1.76592 GHz, i.e 2.08 MHz offset
from an integer multiple of In Fig. 8 (c) and (d), the time-domain phase
error is plotted for both modulators. Note that the fractional-N PLL
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frequency synthesizer can hardly be called a phase-locked loop, since the loop is
never in lock! Fig. 8 (a) and (b) shows the time-domain modulus switching in
the prescaler. The more intensive switching of the MASH modulator, which is
reflected in the frequency domain by increased high frequency noise, is the cause
of the larger instantaneous phase error. Due to the shaping of the HF noise in the
single-loop modulator, i.e. less modulus switching, the instantaneous phase
error is smaller. This has two important consequences; First, the on-time of the
charge pumps is smaller for the single-loop modulator, making it less sensitive
to noise coupling from the substrate and the power supply. Secondly, the noise
leakage is reduced.

The FFTs of the charge pump current pulses CP[ i] are plotted in Fig. 8 (e)
and (f). A noise floor appears in the output spectrum as well as spurious tones,
although the output is perfectly randomized and dithered. Due to the non-
linear mixing in the PFD-charge-pump, noise at folds back to lower offset
frequencies, similar to the effect of a non-linear DAC in a multi-bit ADC.
Since the noise at is much lower for the single-loop modulator, its noise
leakage due to the non-linear mixing in the PFD is also lower. The difference in
phase error between MASH and single-loop modulators is reflected in a 10 dB
lower noise floor. In addition, spurious tones appear in the output spectrum at

with j = 1 , 2 , 3 , . . . .
Fig. 9 shows the noise of both modulators as it appears at the PLL output

for an ideal (dotted) and a non-linear conversion (solid). The results
of the ideal case closely match the results of linear analysis (solid light grey).
Due to non-linearity, the simulated output spectrum of the integer-N PLL [8, 12]
(the dashed-dotted line) is seriously deteriorated by noise in the PLL noise
bandwidth, increasing the Especially, the MASH converter is critical in
terms of in-band noise due to the higher phase error, despite the inherently lower
LF noise of the MASH modulator. Note that the simulations are performed
without taking into account noise coupling through the substrate or power supply
lines. As a consequence, the actual spurious performance of the factional-
N PLL could be worse than simulated. The presented simulation results are for
a division modulus 67.92, close to an integer multiple of When analyzing
division moduli in between integer multiples of noise leakage is still observed,
but the spurious tones are well below the phase noise.

The explanation for the re-emerging of spurious tones is that the modulator
is unable to sufficiently decorrelate the successive output samples, especially for
inputs close to an integer value. A second possible source of tones is the down-
conversion of tones which are inherently present around [6], by the non-
linear mixing in the PFD. This effect can be worsened by substrate and power
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supply coupling with signals at
An analysis sweep is performed, to study the influence of different degrees of

non-linearity on the output phase noise of the synthesizer. In Fig. 10, the results
of a sweep over different degrees of dead zone and gain mismatch on the phase
noise are plotted. For the non-linearities, a log-scale is applied to show the linear
relationship of the noise leakage and the non-linearities. Due to the high simula-
tion speed, the analysis can be swept over different degrees of non-linearity and
for different input values and the effects on phase noise as well as spurs can be
monitored, leading to the following conclusions:

The phase noise at 600 kHz is lower for a MASH modulator in the ideal
case, but only a small non-linearity is enough to favor the single-loop modu-
lator.
The phase noise at 3 MHz is more critical for a single-loop modulator, due to
the pole shift in the noise transfer function. The noise at 3 MHz is virtually
not influenced by non-linearities.
The in-band noise leakage for a single-loop modulator is always lower
than for a MASH modulator. For the MASH modulator, noise leakage is
highly critical in the presence of a dead zone.
The influence of a very small dead zone is much more severe than the influ-
ence of gain mismatch.
The on-time of the PFD is higher for the MASH than for the single-loop
modulator, which increases the sensitivity of the synthesizer to digital noise
coupling through the substrate and the power supply.
The value of the fractional division input number has no direct influence on
the noise leakage due to non-linearities.
For fractional division by numbers in between integer division moduli, no
spurious tones are present in the output spectrum.
Spurious tones show up at the synthesizer output at the fractional frequencies,
although dithering is applied. The spurious tones are higher when the synthe-
sized frequency approaches an integer multiple of the reference frequency.

4. Fractional-N Synthesis: Example

As an example, a 4th-order, type-II PLL is integrated, including a 4-bit prescaler,
a zero-dead-zone PFD, dual charge pumps and a 3-step equalizer together with
an on-chip LC-tank VCO and a 35 kHz dual-path loop filter (see Fig. 11). The
equalizer performs a 3-step piece-wise equalization of the loop gain. Only the
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loop filter and PFD-charge pump design is discussed2 because of their crucial role
in determining the spectral purity, the integratability and the agility. In Table 1,
the most important loop properties are summarized. The fully integrated CMOS
LC-VCO achieves a noise spec of less than -127.5 dBc/Hz at 600 kHz with a
tuning range of over 28% [13]. To enable testing of different modulators, the

modulator is not integrated and measurements are performed by applying a
bit-stream to the prescaler inputs.

4.1. Monolithic Dual-Path Loop Filter Design

To achieve full integration, a dual-path filter topology has been implemented
(Fig. 11). The addition of one active integration and one passive low-pass
filter path with a scaling factor B realizes the low frequency zero for
loop stability in a type-II PLL, without adding the actual capacitor [14]. The to-
tal number of capacitors is the same as in a classical 4th-order, type-II PLL, but
for the same phase noise the total integrated capacitance is more than 5 times
smaller [8].

A systematic approach is developed to determine the loop bandwidth and the
charge pump current under the following constraints:

2Detailed information on the design of the different building blocks can be found in [8].
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and In Fig. 12 (a) the corresponding
design space is marked out for both ends of the DCS-1800 frequency band. At
N = 72, the VCO gain is low and a large bandwidth can be chosen. However, at
the low frequency side, the VCO gain is high (300 MHz/V) and the design space
is significantly reduced (dashed). Therefore, the bandwidth needs to be quite low,
i.e. 35 kHz (marker in Fig. 12 (a)) with 1.4 nF of integrated capacitance. Despite
the rather low loop bandwidth for a fractional-N synthesizer, a settling time of less
than for a 104 MHz step is simulated with Saber [15] (Fig. 12 (b)). From
this analysis, all pole and zero positions are determined, trading off low noise and
high integratability [12].

4.2. PFD and Charge Pumps

To minimize noise leakage and spurious tones, the PFD and charge pump circuits
are carefully optimized towards spurious suppression as such and towards a highly
linear phase error detection (see Section 3.).

To minimize reference spurs, the integration in the first path of the loop filter
is done actively to keep the charge pump output at a fixed level (see Fig. 11).
The current switches arc implemented with PMOS and NMOS transistors to com-
pensate charge injection. Furthermore, a timing control scheme (Fig. 11) deliv-
ers synchronized control signals to drive both the output current branch and the
dummy current branch of the charge pumps, such that the current I always flows,
preventing hard on/off switching of the current sources [8, 16].

To linearize the conversion, the phase detection is performed by a
zero-dead-zone PFD [17], to prevent a hard non-linearity around 0° phase error.
The on-time fraction of the charge pump due to the additional delay in the PFD
is 7.5%.  This value is a trade-off between dead-zone prevention and sensitivity
to noise coupling. To further minimize digital noise coupling, the sampling in the
PFD and the computational events in the modulator and prescaler are offset in
phase. To make sure that the gains for positive and negative phase error detection
are equal, the current source transistors are oversized to ensure sufficient match-
ing. This also decreases the current source 1/f noise that affects the in-band noise.
Additionally, the timing control provides synchronization between the two filter
paths and the switches of the charge pumps themselves, thereby ensuring equal
positive and negative phase error detection gain. Hspice simulations of
circuits show no dead zone and a worst-case gain mismatch of ±0.5%.
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4.3. Experimental Results

Fig. 13 shows the IC microphotograph and the measurement setup in which it is
embedded. The measurements are performed by controlling the PLL divider mod-
uli with a HP80000 data generator, which provides the 4-bit bit-stream gen-
erated using Matlab. All presented measurements are performed with a 26 MHz
reference frequency and at 1.76592 GHz, i.e. for a fractional division by 67.92.
The input to the modulators is a 16-bit word (k=16), resulting in a frequency
resolution of around 400 Hz. The power supply voltage is only 2 V.

In Fig. 14 (a), the measured phase noise of the PLL with a multi-bit, single-loop
modulator (dark) is compared to the phase noise at integer division (light). Note
that the phase noise of the PLL at integer divisions is as low as -124 dBc/Hz at
600 kHz, which is only 0.3 dB higher than predicted by the linear PLL simulations
(see Table 1). The measured results for fractional division are much noisier than
predicted by the simulations. As a result, the RMS phase error is increased
from 1.7° to 3°.  This is due to the high jitter spec of the data generator (> 10ps),
that directly translates to in-band noise as confirmed by simulations. This effect is
worsened by the limited memory (128kb) of the data generator, which necessitates
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repetition and thus creates large LF spurs that corrupt phase noise measurement
calibration at lower offsets.
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In Fig. 14 (b), the measured phase noise with a MASH converter and the
noise as simulated in Section 3. (dashed) is compared. The dashed-dotted line is
the simulated phase noise of the PLL without The simulated
noise leakage closely matches the measured results, except at very low offsets due
to the data generator jitter. The spur level is well below -100 dBc, due to careful
PFD-charge-pump design. The phase noise at 600 kHz is lower than -120 dBc/Hz,
which is close to the simulated values in Table 1. The measured phase noise for the
single-loop modulator is however a few dBs lower, as predicted by the simulations
(see Table 1).

Measurements have been performed for a division by 67.9923, i.e. 200 kHz
from an integer multiple of which is the worst-case situation in terms of spu-
rious suppression (Fig. 15). The measured fractional spurs at 200 kHz are below
-50 dBc for the MASH modulator and somewhat higher for the single-loop mod-
ulator with more harmonics, as predicted by the simulations. The measurements
are compared to the DCS-1800 spurious suppression mask (dashed) [8, 9]. The
spurs are at least 20 dB below the mask for the MASH modulator and 10 dB
for the single-loop modulator.

The measured settling time of the PLL is for a 95 MHz frequency step.
The power consumption of the PLL is 70 mW, 66% of which is due to the mono-
lithic LC-VCO. Table 2 shows the measured specifications compared to the DCS-
1800 specifications [8]. The specifications of the IC prototype comply with the
DCS-1800, only the is degraded due to the high jitter of the measurement
setup.

5. Conclusions

In this document, the strenghts and weaknesses of fractional-N synthesis have
been exposed by means of two analysis approaches. Linear system theory allowed
to explore quantitatively the decoupling of the bandwidth and the reference fre-
quency, i.e. the real benefit of fractional-N, given the noise constraints. The anal-
ysis revealed that the out-of-band noise specification is the bottleneck. However,
because of the inherent switching behavior of a fractional PLL, the linear approach
fails. A fast, non-linear analysis method is presented that is able to predict the ef-
fects of PLL non-linearities on the spectral purity. Serious in-band noise leakage
and re-emerging spurious tones can be observed and are in close correspondence
with experimental results. The conversion building blocks, i.e. the PFD
and the charge pumps are identified as the main villains. Using both analyses, a
fractional-N PLL design example is elaborated and experimental results are dis-
cussed that show compliance with the stringent DCS-1800 cellular specifications.
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All important facts and figures are given, but what can be learned from all this?

MASH or Single-Loop Modulators?
Based on the linear analysis and knowing that a MASH modulator is uncondition-
ally stable and easy to integrate, MASH modulators seem to be the natural choice
for monolithic fractional-N synthesizers. However, the presence of a very small
non-linearity passes the advantage to single-loop modulators. Due to the shaping
of the high-frequency noise by Butterworth poles, the prescaler switching action
is less intense. This results in a smaller phase error and thus less noise leakage and
less sensitivity to noise coupling, due to the smaller on-time of the charge pumps.
In addition, the multi-bit, single-loop modulator offers more flexibility and can
easily be made stable by proper choice of the output bits. This comes at the ex-
pense of higher fractional spurious tones, but as demonstrated in the example,
those are not really critical. Since no design is ideal, single-loop modulators
are most promising.

Is CMOS Fractional-N the Way Out?
For low-end applications, the answer to this question is an absolute yes (unless
very low in-band noise is mandatory). CMOS fractional-N offers the easiest and
cheapest path to integration of low-end systems. The fact that the fractional-N
PLL can be re-used as a transmitter even doubles its value [18] (as long as data-
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rates are moderate).
For high-quality transceivers, the answer is less clear and is formulated along

the three criteria. Even in the ideal case, the decoupling of the bandwidth and
the reference frequency is poor when high spectral purity is the demand. For
reference frequencies up to 50 MHz, the maximum loop bandwidth remains well
below 200 kHz, i.e. only 1/250. The out-of-band noise spec sets a theoretical
limit to the use of the fractional-N technique. In the presence of small PLL non-
linearities, significant noise leakage occurs, imposing a practical limit to the rms
phase error and phase noise at intermediate frequencies (even at 600 kHz! (see
Table 1)). As shown, the re-emerging of spurious tones is less critical in the
case of typical cellular standards.

Due to the inherent bandwidth limitation for low noise, the monolithic in-
tegration advantage is also endangered. However, for reasonable bandwidths

the loop filter is perfectly integratable, especially when the dual-path
loop filter technique is used. This remains true for monolithic solutions with high
VCO gains.

Similarly, the agility advantage of the fractional-N PLL can be questioned.
However, the given synthesizer example with its low loop bandwidth is still fast
enough for the EGPRS multi-slot class 12 [8]), For fast fre-
quency hopping, special techniques are mandatory anyway [19].

In short, the answer is a silent yes, meaning that fractional-N should always be
considered as one of the best options, but it has its limitations…
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Abstract

A fully integrated CMOS fractional synthesizer
targeting 3G wireless terminals applications is presented. This
work is a practical example of a more general study on frequency
fractional synthesis. A simple linear model of the system is
presented and used to simulate different modulators
topologies and to evaluate the effects of circuits non-idealities
particularly on output spurious tones. Phase Frequency Detector
(PFD) and Charge Pump (CP) non-linearity effects are analysed
in details, the obtained results are confirmed by measurement.
Solutions to overcome these limitations are given. At last, a
quantization noise compensation technique is presented allowing
to break the trade-off between Phase Locked Loop (PLL)
bandwidth and high frequency noise regrowth.

1. Introduction

The last years were characterized by the unrivaled growth of the wireless
telecommunication industry. The main technology step that allowed this process
was the introduction of digital signal processing in wireless communications,
driven by the development of high-performance low-cost CMOS technologies
for VLSI. A great concern for integrating a wireless system in a CMOS
technology is the challenges associated with implementing a fully integrated
high-performance frequency synthesizer. This is reflected in a large effort put
into monolithic CMOS integration of RF fractional-N synthesizer both by
academics and industry [1] [2].
The goal of this work is the understanding of the fractional synthesizer behaviour
and the derivation of methodologies that can drive the choice of the parameters in
a fractional Phase Locked Loop (PLL) design.
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In particular, we applied this knowledge to a full integration in CMOS
technology of a fractional-N frequency synthesizer in order to achieve very-high
performances, targeting the UMTS-CDMA standard; anyway this design is not
limited to this application, but it can be adapted to many wireless standard only
changing the frequency range.
This paper has been organized in the following way: the next section shows the
fractional synthesis principles; in section 3 a methodology to investigate the spur
generation is explained, and different architectures for the modulator are
presented; section 4 presents the key-points in the design of the main building
blocks; in section 5 measurement results are shown and section 6 concludes this
paper with a further investigation on the generation mechanisms of the spurious
tones and on possible techniques to reduce their power.

2. Fractional synthesizers

In a frequency synthesizer based on a PLL architecture, the output is generated
by a Voltage Controlled Oscillator (VCO). Its working frequency is set by the
“control voltage”, i.e. the voltage applied to its control input. This signal is
obtained via a negative feed-back loop, comparing the phase of a reference clock
(typically generated by an external crystal oscillator) and that of the VCO output
after a frequency division by a factor N. The block performing this comparison is
called Phase Frequency Detector (PFD), whose output is first filtered and then
applied to the VCO input.

Provided that the loop is stable, the circuit reaches a steady state condition after a
period called “locking time”. The negative feed-back ensures that:

Starting from these first assumptions, it is clear that a PLL can be used as a local
oscillator in RF transceivers, since it generates a stable and programmable RF
signal, whose frequency is multiple of that of the reference clock. Frequency
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stability is ensured by slaving the PLL output to the crystal oscillator and
programmability is obtained varying the division ratio N in the feedback path.
Classical integer PLL have some limitations that do not allow the wide use in
many RF systems. The strongest one is the limited frequency resolution of the
output frequency which is forced to be a multiple of Fref. Combining this with
the need to perform channel selection at RF (which is very often the case in
super-heterodyne transceiver and it is mandatory in direct conversion
architecture) forces to adopt very low reference frequency. The situation is
further aggravated if the synthesizer has to be used in a multi standard
transceiver, where the frequency plan is very fragmented and the resulting
channel spacing can be very narrow. A very low Fref has many drawbacks: it
requires an high value for N, so the phase noise contribution of the divider, the
phase comparator and the input signal is strongly emphasized (its power at the
output is multiplied by the factor Moreover, since the loop bandwidth of the
PLL must be much lower than Fref for stability reasons, this causes an often
unacceptable long locking time. Furthermore, noise contribution of different
blocks is not optimized.
Fractional PLLs can overcome these limitations thanks to the non-integer
oscillator frequency division capability. For example varying the division ratio
between the integers N and N+1, results in an average fractional division value
which is intermediate between them.
In this case, in lock condition,

where K is number corresponding to the selected channel frequency and M is the
fractionality depth, i.e. the total number of selectable output frequencies.
Among the benefits of this architecture there are: fast locking time, agile
frequency switching, potentially arbitrary output frequency resolution, and more
freedom in the reference frequency choice.
In our design the fine frequency resolution capability has been fully exploited in
order to achieve 35Hz step; our target is to make the synthesizer able to
compensate crystal frequency drift with a digital word, avoiding the need for an
analog compensation using an expensive Voltage Controlled Crystal Oscillator.
The main drawback of this fractional technique is the generation of spurious
tones around the output carrier. They are at frequency offsets that are harmonics
of the inverse of the periodicity in the division control pattern. This pattern,
whose averaged value corresponds to the fractional number in the division factor,
can be generated using many techniques, the most popular being a modulator.
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modulators are used because of their capability in spreading and shaping the
quantization noise [3]. In this application, the equivalent of the quantization
noise in the PLL is the phase error, i.e. the difference between the phase due to an
ideal fractional division and the one due to the actual division selected by the
pattern. This error is not random, but has a periodicity depending on the
modulator type, the fractionality depth and the selected frequency. As a
consequence, the unwanted signal at the output is not random phase noise, but a
series of spurs at the harmonics of the frequency corresponding to the
periodicity. The power of these harmonics is shaped by the modulator moving
most of their power at high frequency, in similar way as the quantization noise in
the classical converter.
The advantage of this noise shaping is that the great majority of the spur energy
can be attenuated by the loop filter. In fact the phase transfer function from the
divider to the VCO output is low-pass type. The higher the order of the
modulator, the more effective the shaping to high frequencies of the spurs; but
also the higher the required order of the Low Pass Filter (LPF) to filter them out.
The order of the modulator must be equal or lower than the high frequency
slope of the loop transfer function. This is because a first order filtering effect on
the spectrum of the quantization noise is implicit in the frequency to phase
conversion performed by the divider [4]. In practice a maximum order filter
exists since high orders degrade the stability of the synthesizer loop.
A very important parameter is the bandwidth of the loop. As previously
described, the cut-off frequency should be as low as possible, in order to filter the
shaped spurs. In fact the residual unfiltered spur power depends on the order of
the modulator and on the ratio Fref/bandwidth in the same way as over-sampling
ratio in the converter. Lower bandwidth is also an advantage in order to filter
other spurious signals (e.g. at Fret) and the phase noise generated by the divider,
the phase comparator and the loop filter. On the contrary, high bandwidth is
requested in order to filter out the phase noise of the VCO and to achieve a fast
settling time, usually a stringent specification in current standards. As rule of
thumb, locking time can be evaluated as five times the inverse of the bandwidth
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(in Hertz).
Moreover large bandwidth fractional synthesizers can be used in direct
modulation architecture. In fact in this case the fractionality value K can be
modulated by a signal s(t), so that the output frequency is

provided that the bandwidth of the loop is large enough to avoid filtering [5].
In this design we designed the 3dB closed loop bandwidth to be 600kHz. This
gives very fast settling time and allows direct modulation of the carrier for some
wireless standard.

3. Fractional synthesizer simulation

A fractional PLL is a relatively complex system. Therefore a complete transistor
level simulation requires a too long computational time. A solution to obtain
accurate results consists in the realization of a behavioural model (e.g. in a
VerilogA/MATLAB environment) where each block is replaced by its
time-domain description, thus allowing the closed loop simulation of the
structure. The resulting time domain model is much more simple than the
transistor level structure; however, a quite long computational time is still needed
to simulate channels characterized by a long limit cycle (more than one day of
CPU time on a SPARC 60 in case of a few Hertz frequency resolution).
A further reduction in complexity can be obtained if a frequency-domain linear
time invariant (LTI) model is introduced [6]. In such a model, the intrinsically
time variant divider is replaced by a time invariant divider, with a non integer
dividing ratio whose value depends on the selected channel. The remaining
blocks are replaced with their own linear model. However, also the high
frequency shaped quantization noise injected by the in the feedback path of
the loop should be accounted for. This can be approximately obtained in the way
shown in Figure 3.
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The output sequence b(t), corresponding to the selected channel, no longer
modulates the division factor of the divider, but it is passed through an
integrating block to convert it into phase error, and its frequency spectrum is sent
to the reference input of the PLL. For further simplification, the whole PLL,
dashed box of Figure 3, can then be represented by its equivalent closed loop
transfer function. The outcome of this simulation represents the PLL output
spectrum referred to the carrier. It is worth saying that this approach is valid if the
filtering effect of the LPF sufficiently reduces the high frequency portion of the

quantization noise. In other words this technique is equivalent to open the
loop at the output of the VCO (whose spectrum is what we are interested in) and
substitute it with a perfectly clean clock at the input of the fractional divider.
Unfortunately, in the real case, part of the quantization noise is not filtered out by
the LPF causing a second order effect which is not taken into account by the
model.
The comparison between the results of the slow but accurate time-domain model
and of the approximated but fast frequency-domain linear model are reported in
Figure 4 for channel 451584 assuming a third order modulator with
possible channels. The difference between the two is negligible.

Therefore most of the following simulations results have been obtained using the
frequency domain model, that requires a reasonable computational time also for
channels characterized by a long periodicity (less than one hour CPU time on
a SPARC 60 MATLAB simulation for the longest one).
Such a frequency domain model can be easily modified to keep into account also
non linearities of the Phase Frequency Detector + Charge Pump (PFD + CP).
These effects can be reasonably modelled passing the time domain signal at the
output of the integrator through a non linear block before feeding it into the FFT



83

function. Let us consider, for example, the CP non idealities: positive and
negative slopes of the PFD+CP I/O characteristic (i.e. charge injected into the
loop filter vs input phase difference) are quite constant (<0.1% variation);
however their value is generally different between positive and negative input
phases. This causes a sharp non linearity of the transfer function around zero,
whose effect is quantified in Figure 5.

The left graph represents the ideal output spurs due to quantization noise for
channel 451584, while the right one shows the output spurs in presence of ±1%
slope difference. The effect of non linearities is a strong increase of in band
spurs. Particularly, a large amount of power concentrates at the so-called
“fractional frequency”, corresponding to The amount of this effect
will be quantified in section 5.
To characterize the actual amount of non idealities associated to the single
blocks, e.g. PFD+CP non linearities or VCO phase noise, transistor level
simulation is necessary. This will be described in detail in section 4.
The frequency-domain model (LTI) has been very useful in order to compare
different possible architecture for the modulator. In fact many solutions exist,
e.g. single-loop, multi-loop or MASH, with different order and number of output
bit [3]. Moreover a simulation over every allowed fractional division is necessary
in order to check the spur performances for each synthesized channel, since the
PLL output spectrum is very different varying the periodicity of the pattern. This
study focused on two parameters: The level of the higher spur and the total
integrated spur power over the frequency range [1kHz - 1.94MHz]. The simplest
implementation is the first order single bit modulator, equivalent to an
accumulator, which has a maximum periodicity equal to the fractionality depth
M. In this case either the highest spurs level is unacceptable (in the case of low
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periodicity) or the total integrated spur power is too high (in the case of many
spurs in the frequency range due to long periodicity). Other solutions with
multi-loop architectures require more adders; in this case the spectrum is better
shaped and the periodicity is longer, at the cost of more power burned in the
modulator. Modulators with multi-bit output show even better results in both the
considered performance parameters, but they need a multi-modulus divider,
instead of a dual-modulus one; this building block is more complex (usually the
“swallow architecture” is adopted), and requires burning more power. Among the
multi-bit architectures, the most popular implementation is the MASH one. This
can be implemented cascading single bit modulators with different order (e.g.
MASH 1-1, 2-1, 1-1-1); the outputs of each block are combined to generate the
modulator output.

After extensive simulations for different architectures over all the possible
channels, the choice fell on the MASH 1-1-1 (see Figure 6); to achieve the
targeted 35Hz resolution with a 35MHz Fref, a 20 bit fractionality depth was
chosen. The loop filter has been designed to have a 3dB closed loop bandwidth of
600kHz and a third order high frequency slope (one higher than the phase
quantization noise produced by the modulator).

4. PLL Building Blocks Design

The realization of a fractional synthesizer is quite challenging since it makes use
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of several different types of analog circuits. In fact VCO design faces classical
RF problems, multi-modulus dividers requires high speed circuitry knowledge
and for charge pump and filter implementation a good experience on precision
low frequency design is needed. Finally some knowledge on digital synthesis is
useful for the integration and experience on avoiding cross-talk between
blocks is mandatory. This section will explain how all the previously mentioned
building blocks have been designed in this work.
VCO: The best performance in terms of phase noise vs power are obtained using
LC tank oscillators. This topology is generally used in the gigahertz range (which
is our case) since for lower frequency the inductor value becomes to high to be
integrated. Its working principle is relatively simple: an active negative resistor
(generally built using a cross coupled differential pair) is added to an inductor
and a capacitor tank in order to compensate its losses and sustain a stable
oscillation. The spectral purity of this oscillation signal is mainly defined by the
quality factor of the tank which, at 2GHz, is dominated by the inductor losses.
The loss amount is directly related to the resistivity of the metal used for the
spiral and to the substrate conductivity. In our case a substrate and a
combination of metal layers giving a total of resistance have been used,
allowing an ’on-chip’ inductor quality factor Q around 9 @ 2.1GHz. Adding the
variable capacitor losses, a total Q of 8 has been measured.
Considering that the best noise performance is reached when the amplitude of the
oscillation is maximized (i.e. in the technology used) and assuming the
above Q value, the theoretical minimum thermal phase noise using 1.5mA
current (as in the integrated VCO) is -128dBc/Hz @ 1MHz offset from the
2.1GHz carrier [7]. This calculation has been done assuming that, at the
resonance frequency, the bias current is completely switched into the resonant
load and filtered by the load itself and that the only noise source is the loss
associated to the tank.
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The implemented circuit, see Figure 7, has some unavoidable non-idealities: first
the negative resistor is noisy and second, part of the available oscillation swing is
lost due to the voltage drop on the current tail and on the cross coupled pairs. In
our design starting from a 1.8V supply a peak oscillation amplitude of 1.2V is
achieved. The implemented negative resistance has been chosen to be half the
value of the tank losses. Under these new conditions the minimum phase noise @
1MHz offset results to be -121dBc/Hz which is very close to the measured
-119.5dBc/Hz leaving a small design margin to improve the VCO performance.
Responsible for this difference are the tail generator noise and devices flicker
noise up conversion.
It must also be noticed that the use of a complementary (PMOS NMOS) structure
has some advantages. First of all it allows the use of the standard supply voltage:
in fact to achieve the same performance in a classical topology burning the same
power a second supply equal to approximately half the maximum swing is
needed. Second the more symmetric structure reduces the up conversion of the
switching pairs flicker noise [8].
Regarding the frequency control, an MOS varactor has been used. This device is
available in all the new standard CMOS technologies and it consists of an NMOS
built into an NWELL [9]. Its capacitance variation is approximately 1:3 while its
quality factor is higher than 30 @ 2GHz.
LPF: The NWELL back-plate of the varactor is directly tied to the loop low pass
filter output. As shown in Figure 8 a passive structure has been preferred to an
active one.

The reason of this choice, paid with a larger area, is to improve immunity from
supply or substrate noise present on chip due to the digital circuitry. In fact
the loop filter is connected between frequency control node and the positive
power supply to which the oscillator common mode voltage is referred. The use
of an N-type varactor and of an oscillator common mode referred to the positive
power supply is the main source of noise injection from the supply to the voltage
control of the VCO. In fact the varactor NWELL to P-substrate parasitic
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capacitance together with the LPF capacitor creates a capacitive voltage
divider between the supply and the control node of the VCO. This drawback can
be solved using a version of the oscillator complementary to the one described
here (so with the common mode referred to ground) while keeping the same
varactor. This has not been done in the present implementation because the
chosen solution allows a wider variable capacitor tuning range.
Phase Frequency Detector + Charge Pump: The PFD and the CP used in this
work are relatively standard, but particular care has been put on linearizing their
response. In fact, as it has been pointed out in section 3, a non linear
characteristic of the output charge into the loop filter versus the input phase error,
strongly influences the performance of a not-integer synthesizer particularly on
the fractional spur amplitude. This problem is negligible in classical integer N
synthesizers.
Two kind of non linearities have been studied: the already mentioned asymmetric
response to negative and positive phase errors and the non linearity around zero.
It has been observed that the first type is dominated by the charge pump
performance, due to the positive and negative current source matching. The
implemented circuit is shown in Figure 9.

Any transistor drain resistance effect has been drastically reduced using a
feedback loop which forces the drain voltage of a replica pairs of transistors to be
the same as that of the P and N current sources. The only remaining cause of P-N
asymmetry is the mismatch between the replica devices and the current
generators. Although not done in the current implementation it is possible to use
an auto-zero technique running at the start up, in order to inject a DC current into
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the feedback loop and compensate for the mismatch.
The non linearities around the zero phase error are mostly due to the phase
frequency detector behaviour e.g. the existing dead zone of the PFD. As usually
done this problem has been solved introducing a delay in the two flip-flops reset
path (see Figure 10a).

However a more subtle problem causing a gain enhancement around zero still
remain. In fact when input phases are very close each other, the load presented by
a CMOS NAND gate changes (i.e. becomes lower) compared to the case when
they are far away. This causes a small variation in the length of the Up and Down
pulses sent to the CP. The problem can be easily solved introducing a buffer as
shown in Figure 10b. Quantification of this phenomenon will be discussed in
section 5.
A multi-modulus prescaler is needed because a 3 bit MASH  1-1-1 has been
chosen. It has been built using the swallow counter technique (Figure 11) and a
dual-modulus divider capable to count by 3 and by 4.

The choice of this two modulus is very efficient since it can be implemented
using 3 synchronous flip-flops with the possibility to close only 2 of them in a
negative loop (division by 4) or all them in a positive one (division by 3). Each
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time the calculates a new division ratio, a total number of 16 divisions (part of
them by 3 ad part of them by 4) is performed. The result is that a programmable
number between 56 and 63 of VCO cycles is counted before generating the phase
edge to send to the PFD.
The logic style for this digital circuit is part current mode (CML), part pure
CMOS. In particular the high frequency prescaler has been designed using
pseudo differential CML where only NMOS devices appear in the signal path
(see Flip Flop latch in Figure 12).

To complete the full integration of the fractional synthesizer a digital MASH
1-1-1 modulator with three 20 bits accumulators has been integrated on chip.
This is not very common since many of the published works make use of external
patterns generators. In fact a significant amount of digital circuitry running at a
frequency which is not an integer sub-multiple of the VCO output can potentially
create cross-talk, and therefore fractional spurs, problems. For this reason all the
digital circuitry has been isolated using a triple well structure consisting of an
N-type tub containing the digital devices. Dedicated digital power supply have
been also used. To further improve immunity, the timings of the switching
and of the phase comparison have been spaced apart. In this way the charge
spikes injected into the substrate at each digital edge are allowed to decrease
before phase comparison occurs.

5. Test chip measurements

A fully integrated version of previously presented circuit has been realized in a
CMOS technology. A reference oscillator is the only external component

required to realize the complete fractional synthesizer. A dual bias voltage (1.8V
and 3.3V) has been used, with the high voltage needed essentially to extend the
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tuning range of the varactor. 0.8mA are sunk from the 3.3V supply and 8mA
from the 1.8V supply, corresponding to a 17mW total power consumption. A
photograph of the integrated prototype is reported in Figure 13: The chip size is
1.9mm x 1.6mm including pads.

The test chip has been used to verify the achievable level of performance and to
validate the accuracy of the introduced model.

Figure 14 left shows the transistor level simulation results and the measurement
for the PLL phase noise, corresponding to the selection of channel 0, i.e. a
situation in which the is not working and the fractional PLL is equivalent to
an integer one (allowing a transistor level simulation in a reasonable time). Both
curves are obtained making use of a resolution bandwidth of 1kHz. Good
agreement between simulations and measurement is obtained at frequency offsets
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higher than 600kHz. At lower frequencies the measured phase noise is dominated
by external parasitic effects. In Figure 14 right is represented the result of the
previously described frequency-domain linear simulation of the spurs
corresponding to the selection of channel 1, a situation in which the is
working with the LSB asserted in order to randomize spurs power. Resulting
spurs are 17.5Hz spaced from each other; 30dB/dec slope at low frequency
offsets is visible, due to order modulator shaping. The curve is obtained
using a resolution bandwidth of 1kHz. Corresponding measured phase noise +
spurs level is represented in the same figure. Very good agreement with previous
results is shown. The fractional spur level is at a 35Hz frequency offset from the
carrier and therefore too close to the carrier to be detected in the measurement. A
dual situation, in which the fractional spur cannot be detected in the
measurement, consists in the selection of a channel characterized by a fractional
frequency much higher than the loop bandwidth. Consider for example channel

which is randomized through the assertion of the LSB not to have high
output spurs due to quantization error. This channel is thus characterized by
the long periodicity of 1/17.5Hz (corresponding to a 17.5Hz spacing between
spurs) and a fractional frequency of 17.5MHz. No tones are visible at the
fractional frequency due to heavy attenuation by the loop filter. In order to
present the increase of the fractional spur level due to the non linearity, Figure 15
shows the measured phase noise + spurs level for the randomized channel
with a resolution bandwidth of 10kHz.

Channel is characterized by a periodicity of 1/17.5Hz and a fractional
frequency of 4.4MHz. A sharp tone is present at the fractional frequency,
corresponding to non linear effects in the PFD+CP and to intermodulation
effects. The fractional spur level is quite small (~-70dBc) because the examined
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fractional frequency is higher than the loop bandwidth, and power at the
fractional frequency is thus partially attenuated by the loop filter. A frequently
used trick in order to reduce fractional spur level consists in lowering the loop
bandwidth, thus attenuating fractional spur level. Anyway, such a trick does not
intrinsically solve the problem, since it is still possible to choose a proper set of
bad channels whose fractional frequencies are lower than loop bandwidth, and
thus not attenuated.
In order to investigate fractional spur generation mechanisms a second version of
the same circuit was realized with external loop filter and VCO. Some features
were added to the chip, that allow the operation of single building blocks. In
particular PFD+CP were deeply investigated when operating in an open loop
mode. In order to appreciate the small non linearity of PFD+CP I/O
characteristic, the derivative of such a characteristic was plotted. This derivative
can be easily obtained by measuring the small signal demodulation gain of the
PFD+CP.

In the left curve of Figure 16 the result of such a measurement is plotted; a
~0.6dB increase in the value of the slope at small values is shown. Results
very similar to measurement are shown by a transistor level simulation of the
block (right curve in Figure 16). This non linearity, introduced in the previously
described frequency-domain simulation for the spurs, causes an increase in low
frequency spurs level and particularly in fractional spur level, as shown in Figure
17 for channel 257, whose fractional frequency falls inside the loop bandwidth.
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Such a level is very close to the measured value of ~-40dBc. The main cause of
fractional spur increase was then identified in PFD+CP I/O non linearities.
To reduce the effects of these non linearities a DC current was injected into the
loop filter (where also the CP injects its current). This causes the PLL to work, in
locking conditions, around a value different from 0, i.e. on a more linear part
of the characteristic. In fig.10 the measured level of fractional spur for channel
257 (with in band fractional frequency) is plotted, as a function of injected DC
current.

The figure shows that for large enough sunk current the fractional spur level can
be decreased from ~-40dBc to ~-55dBc. Such an implementation has the
disadvantage of carrying a ripple at the reference frequency on the control
voltage, which produces an increase of the output reference spur.
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More sophisticated circuit linearization techniques are currently under test,
together with architectural techniques in order to reduce non linearities effects,
without degrading neither reference spur level nor phase noise.

6. Analysis of spurs generation mechanism

As it has been remarked in the whole paper, the understanding of the spurs
generation mechanism is the key point of a fractional synthesizer design. The
causes of spurs can be grouped into three categories: quantization noise
associated with the intrinsic structure, blocks non linearities (as explained in
the sections 3 and 5), analog crosstalk. The first one is totally predictable since it
comes from a known sequence generated by the modulator itself and, in
principle, can be compensated for. In practice it is possible to digitally calculate a
sequence vector representing the charge injected into the loop filter by the charge
pump (responsible for the spur generation) and to use it to drive a digital to
analog converter (DAC) for compensation. This concept is represented in Figure
19.

Unfortunately the principle works only if the DAC resolution is the same of the
accumulator length (i.e. 20 bits) and the same for its linearity. If the DAC

performance arc much lower, the effect is that the compensation is effective only
for the very high frequency quantization noise while, for the frequencies close to
the carrier, things get worse. This has been proved integrating a 5 bit DAC
converting the truncated ideal 20 bit word. The measurements are reported in
Figure 20.
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At an offset frequency from the carrier above 2MHz an improvement is obtained,
while for lower frequency offsets this technique produces a strong degradation.
The way to overcome these limitations has been identified and proved with
simulations. It consists of three points: high pass filtering of the compensation
current, DAC elements scrambling to spread over a large band the energy
produced by its limited linearity, DAC quantization error shaping via another
algorithm. All these solutions have been implemented in a test-chip which is
currently under testing.
Particular attention has to be paid to the inter-blocks crosstalk. This is an intrinsic
problem of fractional PLLs because not multiple frequencies are simultaneously
present on chip. Any non linear phenomenon (intermodulation, sampling etc.)
can produce a phase modulation of the VCO output. This is particularly evident if
part of the RF signal is coupled to the PFD-CP supply. Since these blocks do not
have infinite PSRR and they are intrinsically not linear form the power supply, a
signal at the fractional frequency will appear at their output (see Figure 21).
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The effect of the LPF on this signal can be negligible if the intermodulation
frequency is low, thus the VCO will be modulated. Other examples of the same
kind can be easily identified. Quantifying this phenomenon is also a problem. In
fact, since all of them produce a spur at the fractional frequency, they can sum or
compensate depending on the relative phase. For this reason a second ’split
blocks’ chip has been integrated as mentioned in section 5. The measurements
have shown an amount of cross-talk equivalent to a -50dBc in band spur. We are
confident to reach -60dBc in the next version improving the isolation techniques
but our feeling is that better values will be hard to achieve.
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Abstract

High performance fractional-N synthesizers based on
modulation have significantly increased the level of integration in
wireless handset transceivers. [1]
This paper describes the operation of fractional-N PLL and
discusses performance impairments such as tones, PFD-charge-
pump non-linearity and mismatch. Practical guidance will be
given to define a topology. Finally, examples of fractional-N
synthesis techniques used to provide LO to a receiver IQ mixer,
UMTS clock and variable IF in transmitter will illustrate the
necessity of this architecture in the RF system portfolio [1].

1. Introduction

The phase-locked loop (PLL) synthesizers are the most popular of all frequency
synthesis techniques and are used in all analogue RF parts in wireless
transceivers [2]. Since the last decade, PLL techniques have been improved
using fractional-N PLL that allows digital shaping of noise and spurious
signal. This paper first describes the basic operation of such a synthesizer that
uses technique. In section 3 modulator topologies and implementations
as well as phase/frequency, charge-pumps and tones impairments are discussed.
Finally, section 4 illustrates the extensive uses of fractional-N PLL in the
exciting area of multi-mode RF systems.

Fractional-N PLLs are built with conventional synthesizers components such
as voltage-control oscillator (VCO), phase/frequency detector (PFD), charge-
pump (CP), loop filter (LF) programmable dividers and with a modulator
(Fig. 1).
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This modulator was first used in A/D and D/A converter [3]. The fundamental
operation in modulators is that the quantization noise spectrum is shaped in
such a way that small amount of noise power remains in the useful signal
bandwidth. The rest of quantization noise is pushed to high frequencies with a
slope directly related to the modulator. The same principle is applied in
Fractional-N synthesis by pushing the phase error toward high frequencies so
that the phase noise close to carrier is small [4]. The high frequency phase error
is then suppressed by a low-pass loop-filter.

3.1. The modulator

3. Architecture trade-offs

A order modulator generates high level of spurii and its flat or non-shaped
phase noise spectrum at PLL output degrades the noise close to carrier
frequency. Consequently, higher order modulators have to be used. Usually we
can distinguish two types: the single loop or feedback type and the cascaded or
MASH type.
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The feedback type consists of digital integrators placed within a feedback loop
of various complexity. The second order single loop modulator in Fig.2. is very
tolerant to circuit imperfections when an inherently linear 1-bit quantizer is
used. The first feedback determines the low frequency properties of the loop
whereas the second feedback determines the high frequency properties and
stabilizes the system. The noise at the output is shaped approximately as the
opposite of the filter transfer function designed by the two digital integrators.
The filter can have multiple poles at DC or poles distributed through the signal
band when modulator order is greater than three. As such, there is high degree of
flexibility to allow shaping of the quantization noise. The drawback of this
structure is that third order modulator and above can become unstable due to
reduced loop gain when quantizer is overloaded by large input signal levels.
Actually, instability occurs when quantization error is amplified in the feedback
loops and causes the quantization error to exceed where is the
quantization step.

Mainly, there are two techniques to avoid overload. The first one is to restrict
the allowed input range below full scale. Consequently, the modulator order
will increase to cope with dynamic range reduction and the penalty will be an
increase of the die area. The second one requires the use of a multiple level
quantizer. Usually, for a order digital modulator, levels are required.
This latter technique preserves the dynamic range with the restriction of a more
complex quantizer. Most of the time the resulting L output bits do not
accommodate for the needed range of the synthesizers when 2/3 dividers are
used.
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The second type of high order modulator is the cascade or MASH
architecture. This topology uses combinations of inherently stable and/or
order modulators configured in a feedforward scheme to progressively
increase the order of the whole modulator. Thus, the MASH topology is
inherently stable. In addition, in synthesizers, the modulator is digital.
Then, MASH architecture in digital circuit does not suffer from matching
requirement as it would in an analogue implementation. The MASH output is
multi-bit using single-bit quantizers blocks. So, with this structure it is easier to
make fractional-N PLL with programmable fractional dividers. As illustrated by
Fig.3, a MASH-1-1 that consists of two order modulator cascaded will
drive at least 2 programmable dividers.

This discussion suggests that in digital system the cascade architecture are
favoured because they can achieve the same dynamic range at lower order than
single-loop modulators and therefore are less power and silicon hungry.
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Over one period of the reference clock, the divider is unresponsive to the
modulator output. Hence samples may be ignored if the clock was run faster
than the reference. So an important constraint is that the frequency of the
reference oscillator must be exactly equal to the clock frequency. It
should be emphasised that the modulator only drives the divider ratio. The
actual change takes place only when the divider has completely finished its
preceding cycle count. In practice the divider must then run one sample behind
the output of the modulator.

3.2. modulator clock frequency

3.3. Reference frequency

With regard to the choice of reference frequency there are two competing trends
that need to be discussed. The first is associated with the PLL. By doubling the
reference frequency, the tuning range is also doubled and therefore the phase
noise is increased by 6dB. The second trend is associated with the
modulator. By doubling the clock frequency the noise density is decreased by

where L is the modulator order. Hence the two trends compete
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with the net effect that phase noise on the VCO decreases by for
every doubling of the clock or reference frequency. In the end, the higher the
reference frequency, the better the noise performance but at the expense of more
power consumption.

The digital accumulator size is mainly defined by the desired frequency
resolution defined by:

where k is the number of bits required for the accumulator. Hence, high
resolution requires a large number of bits. Adders can easily be realised using
full adder logic circuit connected in cascade. This ripple carry adder
configuration is a good choice for low noise injection in the substrate and power
supplies. Actually, full adder circuitry is expected to change its output when
carry of previous full adder stage is propagated. Then noise from gate switching
is also cascaded or spread in time. However, carry propagation between each
full adder may significantly reduce the operation speed of the overall design.
Cascading carry look-ahead adders that anticipate carry propagation could be a
solution. However, the hardware complexity exponentially increases with the
number of bits at the output of carry look-ahead adders [10]. A simpler approach
to break the long carry chain in ripple carry adders is to employ a pipelining
technique [5] so that the carry information is only forwarded for example on half
of the number of required full adders. Consequently, carry propagation time, is
divided by two. A four-bit example of such a pipelined accumulator is shown in
Fig.4. Since the modulator input is constant for the entire time, the input and
output alignment registers, usually needed in pipelined structures, can be
completely removed and substantial die area is saved. It has to be noted that
when the modulator input changes dynamically as it does with  fractional-N
synthesizers used for in loop modulation then input and output alignment
registers are needed for time synchronisation.

3.4. Digital accumulator size and topology



103

3.5. Designing tones free modulator

One of the drawbacks of modulators is the generation of tones in the output
spectrum. These tones can lead to degraded phase noise performances at PLL
output if there are not sufficiently removed.
When the modulator is fed with a DC-input, the modulator spectrum contains
very strong out-of-band tones near at frequencies [3], [6].

and small in-band tones at

where is the quantization step.

Increasing the order of the modulator will reduce in-band tones as well as in-
band noise since this allows a higher in-band loop gain. Actually, when K
fractional word is close to zero or one, then higher order single loop modulators
are able to better decorrelate the successive output samples. However, whatever
order the modulator is, the out-of band loop gain must remain nearly the same to
preserve loop stability. Consequently the modulator order has no effect on the
amplitude of tones near
Another approach for tones suppression is the introduction of a degree of
“uncertainty” into the modulation. This is accomplished either by adding a
dither noise into the modulator loop or by the use of chaotic modulator [8], [9]
A widely used dithering technique is to add an extra least significant bit (LSB)
always at one to the K fractional word. This systematic offset avoids repetitive
cycle of carry generation in the accumulator and then tones. Unfortunately, in
the presence of fractional word close to zero or one, when either modulator
is a MASH one or a low order single loop one, tones appear at the modulator [7]
outputs because a strong correlation exists between the output of the modulator
and its input. In other words, the output is not a pseudo-random bitstream
any longer. Then a pseudo-random dither signal is generally added to the input
of the single-bit or multi-bit quantizer as illustrated on Fig.5. It can break up idle
tones in the quantization noise floor and it is conveniently noise-shaped by the

loop. In most of the cases, the dither is generated digitally using a maximum-
length sequence generator also called PN sequence. However, the introduction
of dither reduces modulator dynamic range. Indeed, the increase in the
quantizer input noise power tends to decrease quantizer gain. Consequently,
loop gain decreases and stability problems occur. In [8] it has been shown that
the signal to noise ratio (SNR) penalty is 4 to 5 dB and by comparison with
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triangular probability density (TPD), rectangular probability density (RPD)
dither achieves linearisation with marginally lower SNR costs. Then PN
generator is often used with multi-level quantizers structures.

3.6. Phase-Frequency Detector (PFD) influence.

Chaotic modulator is an alternative to dither techniques to linearise loop
[8][9]. The modulator is made chaotic when noise-shaping zeros are moved
outside the unit circle in the z-domain which is equivalent to make H(z) open
loop unstable. However, high level of chaos has been found necessary to
eliminate tones and reduction of SNR can be up to 65dB for a order
modulator [8].

In a fractional-N synthesis, the linearity of the loop is mainly determined by
PFD linearity. It has previously been observed that modulators suffer from
tones. As tones near are very energetic and are filtered after entering the
PFD, two closely spaced tones at high frequencies can potentially result in their
difference base-band tone because of intermodulation distortion due to non-
linearities of the PFD. This folding mechanism leads to a rise in noise floor too
because a part of huge quantization noise near “leak” in the PLL
bandwidth. This folding noise and tones are now low frequency and are not
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filtered any longer by the loop filter. Consequently, the close-in phase noise of
the PLL is increased and strong tones near carrier frequency appear. To avoid
such a problem, a delay is added to the PFD. Therefore, both the up and down
charge pump are ‘on’ for a short period of time when near-zero or zero phase
error is detected. This technique enables zero-dead zone suppression and
linearises the PFD. However, any mismatches between the up and down current
will result in a small charge injection in the loop filter at each cycle and will
generate reference sidebands tones at VCO output that will tend to increase the
amplitude of the tones. In presence of dithering, mismatches might again
generate spurious and increase the close to carrier noise floor [11]. Typically,
better than 5% matching for narrow-band modulation formats is needed to
maintain close in phase noise at a low level.

As said above, fractional-N PLLs are more and more used in modern RF
transceivers due to their superior performance in terms of noise and or lock time.
This is especially true for a fractional-N PLL because noise-shaping
behaviour allows to achieve near ideal noise performance. As almost any
frequency step can be realised through the fractional value, the comparison
frequency can be maintained relatively high which improves both the close in
phase and lock time. One can widen the loop bandwidth for a given phase error
or jitter compared with integer N PLL (shorter lock time) or for the same loop
bandwidth improve phase error or jitter (better close in phase noise). This has to
be tempered by the fact that more noise is generated at higher frequency offsets
that requires very careful loop filter design.

Cellular networks requires near perfect frequency alignment (down to 0.1 ppm)
between the mobile and the base station, this is traditionally achieved in the
mobile by frequency tuning of the reference crystal oscillator. This requires a
varactor diode and a specific DAC in the system. This extra hardware can be
avoided by the use of fractional-N PLLs since the frequency step can
be made as small as required to align the RF VCO frequency to the base station

4. Architecture using fractional-N PLL.

4.1. Frequency synthesis

4.1.1. Noise/lock time

4.1.2. Automatic Frequency Control through a fractional-N PLL
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(equation 1). As an example a 17 bits MASH accumulators is required to
generate a 2GHz frequency with better than 0.1ppm accuracy from a 26 MHz
frequency.

4.1.3 Multi-mode system clock

Another example of the use of fractional-N PLL technique is the generation of
different system clocks for multi-mode application. For example GSM symbol
rate (270kHz) and WCDMA chip rate (3.84MHz) cannot be derived from a
single crystal oscillator by integer division. Rather than using two crystals (for
example 13MHz and 19.2MHz) it is fairly easy and cheaper to generate
32.72MHz (8x3.84MHz) from a 13 MHz crystal with a fractional-N PLL. On
top of this a separate AFC control for the two system clocks can also be
implemented.

4.2. Frequency conversion and LO generation techniques enabled by
fractional-N PLL

4.2.1. Variable IF offset modulation loop.

In the latest years the transmit side of the GSM phones have converged to an
optimised low noise RF architecture avoiding use of lossy filtering after the
power amplifier: the offset modulation loop. This technique applies the
modulation directly to a low noise VCO in a phase locked loop where the
reference frequency is a GMSK modulated IF frequency. Although being quite
optimized this technique traditionally requires an IF frequency to be generated.
Thus an extra VCO and PLL must be integrated in the system which is no longer
needed for the receive side in modern transceiver using direct conversion.
Fractional-N PLL allows to solve that problem with the variable IF offset loop
architecture. This is a more robust alternative to the direct modulation via the
fractional-N PLL but requires more hardware.
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The principle is to use a frequency divided version of the LO to create a variable
IF frequency as can be seen in Fig. 6. In this case, the output frequency step is a
fractional value of the reference frequency of the PLL controlling the LO VCO
as shown in equation 4, the sign in the equation depending on the side band
selected in the down mixer.

In this case only fractional-N PLL allows synthesizing the correct transmit
frequency.

A similar technique can be used in systems where the transmitter is based on
super heterodyne architecture and the receiver is a direct conversion one.
The main reason to use such an architecture in transmit is for cases where the
modulation contains both amplitude and phase information and need a dynamic
range AGC for power control which must be splitted between IF and RF as in
CDMA systems. Such architecture is illustrated in Fig.7. Here again the output
frequency step is a fractional value of the reference frequency of the PLL
controlling the LO VCO, the same equation 4 applies making it only possible if
the VCO is controlled within fractional-N PLL. It is noticed that such a variable
IF architecture can be used in receivers too.

4.2.2. Variable IF pseudo direct conversion.
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In the future the cellular phones will have to cover more and more bands to offer
international and multi-standard coverage to the user. In such a phone traditional
techniques requires multiple VCOs to cover the different receive and transmit
bands. This is quite inefficient and expensive. Cheaper techniques trying to
extend a single VCO range to cover all bands are much more efficient. Two of
these techniques known as feed-forward and feedback fractional LO generation
are illustrated in Fig. 8. Here again the best architectures make use of fractional-
N PLL to be able to synthesize the desired frequency with the best performance
as equations 5 and 6 shows for the feed-forward and feedback LO generation
respectively.

4.2.3. LO regeneration
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Conclusion

In this paper, we discuss fractional-N PLL architecture trade-offs and
implementations in highly integrated multi-mode circuits. The phase-frequency
detector (PFD) non-linearities and charge pump (CP) mismatches are the main
sources of close in phase noise degradation. Typically better than 5% matching
charge pumps associated with zero-dead zone PFD are used. A MASH
architecture built from and/or order stages is always stable and is very
attractive for digital implementations when pipelining technique is used,
tones can be whitened thanks to digital dithering signal. Then, the complexity
introduced by modulator is digital and is highly repeatable and robust.
Implementation of fractional-N PLL in multi-mode (GSM-WCDMA)
circuits enable to implement automatic frequency control on multi-mode system
clock derived from a single low cost 13MHz crystal. In addition, variable IF in
transmitter as well as LO regeneration needed for future multi-bands
transceivers require a fractional-N PLL and lead to the reduction of the number
of VCOs. Thus, systematic used of fractional-N PLL is very efficient in
terms of die area and cost and will extensively be used in next generation of
multi-mode transceivers.
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In the last years the mobile communications industry has experienced a change
into a consumer market. 2G and 2.5G systems are dominating the scene, while
3G is still far out at the horizon. Therefore low cost, high efficient and highly
integrated transceiver architectures are being investigated by the industry. In
recent years the technique of fractional-N frequency synthesis caught strong
attention by mobile phone chip makers, because it offers the potential for highly
integrated and current saving transmitter architectures. But still the fractional-N
PLL is not a common found ingredient in communication ICs, like it is the case
with integer-N PLLs. This might be because in designing good fractional-N
PLLs three areas of expertise have to be covered. Namely digital signal
processing, control theory and analogue circuit design.
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Abstract

1. Introduction

111

This paper presents an overview of the fractional-N frequency
synthesis technique. After a short excursion into the history of

modulation, different fractional-N techniques are shown.
Following this, the fractional-N PLL is explored in detail, and
important results relating to fractional-N PLLs are presented. In
the next section the blocks of the analogue part of the PLL are
listed, and relevant design criterions are discussed. Finally the
specifications imposed by the GSM system are mentioned, and
two techniques for using a fractional-N PLL as a GMSK
modulator are shown.
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2.       modulation

The basic principle of modulation is the usage of feedback and over
sampling to improve the resolution of a coarse quantizer.

2.1. History of       modulation

Already in the year 1952 de Jager presented the delta modulator [1]. At this
time he intended to use this principle for communication purposes. Figure 1
shows this communication technique.

The sent data stream y(t) was ‘modulated’ in a manner, that only changes in the
input signal were transmitted, hence delta modulator. At the receiver a simple
integrator and a low pass filter could reconstruct the source signal u(t).
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As the integration is, in a mathematical sense, a linear operation, it was
suggested to put the integrator of the demodulator before the delta modulator
and then shift it into the loop [2]. The result is depicted in figure 2. As this
system was constructed from a delta modulator and an integrator it was called
delta-sigma-modulator. Nowadays the notation and modulation are both
in use.

Although it is possible to get an intuitive feel for the working principle of
modulators from their behavior in the time domain, the easiest way to
understand a modulator is in terms of the frequency domain description of
its linear model. In this linear model, the nonlinear operation of the quantizer is
replaced by a (linear) addition of a random error sequence. Linear system theory
can than be utilized to show that the output of the modulator is the sum of the
(filtered) input signal and the filtered quantization noise. The two components
can be filtered independently under the control of the designer. This allows
modulators to separate spectrally the input signal from the quantization noise.

Although figure 2 is a continuous time system, the following math is done in
discrete time. The key to the linear model is the substitution of the nonlinear
quantizer by a linear addition of an error signal as shown in figure 3.

The error signal is entirely determined by the input signal But under
certain conditions [3] can be modeled as uncorrelated random signal with
uniform distribution within the quantization levels

Therefore the power of the error signal is given by

and the power spectral density can be calculated as

with as the sampling frequency.
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2.2. First order delta sigma modulator

Figure 4 a) shows a discrete time realization of a first order modulator, and
figure 4 b) the associated linear model in the frequency domain.

In the time domain the difference equation of the modulator is given
by
which in the frequency domain results to

Equation (5) shows clearly the spectral shaping of the quantization noise by a
first order high pass. It is also possible to design higher order noise shaping. A
more detailed insight into theory can be found in [4] and [5]. Especially if one
designs higher order modulators the problem of stability arises.

Up to now a variety of different modulator structures were designed. In
fractional-n frequency synthesis the error feedback structure shown in figure 5
has gained some importance.

As the difference equation of the error feedback structure in the lime
domain is given by

which is the difference equation of a first order modulator.

2.3. The Error feedback structure
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It is now an interesting fact, that a simple digital accumulator is indeed the same
as the above mentioned error feedback structure. If the sum of the accumulator,
as depicted in figure 6, is split up in a MSB part and a LSB part and
only the MSB part (in the extreme only the carry) is used for further processing,
than this is equal to a quantization. Thus is again equal to the negative
quantization error and therefore the equivalence of a digital accumulator and an
error feedback structure is given.

3. Review of the basic LTI model of PLLs

In order to have the mathematical tooling to be able to predict important PLL
parameters, commonly a linear, time invariant model of the PLL and its
building blocks is used [6], [7]. As it is a quite common practice to design
synthesizers having a current output at their phase detector, and utilizing an
oscillator needing voltage control, the loop filter must act as trans impedance.
Adding internal noise sources to all the blocks, the model as depicted in figure 7
results [8], [9].
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Using this model the open loop transfer function can be defined as

and therefore

and the closed loop transfer function is given hy

Indirect frequency synthesis with the aid of PLLs is already a well established
technique. But up to the present mainly integer-N designs were used. As can be
seen from (9) the VCO phase is the reference phase multiplied by N. Therefore
also the VCO frequency is the reference frequency multiplied by N. This has
two major consequences. First only integer multiples of the reference frequency
can be controlled in a single loop [6], [7]. Thus the name integer-N PLL.
Second also the phase noise of the reference frequency as well as the phase
noise of the divider and the phase detector are multiplied by N. If a system
using integer-N PLLs needs to have a fine frequency resolution the signal of the
controlled VCO becomes noisy, as N becomes very big. Therefore, if the
quality of the PLL building blocks can’t be increased anymore, the only way to
get a better PLL output signal, is to reduce the bandwidth of the control loop
G(s).

4. Fractional-N PLLs
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4.1. Different fractional-N PLL techniques

As the above mentioned trade off between speed of the control loop, which is
direct proportional to the bandwidth of G(s), and noise performance, which is in
a system with a given reference frequency indirect proportional to the
bandwidth of G(s), always has given the engineers a hard time, the wish to
decouple the frequency resolution of the synthesizer from the phase detector
comparison frequency exists already for a long time.

As a frequency divider in the feedback path of the control loop can only divide
by integer numbers, the basic idea of fractional-N division is to obtain a
fractional number as a time average out of a sequence of integer numbers. The
task of time averaging is performed by the limited speed of the PLL. This gives
a first intuitive demand for fractional-N PLL design, namely that the phase
detector comparison frequency has to be high in relation to the bandwidth of the
control loop. It is easy to see, that a divider which is dividing a signal having a
constant input frequency by a sequence of integer numbers, will produce an
output signal having the wanted frequency on an average, but this output signal
will show a great portion of jitter. This jitter is passed through the phase
detector, and filtered out to some degree in the loop filter. In [10] fractional-N
configurations are classified into first, second and third order FN-PLLs,
according to the way they deal with jitter generation/cancellation. To avoid
confusion with the term ‘order’ in this paper fractional-N techniques should be
classified with first, second and third ‘kind’.

4.1.1. Fractional-N of the first kind

The first step towards a fractional-N synthesizer is to find an appropriate
algorithm for producing a sequence of divider values having the wanted
fractional number as a time average. The simplest way to do this is by using the
carry of an accumulator for selecting the wanted divider value. (Remark:
Generally the divider value could be changed between and But for
the sake of simplicity, without loss of generality, is chosen to be 1).

Using this technique a fractional-N PLL as depicted in figure 8 results. This
synthesizer is classified as fractional-N of the first kind.

Mathematically the operation of a digital accumulator with n bit width can be
expressed as an addition modulo If K is the number applied to the input of
the accumulator, and then

It is a property of the modulo operation, that
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Because
and F · K = K · F the longest cycle the accumulator can go into is F clock
cycles.

And because
means that the accumulator has reached its initial state and has produced one
carry bit, then for any K the accumulator produces K carry bits in F clock cycles
and ends up in its initial state. Therefore the cumulated divider value is

which gives an average divider value of

Because the sequence of divider values is cyclic with a longest period of F clock
cycles (but it can be shorter), the phase jitter at the divider output shows a great
spurious content. These so called fractional spurious are only filtered by the
loop filter and are a great disadvantage of fractional-N synthesizers of the first
kind. Therefore this technique is not very popular. An example is [11]. In [12]
this method is only used to obtain a fast lock time, in the locked condition this
PLL is switched back to integer mode.
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As the spurious performance of a first kind fractional-N is not sufficient for
most applications efforts have been made, to cancel out the jitter introduced by
the switching of the divider. Since the accumulator content is a measure of the
instantaneous phase error, this information can be used to perform a
cancellation [6], [13]. Feeding the accumulator content into a digital to analogue
converter (DAC) to convert it to a proper scaled analogue correction value, this
signal can, in theory, cancel out the phase jitter, by superimposing it to the
charge pump output.

Using this technique a fractional-N PLL as depicted in figure 9 results. This
PLL is classified as fractional-N of the second kind.

In practical applications the precision of this analogue cancellation scheme is
limited, and it is very sensitive to process tolerances, aging and temperature
drift. Though fractional-N of the second kind found more applications in
industry [14], it could not revolutionize the method of indirect frequency
synthesis. It should also be mentioned, that the idea of using a phase modulator
at the dual modulus divider output was investigated too, in order to cancel out
the phase jitter [15].

4.1.2. Fractional-N of the second kind
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4.1.3. Fractional-N of the third kind

In the chapter about modulation it was shown, that an accumulator is
equivalent to a first order modulator. Therefore the problem of avoiding
fractional spurs is the same, as the problem of avoiding idle tones in
modulation. Furthermore all the theory and the results obtained in the vast field
of digital to analogue conversion can now be applied to frequency syntheses.
Because in a special sense, a PLL is a kind of digital to analogue converter.
Thinking about N as the digital number applied to the ‘converter’, and the
frequency of the VCO as the analogue output signal, this becomes obvious.
With this in mind, an all digital solution to high performance fractional-N
frequency synthesis can be found.

Already in [16] and [17] this all digital fractional-N technique was published.
They used a order MASH modulator for generating the divider sequence.
Using this technique a fractional N-PLL as depicted in figure 10 results. This
PLL is classified as fractional-N of the third kind.

As mentioned above, higher order modulators show the problem of stability. In
[18] a technique called MASH (multi stage noise shaping) was presented. This



121

technique is based on cascading stable first order modulators, and using the
quantization error of the previous stage as the input signal of the succeeding to
obtain an inherent stable modulator of higher order. The outputs of the different
stages are merged in a manner that the quantization errors of the first stages
cancel out, and only the quantization error of the last stage remains, filtered
with a high pass function of order n, where n is the number of stages cascaded.
It is easy to see, that

Now the output frequency of the PLL can be calculated by

Equation (21) shows, that the output of the PLL is composed of the reference
signal multiplied by the wanted fractional number plus the quantization noise
shaped by a third order high pass. As in synthesizer design the phase
fluctuation, and not the frequency fluctuation of the output signal is a measure
of quality, the noise term has to be translated to phase. With the result from
equation (21) and a few lines of math as shown in [17] the phase fluctuations
introduced into the loop by the modulator are given by

This phase noise is filtered by the low pass transfer function of the PLL and
appears at the output by

5. Important properties of       modulators used in frequency synthesis

A)

B)

C)

Obviously the modulator has to be stable.

A certain frequency range has to be covered without gap.

The modulator architecture should not be susceptible to idle tones.

Using a MASH modulator requirement A) is no problem.
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Several modulator architectures show a limited input range in order to have
the wanted noise shaping, which is often restricted to lie between 0.2 and 0.8
[4]. Simulations confirmed, that a MASH modulator (with a sufficient number
of bits in the accumulators; n>15) reaches the wanted noise shaping even with
only the LSB set to one. Therefore a fractional-N synthesizer utilizing a MASH
modulator can cover a frequency range in a simple way, even when it contains
integer multiples of the reference frequency.

Equation 22 relies on the assumption, that the sequence of quantization errors is
uncorrelated and uniformly distributed within the quantization interval.
Simulations showed that for higher order MASH modulators this assumption
holds to a high degree, but not for all K. Unfortunately till date, there is no
theory that addresses the exact spectra of higher order modulators. But with
a few lines of algebra it can be shown, that the cyclic sequence of the first
accumulator in a MASH structure is the maximum of F for any constant K
where the LSB set to one [19]. Under this boundary condition and using a
MASH with about 20 bits in the accumulators the authors of this article
encountered no fractional spurs, neither in simulation nor in measurement.

Beside these useful properties, the MASH modulator is easy to implement, even
when pipelining is applied to reduce power consumption, and therefore it is the
favorite choice in many designs. But there are also other modulator
architectures in use [20], mainly because the MASH needs a quite wide modulo
range in the N divider.

It is important for equation 22 to hold, that the sequence of divider values,
calculated by the modulator, is perfectly translated into phase jitter by use of
the N-divider. If the delay of the N-divider is not the same for all the divider
values used by the N-sequence, then the property of noise shaping is lost to
some degree, and the noise close to the carrier increases.

Furthermore the phase jitter at the phase detector input needs to be translated
exactly into current pulses by the phase detector – charge pump block. At least
three mechanisms can deteriorate the phase-to-current translation. First the
phase detector is not allowed to have a dead zone, as obviously this is a
nonlinearity. Second, if a conventional loop design with an integrating loop
filter is used, the up and down currents need to match to a high degree in their
amplitude, because otherwise a nonlinearity due to the buckling at the origin
would arise. And third, the charge pumps are not allowed to have any dynamic
characteristic when they are turned on or off respectively, because this can also

6. Important properties of PLL building blocks
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cause a non linear relation between phase and charge. Therefore, if a
conventional phase-frequency detector together with an integrating loop filter is
used, the operating point of the phase detector needs to be shifted from the
origin by means of an offset current source [19]. Alternatively, another phase
detector – charge pump topology can be used [21].

The last PLL block, which needs some attention, is the loop filter. If it is
implemented by passive components, the linearity is no problem. But if it is
implemented by some active circuitry, the needed linearity can become an issue.

Having a frequency synthesizer with arbitrary fine frequency resolution, this
suggests itself to a minimum frequency modulator architecture [22]. As GSM
uses a GMSK modulation scheme [23] with 270.83 kbit/sec, a modulator as
shown in figure 11 would, in principle, be possible.

When designing a modulation loop to be used in a GSM mobile phone, phase
noise requirements for 400 kHz offset, which is -113 dBc/Hz, and for 20 MHz
offset, which is -162 dBc/Hz, are of special importance [24]. These two
requirements impose restrictions to the usable PLL bandwidth. First, the
bandwidth of G(s) has to be narrow enough, that equation 23 results to a value
well below -162 dBc/Hz at 20 MHz offset. This is because in the noise budget
of a GSM transmitter IC these -162 dBc/Hz are fully consumed by the VCO and
buffer blocks. Second, as the achievable in band noise performance of a
fractional-N design using 13 or 26 MHz as a reference frequency, is somewhere
in the region of -90 to -100 dBc/Hz [25], the bandwidth of G(s) again has to be
narrow enough, in order to fulfill the -113 dBc/Hz at 400 kHz offset. Therefore
a reasonable PLL bandwidth is in the range from 80 kHz to 100 kHz. As all the
signals fed into the PLL via the N-divider are filtered by the low pass transfer
function G(s), also the modulation signal is low pass filtered. Figure 12 shows
the resulting RMS phase error as a function of the -3 dB bandwidth of the PLL,
when using the conventional passive 5 element integrating loop filter. It is

7. The beneficial use of fractional-N PLLs in GSM ICs
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apparent, that fulfilling the noise requirements will result in a PLL which is to
narrow for a GSM signal                [23]). Thus measures have to be taken,
to overcome this restriction.

In [21] a predistortion of the modulation signal is suggested, in order to
overcome the bandwidth limitation which is given by the PLL design. The
problem with this method is, that the predistortion and the PLL transfer function
have to match to a high degree. As the PLL is an analogue control system, its
parameters may vary in production, with temperature and aging. The poles and
zeros can be controlled to have reasonable tolerances, by either using precise
external R’s and C’s, or by using a switched capacitor loop filter as suggested in
[21]. Therefore the worst analogue parameter is the open loop gain. Figure 13
shows the simulation result of the RMS phase error as a function of open loop
gain error, when using the same PLL as mentioned above with about 80 kHz of
bandwidth.

In [26] a two point modulation technique is presented. Two point modulation
means, that not only the low pass path via the MASH modulator and the N-
divider is used for modulation purposes, but also the signal is added after the
loop filter. For this signal path a high pass transfer function according to

results. In the 2-point modulator only the high pass gain

which is the conversion gain from the digital word to the analog frequency, has
to be exact. Figure 14 shows the simulation result of the RMS phase error as a
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function of the high pass gain error, when using the same PLL as has been used
to produce figure 13.

8. Conclusion

Fractional-N frequency synthesis has experienced a continuous improvement
during the last two decades. The early implementations, which could be
classified as fractional-N of the first kind, found no widespread application. The
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improvement of the first idea, using analogue cancellation schemes, already
found more acceptance, especially in measurement equipment. But due to the
problems with analogue impairments these fractional-N synthesizers of the
second kind still were not the choice for highly integrated mobile phone
transceiver ICs. In recent years several research groups were investigating an all
digital solution which can be classified as fractional-N of the third kind. This
technique has the potential of revolutionizing the synthesizer design. But special
care has to be taken, especially in the design of some of the analogue building
blocks of the PLL. This frequency synthesizer is of great interest for GSM
transceivers, because it offers the possibility to design highly integrated
modulators with a minimum number of building blocks.
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PART II: DESIGN FOR ROBUSTNESS

The trends towards deep submicron technologies, higher operation frequencies
and harder application environments, results more and more in integrated design
robustness issues. ESD (Electrostatic Discharge), EMC (Electromagnetic
Compatibility) EMS (Electromagnetic Susceptibility), EME (Electromagnetic
Emission) are all unfamiliar terms for the classical IC designer. However those
issues are becoming major concerns for integrated circuit designers the last few
years. As a result, the understanding and the in-calculation in the design of those
effects (the so called co-design) are becoming indispensable.

The first three papers are addressing the ESD issue. The first paper describes the
problems and provides the necessary information for analog designers to
understand the problem. Some solutions depending on the application and
specification are addressed.

The second paper focuses the ESD issue more on ‘smart power’ devices. Since
power output drivers are very often used in very aggressive environments, they
require very high ESD performances.

The third paper describes the co-design in low noise amplifiers (LNA) for radio
frequencies. Classical ESD topologies immediately destroy the noise
performances, and as a result careful co-design with ESD topologies and LNA
structures is required.

The next two papers (papers four and five) deal with EMC issues. The fourth
paper discusses the analysis and test verifications for EMC specifications. It is
shown that as a result of it, ‘hot spots’ can be located, which is of course
valuable information for the designers.

The fifth paper addresses the design issues related to EMC. Design flows of the
different topics (EME, EMS, ESD) are addressed and it is clear that from the
beginning of the design cycle those important issues have to be in calculated to
achieve high quality robustness industrial designs.

The last paper deals with the electrical signal coupling mechanisms on the chip
and connecting the circuits. Extreme care in incorporating the knowledge of
bonding schemes, route and placing is as a result utmost important to end up in
robust mixed-mode circuit designs and avoiding EMC problems. Different tools,
strategies and design techniques are addressed and analyzed.

Michiel Steyaert
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Abstract
Designing for Electrostatic Discharge (ESD) robustness is a
critical requirement for Integrated Circuits (ICs) since ESD
voltages as low as the Gate Oxide breakdown can damage an IC.
This is especially true for the newer lower Geometry Processes
where the Gate Oxide breakdowns are reducing all the time. ESD
Protection for Analogue or mixed signal parts is an even greater
challenge due to the various requirements of analogue pins e.g.
low capacitance, low leakage, high voltage etc. Typically this
requires the development of specific ESD Cells for the various pin
applications. This paper covers overall Protection schemes for
both Digital & Analogue parts, with particular focus on the ESD
requirements for Analogue pins and some case studies to hi-light
some of the issues typically encountered with ESD Design.

1. Introduction

Electrostatic Discharge (ESD) is the transient discharge of static charge, which
can occur due to Human handling, Machine handling or charge build-up due to
friction.

This ESD action occurs in 3 steps;

1) Friction between 2 dissimilar materials may cause static charge to build
up, with different polarities on each.
2) Separation of materials causes 2 charged objects of opposing polarities.
3) Discharge may occur due to direct contact or by arcing.

The polarity of the ESD pulse may be positive or negative depending on the
polarity of the charged object.

ESD pulses as low as the Gate Oxide breakdown voltage (BV) rating of the
Fabrication Process of the IC may cause Latent or Catastrophic damage to the
silicon for MOS based technologies.
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Everyday actions can generate significant ESD voltages. If you feel a zap you
are talking about voltages in excess of 3 kV. If you see a spark due to arcing,
you are talking about voltages in excess of 6 kV.

Therefore the 2 techniques to protect ICs from ESD damage, is to (1) minimise
exposure to ESD by creating a static aware environment i.e. using dissipative
materials, ESD wrist-straps, Grounded surfaces etc. (2) improve the ESD
robustness of the IC itself.

2. ESD Models

There are 3 primary models to simulate real world ESD mechanisms;

1) Human Body Model (HBM) to simulate a charged person discharging to
an IC [1], [4]. A high voltage supply charges up the Charging Capacitor (C1)
through the Power Supply series resistor (R1). The equivalent circuit for HBM
ESD is a 100 pF capacitor discharging through a 1.5 Kohm (R2) series resistor
as per the circuit in Fig 1.

The waveform through a short circuit is a double exponential with <10 nS rise
time and <150 ns time constant for the Fall time as per Fig 2.
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2) Machine Model (MM) to simulate a discharge to an IC through a
conductor [2]. The equivalent circuit is the same as HBM except that the
charging capacitor is 200 pF through zero ohms series resistance. This model
correlates to HBM and is sometimes called the ‘Zero-Ohm Model’ or
‘Worstcase HBM’ since it correlates to HBM with typically a 10-20x correlation
i.e. 100 V MM = 1-2 kV HBM. Obviously low impedance pins are more
sensitive to MM ESD. The ESD damage seen for MM is typically similar to
HBM except that the extent of the damage is far more severe e.g. cratering,
metal tracks blown open circuit.

3) Charge Device Model (CDM) to simulate discharge to Gnd of a charged
IC, which was charged due to friction e.g. IC travelling through a handler chute,
or charged due to an induced field [3]. Robotic CDM is where a robotic arm
charges all pins to the same voltage before each pin is discharged, while Field
Induced CDM is where the DUT is charged capacitively through a charging
plate as per Fig 3.
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The charging capacitor for CDM is therefore the package itself i.e. variable
capacitance, therefore CDM, unlike HBM or MM, is package dependent.
Discharge occurs through a 1 ohm series resistor to Ground.

The CDM waveform is a damped sinusoid with <400 ps rise-time for the initial
peak as per Fig 4.
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Even though the current levels are high, the short duration of the pulse means
that the energy dissipated is low, therefore the typical damage location is Gate
Oxide, either catastrophic or latent i.e. failure mechanism is recoverable.

3. Analogue ESD Protection vs Digital ESD Protection

The major difference between ESD Protection Design for Analogue vs Digital
parts is in the Input/Output (I/O) Pad Protection. The same techniques can be
used for Power Supply Protection and overall Protection schemes but the
functionality, operational specs and/or attached circuitry can make Analogue
parts far more difficult to protect.

Some typical examples of analogue pin requirements are;

High Voltage operation (outside the Power Supply Rails)
Low Leakage Performance
High ESD Ratings e.g. 15 kV IEC for Interface or Touch-screen pins
Low Capacitance e.g. RF or high frequency applications
Low input resistance

Being limited to low Input resistance can make ESD protection of Analogue
pins very difficult, as it makes it far more difficult to isolate the internal circuitry
from the ESD pulse.

Analogue parts may also use different technologies to the standard CMOS for
Digital, for example;

BiCMOS
BiMOS
Bipolar
DMOS (Smart Power)
SOI
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4. Design for ESD Protection techniques

The standard ESD Protection scheme for I/O pins is using the “H Network”
protection scheme, which uses 4 ESD Cells as per Fig 6.

Protection Devices 1 & 2 provide Primary Protection i.e. they shunt most of the
ESD current to the Power Rails. The ESD Resistor R isolates the internal
circuitry from the pad. Protection Devices 3 & 4 provide secondary protection,
they provide voltage clamps inside the ESD resistor.

Even if the Primary Protection clamps the voltage at the pad, the pad voltage
may rise to dangerous levels for the sensitive internal circuitry due to the on
resistance (Ron) of the Primary Protection. The secondary protection allows
local clamping near the internal circuitry at a lower voltage than the pad. This
voltage difference is dropped across the ESD resistor R. The secondary
protection may be a scaled down version of the primary protection or may be a
different ESD device with a lower turn-on voltage. If the secondary protection
turns on then the voltage drop across the ESD R will eventually force the
primary protection to turn on.

There are 4 possible ESD pulse combinations at an I/O;
1) Positive ESD pulse from pad to V+. Primary Protection 1 will usually
forward bias with secondary clamping from Protection Device 3.
2) Negative ESD pulse from pad to V-. Primary Protection 2 will usually
forward bias with secondary clamping from Protection Device 4.
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3) Positive ESD pulse from pad to Ground. Primary Protection 1 will usually
forward bias with secondary clamping from Protection Device 3, bringing up the
V+ potential to turn-on the Power Supply Protection to Ground. If Protection
Device 2 is a snapback structure then it may snapback to Ground.
4) Negative ESD pulse from pad to V+. Primary Protection 2 will usually
forward bias with secondary clamping from Protection Device 4, bringing down
the Ground potential to turn-on the Power Supply Protection to V+. If Protection
Device 1 is a snapback structure then it may snapback to V+.

Therefore the importance of the Power Supply Protection is not just for ESD
pulses across the rails but may also be critical as the ESD path for I/O pulses.

5. Ideal ESD Structure

The ideal ESD Structure should have 2 properties;
1) Always Electrically open during normal operation (i.e. infinite resistance,
zero capacitance & zero inductance)
2) Instantaneously electrically closed during an ESD event (i.e. zero
resistance, zero capacitance & zero inductance)

Due to the laws of physics we cannot get to this ideal as all ESD structures will
have parasitic leakage, capacitance & inductance that will affect the normal
operation of the pin. During an ESD event, the ESD structure will have a finite
turn-on response time and will have finite resistance.

This gives the 3 golden rules for ESD Protection Design;
ESD Structure should
1) Turn-on before any sensitive internal circuitry
2) Be able to shunt ESD current away from sensitive internal circuitry i.e.
be able to handle Amps of ESD current
3) Have minimum effect on normal circuit operation

Typically the ESD structure is required to be as large as possible to be able to
handle the ESD current & reduce the series Ron. Increasing the size of the ESD
structure obviously increases the capacitance of the structure also, which helps
from an ESD point of view i.e. increased capacitance at pad to dampen ESD
pulse rise-time, but this increased capacitance may also interfere with the
performance of part/pin in normal operation. Parasitic leakage is also a concern,
especially at temperature.
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There is also the issue of silicon area, having a large ESD Cell with fantastic
ESD performance is a luxury that may not be available in an environment of
cost efficiency, therefore there is always a trade-off between acceptable ESD
performance vs essential part performance and with a constant focus on Die area
reduction.

6. CMOS ESD Protection

Typical ESD Structures used for CMOS ESD Protection are Off-NMOS, Off-
PMOS and triggered NMOS. The basic ESD NMOS device is usually with the
Drain tied to the pad and the Source & Gate tied to Ground i.e. Grounded Gate
NMOS (ggNMOS). This device has a parasitic NPN device as can be seen from
Fig 7. The Drain forms the Collector, the Backgate forms the Base & the Source
forms the Emitter.

When the Stress voltage at the Drain is increased to the avalanche BV of the N+
to P-substrate junction, hole electron pairs arc formed. This hole current is
collected by the substrate pickup generating a voltage gradient across the
substrate resistance. If this voltage gradient reaches the Vbe voltage anywhere
along the P-/N+ Source junction, then the junction is forward bias and injects
electron current into the substrate which adds to the Drain current. At this stage
the parasitic is turned on in self-biased mode i.e. Drain N+/P- avalanche BV
generates the Base current.
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The turn-on of this parasitic NPN causes a negative resistance region as more
carriers are available for multiplication until a minimum voltage is reached
called the holding voltage.

This mechanism is called snapback and is a key requirement for snapback based
ESD Protection, by allowing a stress voltage to cause a snapback to a lower
voltage (i.e. voltage clamping).

This snapback characteristic as shown in Fig 8, with the trigger voltage at It1 is
non-destructive. But the snapback at It2 is a thermal mechanism and
therefore is destructive.

A key objective in ESD Cell design is to increase this It2 point and therefore
increase the current density capability of the structure. This can be done with
careful layout optimised for ESD.

There are 3 critical Design Rules for the layout;
1) Gate Length L, this determines the Base width of the parasitic bipolar &
it’s gain. Typically the Gate L will be at or close to the geometry minimum.
2) Gate Width W. The junction depth (Xj in Fig 7) determines the sidewall
area on the Drain junction for a particular Gate W, which also determines the
ESD Current density. The source/drain junction depth Xj is a process parameter
and therefore cannot be changed easily but the Gate W can be increased in
layout. The ESD performance correlates directly to the Gate W provided the full
Gate W is effective.
3) The Drain Contact to Poly Gate spacing (Cp in Fig 7) is an ESD spacing
to keep the Drain contacts away from the hot drain sidewall during the ESD
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event. It also adds ballast resistance to the Drain giving more uniform turn-on
across the full channel width, both within fingers and across fingers [11].

If the Source is shorted to the backgate than a negative pulse causes from the
Drain to the Source causes the parasitic diode from the P backgate to the N
Drain to forward bias, therefore no ESD spacing is required on the Source side.
But if the Source is isolated from the backgate, (e.g. for noise isolation
purposes) then ESD spacings are required on the both the Drain and Source
sides.

Using a single fingered ESD device will give non-uniform turn-on and therefore
inefficient use of the channel width. But using a multi-finger with a maximum
finger length defined for the Process allows more efficient use of the full
channel width as per Fig 9. In reality each finger snaps back separately. When
the drain voltage reaches Vt1, the finger snaps back to Vhold. As the ESD
stress is increased, the drain voltage rises due to the Ron of the finger and the

finger snaps back. This process continues until hopefully all the fingers have
turned on, resulting in a sawtooth characteristic in the snapback curve. Therefore
it’s critical that the trigger voltage is less than the Thermal breakdown voltage
[8] i.e. Vt1 < Vt2. It’s also critical that the length of the ESD finger is large
enough so that a single finger can handle the ESD current before the finger
snaps back. This leads to an ESD design rule for the minimum finger length.
Typical range for these min/max finger lengths are 15-100 um, with smaller
design rules for the lower geometries [5], [6]. These ESD Design Rules need to
be determined on testchip for a particular Process. Getting uniform turn-on of all
the ESD fingers is difficult [7], [8].

This multi-finger layer technique should also be used for large Diode or Bipolar
ESD devices.
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By applying a Gate voltage to the NMOS device the trigger voltage can be
reduced below the avalanche BV of the N+/P- junction [9], [7], [8] as per Fig
10. This is an ideal way to reduce Vt1 below Vt2 and therefore improve the
multi-finger turn-on performance. The reduced Vt1 occurs due to the Gate
voltage going above the Threshold voltage causing an increase in the substrate
current (Isub) i.e. MOS conduction and this allows the It1 point to occur at a
lower voltage. Ideally the peak of the bell-shaped curve (Isubmax) is the ideal
bias to apply to the Gate.

During an ESD event there is typically coupling from the Drain diffusion to the
Gate due to the Drain to Gate Capacitance. This can be improved upon by
adding extra capacitance between the Gate and Drain terminals [9], [10] as per
Fig 11. The resistor is required to pull the Gate back to Ground after the ESD
event. This RC effect on the substrate current (Isub) can be simulated in SPICE,
to optimise it’s performance.
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An extension of this technique is to use Gate Driven NMOS (GDNMOS)
whereby the ESD NMOS gate is driven by an ESD sensing circuit [12], [13],
[14].

For CMOS or BiCMOS ESD Protection, the standard H network approach can
be used as per Fig 12;

The secondary protection is a scaled down version of the primary Off-
NMOS/PMOS protection and layout wise can be incorporated as 1 finger of the
primary ESD protection.

Analog Devices (ADI) uses a patented timer circuit that uses the ESD pulse to
drive the ESD NMOS gate to 1-2V during the ESD event [15]. This Gate driven
ESD NMOS device is used for Power Supply Protection as per Fig 13;
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Similar Grounds Rails are protected with respect to one another with Back-to-
back diodes as per Fig 14. If a part has a large number of Grounds, an ESD
Ground may be used as a reference whereby all Grounds are diode clamped to
the ESD Ground. This means that there is no more than a 2 diode drop in the
ESD path between any pair of Grounds.

Power Supplies of the same potential can also be diode clamped in the same
fashion as the Grounds. This isn’t essential as the Power Supply Protection Cells
provide a path through the Ground Clamps.

MOS Output drivers can be made self protecting by giving them ESD spacings,
but if the Gate L’s are not adequate, the required ESD Gate L can be made up
with extra fingers of an Off-NMOS/PMOS as per Fig 15. A small ESD resistor
can be added in series with the Output Drivers, if the preferred ESD path is
through the ESD devices only.



144

In deep sub-micron processes the floating gate O/P driver may have the
advantage in snapping back i.e. part is un-powered, therefore soft-pull
devices can be used to tie the gates of the ESD devices off, rather than tying the
gates hard off through a resistor [16] as per Fig 16. This makes the ESD & O/P
drivers devices comparable during the ESD event i.e. gates floating.

For Top Level ESD Protection on a part with multiple Power Supply blocks, the
scheme in Big 17 can be used. It’s critical that each Power Supply block has it’s
own Power Supply Protection Clamp. Protection between blocks typically
occurs through the Gnd pins, which is typically substrate for sub-micron
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processes. The clamping between Grounds is back-to-back or anti-parallel
diodes, either directly to all other Grounds or indirectly through an ESDGnd rail
as per Fig 14. Diode or MOS clamping between the Power Supplies can also be
included but not be allowed due to the voltage ranges or Power-up sequence
concerns.

7. Analogue Pin Protection

Some examples of Analogue pins requiring unusual ESD Protection are High
Voltage pins operating outside the rails, low Capacitance pins for High
Frequency or RF applications and Bipolar inputs.

7.1. HV pin ESD Protection

Analogue parts can have pins that operate outside the rails, for example a 5V
ADC with +/-10V Ain.

These pins typically go into internal attenuator circuits where the high external
voltages are attenuated to the voltage levels of the internal circuitry. These
attenuators typically consist of high value resistor strings e.g. Thin Film (TF) or
Polysilicon Resistors.
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Since these pins can operate at voltages outside the rails, we cannot use diode or
parasitic diode clamping to the rails, therefore HV ESD structures are required
which voltage clamp with respect to one of the rails.

If the voltage range of the Ain pin is outside the highest junction BV’s of the
Process then the only option is to make the Attenuator resistor string itself ESD
robust i.e. self-protecting.

For TF (or Poly) resistors, the heat dissipation properties are very poor because
they are isolated between oxide layers, therefore the Width (W) of the resistor is
critical to ensure that the resistor can handle the ESD current density. The
maximum ESD current density of the TF needs to known, so that the resistor
width W can be determined, taking into account the 1.5 Kohm HBM series R as
per Fig 18.

If there is no voltage clamp at the pad, the pad voltage can reach excessive
levels, therefore the Bondpad structure itself may breakdown first i.e. underlying
oxide to substrate, especially if the pad structure contains a Polysilicon layer.
Therefore a top Metal layer/layers pad should be used to increase this pad
breakdown voltage as per Fig 19. Obviously these Metal only pads need to be
qualified to verify that there are no Assembly Reliability issues. It is also
important that these unprotected tracks don’t cross any other tracks, as you may
zap across the oxides between tracks.

Typical structures that can be used are based on;
NMOS
SCR
Bipolar, either BE shorted or triggered with an ESD sense circuit
Floating Base Bipolars, if bi-directional breakdown voltages are required

1)
2)
3)
4)
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For a multifinger TF resistor, the layout is critical. There should be no corners in
the resistor, therefore the resistor should be in multiple stripes with connections
between stripes on Metal (with rounded corners). The exit point from the
resistor should be away from the pad entry point as per Fig 20.

With these layout techniques it is possible to get >4 kV HBM ESD performance
from self-protecting TF resistors. This same protection technique also applies to
Poly resistors.

7.2. Low Capacitance ESD

Low Capacitance ESD Structures are essential for High Frequency applications
e.g. RF. The ideal solution is to have very small low capacitance ESD structures
that will give the required ESD performance and rely on excellent Power Supply
Protection circuitry to minimise the ESD stress on the RF ESD Protection. The
simplest RF ESD protection scheme is small RF diodes to the rails as per fig 21.
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It is critical that the Power Supply Protection is as close as possible to the RF
Pad to minimise the chance of the small RF diodes going into reverse
breakdown due to the parasitic voltage drops across the Power Supply rails e.g.
positive ESD pulse at pad to Ground or negative ESD pulse at pad to V+. Since
the low capacitance RF diodes are so small, they are very sensitive to ESD
damage in reverse breakdown. The ESD resistor needs to be as large as can be
tolerated by the application.

Using this RF ESD Protection scheme, with RF diodes in the 60-120 fF range
for >7 GHz operation, it’s possible to get >2 kV HBM ESD.

Another option is to only have protection with respect to one of the rails, usually
Ground/Substrate, as this reduces the Capacitance further.

If very low capacitance isn’t critical then scaled down Off-NMOS devices can
be used. Off-NMOS devices with scaled down Gate W (<120um) with reduced
ESD spacings (Drain contact to Source) are capable of achieving 2 kV
performance. Obviously these reduced ESD spacings need to be determined on
testchip for their ESD performance.

These RF diodes could also be replaced with SCRs (Silicon Controlled
Rectifiers), as the SCR is the most space efficient ESD device available i.e. it
has a very strong snapback mechanism with low Ron (1-2ohms typically). The
SCR is described in a later chapter.
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7.3. Bipolar Protection

XFCB are Xtra Fast Complimentary Bipolar Processes, therefore similar to RF
applications, low capacitance is critical. ADI use patented circular diodes [17]
for low voltage XFCB Processes. Circular diodes give uniform field intensity
across the full channel width and eliminate the issues of increased field intensity
at the ends of fingers. ESD Cell capacitances are as low as 30fF, with ESD
performances of up to 4 kV.

Fig 22 shows a picture of a pair of the XFCB diodes used on an I/O pad to
provide diode clamping to the rails.

For Bipolar Inputs 100ohms series resistor is recommended to protect Bipolar
Bases, with back-to-back diode clamps between differential inputs, stacked if
required by input voltage swing.

Power Supply Protection can be reversed bias ESD diodes in parallel (to reduce
Ron) or Bipolar based snapback structures. Power Supplies and Grounds are
diode clamped with back-to-back diodes where possible.

8. Transmission Line Pulse Tester

The Transmission Line Pulse (TLP) Tester is a essential tool for ESD Design
[19], [20]. It uses a transmission line to generate a square wave pulse, whose
energy level correlates to that of the HBM waveform. The TLP Tester block
diagram is shown in Fig 23, where a High Voltage supply charges up the
transmission line. The charged transmission line is then switched through an
attenuator to a matched impedance scope cable with the current & voltage
monitored. The transmission line reflections cause squares waves to be
generated whose pulse widths are determined by the transmission line length.
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The key advantage of the TLP tester is that it is far easier to generate a
repeatable squarewave waveform rather than the double exponential HBM
waveform, especially at low voltages (sub 50V level).

The TLP tester measures the current & voltages pulses applied to the DUT [18]
as per Figs 24 & 25.
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A series of increasing pulses are produced so that an IV plot can be generated
showing the ESD IV characteristic of the Device under Test (DUT) as per Fig
26. After each TLP pulse is applied a leakage measurement is made to detect
damage to the DUT, as this fail point may not always be visible from the TLP
Plot. This is shown as the vertical series of data points on the left hand side of
the TLP plot in Fig 26.

9. Silicon Controlled Rectifier (SCR)

The SCR consists of a PNPN structure whereby you have a PNP to V+ and an
NPN to Ground as shown in Fig 27. Once one of the bipolars is triggered then
the other bipolar is automatically turned once a Vbe voltage drop occurs across
the BE resistor.
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A Cross-section of the standard SCR [21], [22] is shown in Fig 28. The Anode
connection tied to the pad connects to both P+ & N+ diffusions in the N-Well.
The Cathode connection tied to Ground connects to both P+ & N+ in substrate.
This generates the parasitic vertical PNP and lateral NPN devices with the Well
and substrate providing the required BE resistors. This Lateral SCR (LSCR) is
triggered by the N-Well to P-Substrate avalanche breakdown and is therefore
only suitable for high voltage pins.
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In order to get a lower trigger voltage, an N+ trigger diffusion can be added to
the N-Well to P-Substrate junction to reduce the trigger voltage to the avalanche
BV of N+ to substrate [23] as per Fig 29. This version is called a Modified
Lateral SCR (MLSCR).

By adding a Polysilicon gate to the region between the N+ trigger diffusion and
the N+ Cathode connection, the SCR changes to a Low Voltage Triggered SCR
(LVTSCR), which is now triggered by the Off-NMOS device [23],[24] as per
Fig 30.
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The SCR has a very strong snapback mechanism with low Ron after snapback as
per TLP plot in Fig 31.
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Most designers, especially those who have experienced Latch-up issues in
CMOS technology, would be very wary of deliberately using SCRs for ESD.
But if properly designed an ESD SCR can be controlled. The key parameters
that describe the SCR characteristic are, as per Fig 32;

Not exposing a pin to voltage glitches is very difficult to eliminate completely,
therefore the Ihold requirement is the most critical, so that accidental triggering
of the SCR cannot be sustained by the load line of the part and will therefore
come back out of the low impedance region after the glitch has passed.

2)

5)

6)

Breakdown Voltage (BV), this is the voltage at which current starts to
flow, usually due to avalanche.
Trigger Voltage (Vt1, Vtrig), this is the voltage at which snapback occurs
i.e. BE of Bipolars reached.
Trigger Current (It1), this is the current required to trigger snapback.
Holding Voltage (Vhold), this is the initial voltage that the SCR snaps
back to.
Holding Current (Ihold), this is the minimum current required to keep the
SCR in the low impedance region.
Thermal Breakdown (It2), this is maximum current that the SCR can
tolerate before it gets damaged.

Therefore for ESD SCR design the safe region of operation is below BV or
Vtrig and below Ihold. Hence the load operation of the pin must be inside this
region as per Fig 32, over the full temperature range and max rating supplies.

1)

3)
4)
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For SCR design the critical design parameters are;

Anode to Cathode spacing; affects the ESD rating, Vhold and Ihold
Well Sheet Resistance; affects Ihold and Vhold
Substrate Sheet Resistance; BV, Vtrig and It1

Unfortunately there is a reverse correlation between the Ihold & the ESD
performance, therefore increasing Ihold for safe operation reduces the ESD
performance of the SCR. So as always there is a trade-off between part
performance and ESD performance.

10. 15 kV IEC ESD

International Electrotechnical Commission (IEC) ESD Standard 61000-4-2 is a
System level ESD Standard. This system is adapted for IC I/O pins that can
‘see’ the outside world and therefore can be ESD stressed in their application.
These would include IC pins tied directly to external connectors, Interface Line
Driver/Receiver pins (e.g. RS232), Touchscreen pins, all of which may be
exposed to external ESD pulses or Hot Socketing.

The key difference between this standard and HBM/MM is that the part may be
powered up. Comparing the IEC model to the HBM model in Fig 32;

Therefore this is a far more severe standard than the HBM as the current levels
for the same voltage is approximately 5x.

This ESD testing is carried out with an ESD Gun with interchangeable discharge
tips to allow Contact or Air Discharge. Typical voltage rating requirements are 8
kV Contact & 15 kV Air Discharge. Fig 33 shows a part getting IEC zapped for
15 kV Air Discharge.
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About the only ESD structure that is capable of handling this level of ESD
current is a SCR, due to it’s strong snapback mechanism and low Ron after
snapback.

The standard SCRs are unipolar structures due to the parasitic diode to substrate
in the negative direction. For Interface applications a bi-directional BV is
required. This can be achieved with a floating Well structure, which has
symmetrical Anode & Cathode regions and may include a Punchthrough
diffusion to make the BV tunable [25] as per fig 34. The N+ isolation ring is
required to prevent Latch-up to neighbouring active circuitry.

In order to handle the high currents involved the structure needs a large active
area, therefore an annular structure enclosing the Bondpad suits perfectly. Fig 35
shows an Photon Emission image of the annular nature of the 15 kV SCR
structures with one of the SCRs at the point of snapback. Snapback initially
occurs in the corners due to the increased Field Intensity in the curved corners.
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Fig 36 shows the Photon Emission image of the SCR after snapback with the
full SCR junction turning on.
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11. BiCMOS ESD Failure Analysis Case Study

This is an example of the debug of an ESD weakness on silicon. The part is on a
BiCMOS technology and the part failed 1.5 kV HBM on a Bipolar Input pin.
Failure Analysis detected the fail site at the highlighted NPN Base Collector
junction in Fig 37.

With ESD zap experiments it was determined that damage occurred due to a
positive zap from the Pad to Ground. The expected ESD path for this ESD zap is
forward biasing the parasitic diode in the ESD PMOS to the floating V+ rail and
snaping back the RC timer triggered Power Supply Protection to Ground as per
Fig 38.
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Using the Focused Ion Beam (FIB), we were able to isolate the various ESD
paths and with the TLP tester proved that 30% of the ESD current travelled
through the NPN path as shown in Fig 39. Even though there was an extra diode
drop in the path, the expected ESD path still took the majority of the ESD
current but 30% of the ESD current at 1.5 kV was enough to damage the non-
ESD NPN device. The fix was to include an ESD resistor to the Base of the
NPN, to isolate the internal paths from the pad.



161

This ESD Case Study shows the importance of knowing the potential ESD
paths, including parasitic diodes. And to understand that the ESD path may
not be the only ESD path, as the pad voltage increases due to Ron, then a or
multiple ESD paths may kick in.

An automated checker is the ideal way to check this, whereby all the potential
ESD paths are calculated based on the snapback and breakdown parameters of
ESD and active devices and also including voltage drops caused by the
impedances of the interconnect and rails.

12. Salicided Process Case Study

Deep submicron Salicided Processes use a low sheet resistance silicide layer on
the Source/Drain diffusions. This silicide layer is weak for ESD since it is so
shallow. For ESD devices which include ESD spacings from the Drain contacts
to the Poly Gate, this spacing is shorted out by the silicide layer as per Fig 40
and will degrade the ESD performance dramatically. Therefore the solution is to
use a Resistor Protector Oxide (RPO) block mask, which blocks out the silicide
formation in the Drain region as per Fig 41.
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A part on a 0.25um Salicided Process had 500V HBM ESD failures. Failure
Analysis pin-pointed the problem to a leakage to Ground in the NMOS ESD
Cells as per liquid crystal image in Fig 42, hi-lighting the Hot Spot.

Using the Focused Ion Beam (FIB) a cross-section of the fail site was performed
and the profile showed silicide at the Drain side of the Poly Gate as hi-lighted in
Fig 43, indicated by the dips in the silicon surface.
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The typical expected cross-sectional profile of an ESD NMOS is shown in Fig
44, whereby the silicide dips only occur on the inside of the 2 Poly Gates
towards the Source contact (not visible).

A Transmission Electron Microscope (TEM) cross-section of the fail site
showed the ESD damage at the Source contacts as per Fig 45, with the line of
source contacts in the background.



164

This ESD weakness was caused by an error in the RPO Mask generation
whereby a thin strip of silicide remained at the Drain side of the Gate as per Fig
46, which is a known source of defects for Salicided Processes.

This Salicide Case Study shows the importance of Failure Analysis in the debug
of ESD issues on silicon, detecting the fail site and showing the type of damage,
which gives critical clues to solving the ESD weakness.

13. ESD Design Techniques

There are some critical tools to help in ESD Design;
TCAD: Process Simulations of ESD structures to understand operation,

debug issues, improve performance & narrow down options of new ESD Cells
for Testchip verification
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Testchip verification to develop new ESD Cells & Protection techniques,
improve performance & generate ESD Design Rules
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Transmission Line Pulse (TLP) Testing to evaluate & characterise ESD
Cells & debug issues on silicon

ESD Schematic Map to hi-light all ESD paths (including parasitic paths)
for every ESD pulse pin pair combination. This ensures that the ESD Protection
is adequate and that all potential ESD paths are covered

ESD Design Rule checker for layout verification prior to tapeout.
Failure Analysis of testchip structures & silicon issues to debug ESD

issues and feedback for generation of new ESD Design Rules.
SPICE simulation where models include post BV & snapback

characteristics. Parasitic Impedances & capacitances of interconnect needs to be
also included, as these will cause voltage drops in ESD paths.

Electrothermal Simulation, where the thermal effects of the ESD pulse
can be simulated, which is especially important at the breakdown point (It2).

Issues to watch out for in ESD Design;
Understand ESD Paths and make sure that all pin combinations are
covered
Take into account the Parasitic Diodes associated with MOS & Bipolar
devices
ESD spacings required on Source side of ESD NMOS if Source isolated
from backgate
Watch out for Parasitic devices in layout between I/O pads and/or Power
Supplies/Grounds, in particular Lateral NPNs.
Power Supply Rail and connection impedances as these cause voltage
drops in ESD path
Ensure that there are ESD paths to protect interface circuitry between
blocks, especially those which operate at different voltage levels.

14. Conclusions

Analogue ESD Design is more difficult than Digital ESD Design due to the
more extensive applications that Analogue pins may have e.g. HV, RF, Low
leakage etc. Usually this requires the development of a new ESD Cell for the
particular application.

TCAD, Testchip Evaluation and TLP characterisation can help dramatically in
the development of these new cells prior to tapeout.

Be flexible with the design in allowing easy modifications in Metal e.g. to allow
ESD resistor sizes to be tweaked or to metal in alternative ESD structures.
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If ESD weaknesses do occur, then Failure Analysis is critical and when the
weakness mechanism is understood, to include a new Rule in your ESD Design
Rule Specification and Checker program to eliminate future occurances.

There are some excellent ESD Design Text Books available [26], [27], [28],
which cover all areas of ESD Design from Device Physics right through to
advanced Simulation.
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Electrostatic Discharge (ESD) is today one of the major concern for Integrated
Circuits (IC) chip quality. Amerasekera and Duvurry [1] have identified ESD as
one of the most common failure mode in silicon ICs: roughly 10 % of the failing
parts is attributed to ESD event. Vinson and Liou [2] reported that roughly 20 % of
the field return failures may be attributed to ESD while Wagner et al. [3] identified
ESD as being the cause of greater than 25% of the failures encountered. Chip
redesign and complete new mask set are often required to solve ESD weakness
detected in the product development phase. Costs associated with these values are
huge, but even more difficult to measure are the intangible costs related to delays
and to the loss of customer confidence caused by failed products. Advanced
process technologies did have a severe impact on ESD robustness: linear
dimensions (channel lengths, gate oxide thickness and junction depth) scaling in
new processes comes together with supply voltage reduction but “unfortunately”
people do not scale accordingly! For this reason the ESD level requested is not
reduced in new technologies and many new applications, made possible by
advanced IC processes, require even increased ESD performances. Furthermore
advanced technologies allow designers to realize very complex system on chip
(SOC) with very large pin counts. The bonding pad pitch has to scale properly and
the total area available for ESD protection circuit is going to become smaller and
smaller. Hence, the ESD protection efficiency has to increase in the new
process platforms. In order to achieve this task it’s very important to take
advantage of the dimensions shrinking without loosing too much in protection
linear performance New materials introduction may bring some benefits
like for example contact barrier, but they can also worsen the ESD protection
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performance as in the salicide case [1]. At the same time advanced SMART Power
technologies [4] [5] complexity is growing accordingly to new products
requirements. The present trend [6] is to offer an unique process platform for very
different products’ fields: hard disk, printers, LCD drivers, RF power amplifier,
Wireless power management, automotive, etc. As the reliability and quality
requirements are normally driven by the application field, the ESD protection
structures in Smart Power technologies have to be optimized for a very widespread
specification range.
Normally on the same chip complex logic functions are put together with analog
blocks and high voltage (from 5 to 70V is the most part, but several applications
are covered up to 700V) output circuits. In order to meet the new products
requirements, high voltage Lateral DMOS transistors are integrated in advanced
CMOS processes [5][6]. Bipolar transistors are offered for particular analog
functions even if the current trend is to minimize their use. Historical BCD
(Bipolar CMOS DMOS) application field is the motor driver field where the
DMOS transistor performances (high blocking voltage, low on state
resistance, make this device as the best choice for electronic power switches.
However parasitic current injection in the substrate is the price that has to be paid
when inductive load are driven: ESD protection structure has to be properly
designed in order to avoid latch up issues triggered by the “difficult’ IC
environment. In this paper we will give an overview of ESD protection structure
taking as a reference high density BCD processes and focalizing our attention on
the high voltage pins protection strategy.

2. Stress Models

As reported above, ESD is a subset of a broad spectrum of electrical stress known
as electrical overstress, EOS.
An ESD event occurs when a charge unbalance exists between an IC and another
object. There are three major charge generation processes: triboelectrification
(exchange of electrons between an insulator and another material in contact:
residual charge remains on the insulator), induction (a charged object induces
charge separation on another neutral object. Grounding the latter removes
polarized charge so that when the charged object is removed a net charge remains
on the initially neutral object), conduction (charged object in contact with a neutral
one. An exchange of charge occurs, equilibrium is reached when the two objects
reach the same potential: charge on the two objects depends on their capacitance).
Many efforts have been done in order to minimize charge build up or charge
transfer between ICs and charged objects both in terms of facility automation
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The IC industry has standardized on three basic models to define how the charge is
transferred during the ESD event.
There are of course other models very peculiar to particular applications (IEC
1000, for example) but they will not be treated in this paper.
The standard models developed are known as Human Body Model (HBM),
Machine Model (MM) and Charged Device Model (CDM): their names derive
from the origin of the ESD pulses.
Brief details of the three models are given in this section.

HBM (Human Body Model) is the most popular ESD model and it’s one of the
most used methods to compare ESD threshold levels. It has been conceived in
order to reproduce the ESD event generated by the discharge of a human being
through a low impedance path and it is specified in the MIL-STD 883C method
3015.7.
Typical waveform is reported in Fig. 1: current pulse risetime is between 2 and 10
nsec, while decay time is about 150 nsec. The pulse is generated by the discharge
of a 100 pF capacitor through a resistor (Fig. 2) into the device under test
(DUT in figure 2). Peak current value depends on the capacitor precharge value.
Parasitic elements, always present in any commercial equipment and associated to
wires and test socket, are also reported in the figure and they may modify the
current pulse shape and peak value.

of

it’s

(reduced human handling) and in terms
new materials introduction in back end
lines (assembly and final testing).
Nevertheless it’s easy to imagine that
pretty impossible to avoid the
occurrence of an ESD event during the
cycle undergone by the IC to become a
finished good.
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International standards exist establishing testing procedures (i.e. number of pulses,
grouping of pins to test, etc.) and classifying circuits failures. For HBM 7 classes
[7] are identified depending on the failure voltage level defined as the open circuit
voltage of the charged capacitor. Normally failure voltage greater than 2 kV (Class
2) are mandatory: there is evidence,in fact, that products with ESD thresholds
lower than 2 kV are prone to high failure rate during assembly and handling.
The Machine Model (MM) is very similar to the HBM. It was originated in Japan
and it tries to model an ESD event induced by an automatic equipment.
The discharge capacitor in MM model is increased to 200 pF while the resistance
value should be ideally 0. The inductance is attributed to the socket and package
leads: typical value is                Due to the resistance absence current peak values
are much higher than HBM at a given precharge voltage: normally minimum MM
voltage level required is 200 V.

The Charged Device Model (CDM) is the newest model and also the most difficult
to reproduce the existing international standards are still being improved by
therelevant commitees, mainly as far as calibration procedures and accuracy of
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metrology chains are concerned, to the aim of getting better repeatibility and
migrability of the experimental results among different test equipments.
This model has been conceived in order to reproduce the event occurring from a
charged package when one of the pin is grounded. CDM pulses have very fast
duration, less than 1 nsec, and current levels may reach several amperes for a
single event.
There are two methods for CDM testing that depend on how the part is held during
the ESD testing: socketed and non socketed [8].
CDM event is very rapid (see Figure 4) and one of the main concern is the ESD
protection turn on time which may be longer.

In non socketed CDM ESD testing, the IC
is charged to a precharge value and
suddenly a pin is connected to ground.
CDM testing is coming recently a “hot”
topic. In fact typical failures induced by
this kind of testing are pretty different
from the HBM and MM ones. Due to the
large current involved and the very fast
event, over voltage are generated that may
induce oxide breakdown in the input stages
due to reduced oxide thickness in modern

technologies.
However since testing results are product/package dependent (the charge stored in
non-socketed CDM testing depends on the “IC system” capacitance value) in this
paper we will focalize on HBM results of elementary structures/cells.
Finally it’s worthwhile to mention here a testing method today commonly used for
ESD structure characterization. In order to model properly ESD protection
structure it’s important to study and characterize electronic devices’ behaviour in
the nsec time range. To this purpose Trasmission Line Pulse (TLP) testing is today
commonly used [9].
Basically the system generates high value square current pulses (4-8 A) with 1 nsec
rise time and 100 nsec pulse width in order to investigate circuits behaviour in the
ESD time regime.
Today Very Fast TLP systems [10] have been presented capable of 250 psec rise
time and pulse widths as short as 2 nesc in order to model protection behaviour for
the CDM ESD time domain.

3.  ESD protection network
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In this section the different on-chip ESD protection strategies will be presented
together with a generic description of what an ESD structure is expected to do.
Basically each pad of an IC has to be protected against ESD event. Today two are
the most common architectures for realizing an ESD protection network (Figure 5):

In Figure 5 the two possible solutions have been reproduced in a simplified ESD
network: both solutions in fact may be used in the same chip depending on the
different pads specifications.

The different solutions proposed, in fact, are not always interchangeable in the
sense that specific pins specification may
impose the use of one of the two.
Before going in further details a brief and
simplified explanation of the working
principle of the two architectures will be
given.
The ESD protection structure put between
the pad and ground in fig. 5 has to be

In the Pad: each pad is protected with an unique element put between the
pad and a common line (normally the ground line).
Common rail or Diode based: each pad is connected through two diodes to
two common lines (normally supply and ground lines). Between them an
ESD protection structure is introduced.

1)

2)
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designed in order to shunt the ESD current when a positive ESD pulse is applied.
In figure 6 a typical I-V characteristic of protection structure is reported. Basically
the device is triggered when a certain voltage is reached (trigger voltage, in
fig.6). The pad voltage suddenly decreases to a lower voltage, usually indicated as
“holding” or “snapback” voltage in fig. 6) and the device enters in the
snapback region. This is the region where the device has to work during the ESD
event.
The voltage increases again when the current is increasing: the electrical resistance
of the protection in this region has to be as low as possible. In fact typical failure of
this kind of protection is thermal (or second) breakdown [1] in figure 6). Once
the protection reaches this condition, it suddenly fails.
Conditions for second breakdown are defined by the internal temperature of the
device: due to the power dissipation the internal temperature starts to increase up to
limit value. This limit seems to be the intrisic silicon temperature, defined as the
temperature at which the intrinsic carrier concentration in silicon, reaches the
background doping concentration. Once this limit is reached silicon resistivity
coefficient becomes negative and system enters in a positive loop.
A current increase in fact causes a resistance decrease so leading to a new current
increase: temperature in the device may reach suddenly a critical value such as
silicon melting limit.
Since the mechanism is thermally activated, for robust protection it’s mandatory to
keep the temperature in the structure as low as possible. This can be achieved by
minimizing the power dissipation in the device.
Power dissipation can be minimized by:

keeping holding voltage as low as possible: this can be achieved by a
proper protection design
minimizing the ESD protection electrical resistance in the snapback
region: this parameter will of course depend on the protection dimension.
Proper protection design is anyway mandatory in order to reduce the specific
resistance (resistance per unit area) and to ensure an uniform turn on of the
structure.

Both items will be covered in next sessions where protection structure
characteristics will be analyzed in detail.
When negative pulses are applied, the ESD protection structure is a forward biased
diode. The voltage drop across it is pretty low and it’s limited by the diode series
resistance: this means that the power is dissipated over entire device region so
leading to larger ESD robustness.

1)

2)
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Hence when “in the pad” architecture is used, the ESD current path between each
couple of pads includes a structure working in the snap back region and the same
structure working as a forward biased diode (unique exception is the discharge vs.
ground pad).
The main limitation of this architecture is that each pad requires a dedicated
protection structure that has to be sized in order to dissipate the ESD pulse working
in the snapback region. Beside the overall area consumption, one of the major
drawback is the capacitive load associated with the protection that may not he
compatible with some pad specification especially for RF design [11].
Common rail architecture solves the capacitive load issue introducing a couple of
diode at each pad. The diodes work in forward mode during the ESD event forcing
the current through the ESD structure put between the high voltage(supply) and
low voltage (ground) rails.
Theoretically, assuming zero the bus resistance, an unique ESD device has to be
put for all the pads present in the IC.
This device may be again a protection structure identical to the one reported above,
working in snapback region, or it can be a dynamically activated protection
structure [12] [13].
Latter structure are today widely used: they are normally in off state and they are
triggered by large dV/dt pulse typical of ESD event. For this reason (dynamic turn
on) they are normally put between two lines with pretty stable voltage (supply and
ground) in order to avoid undesirable turn on during normal IC operations.
Main advantage of this configuration is that ideally an unique device has to be
properly sized (the clamp between the lines) while all the other components in the
ESD current path are forward biased diodes that can be kept smaller due to their
larger robustness. Pad capacitive loading is reduced as long as small area
(perimeter) diodes are used.
Major drawbacks of the common rail solutions are:

1)

2)

Practically metal bus connecting the pad to the clamp have a finite
resistance. For this reason the pad voltage during ESD event will increase
due to the metal resistance ohmic drop. Voltage may exceed critical value
defined by the circuit tied to the pad so leading to circuit failure. Therefore
particular care must be taken on the placement of an adequate number of
clamps.
Normally the two ESD rails coincide with the supply and ground
lines in order to reduce ESD area consumption. If dedicated I/O supply pads
are available (as in actual advanced Low voltage IC products) the overall
Vdd line capacitance, due to the tied circuitry, is low and dynamic clamp
may be used without problems. But if the line capacitance is high (as for
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Another disadvantage of the common rail architecture is that two metal lines, that
have to be sized properly in order to carry the ESD current and to minimize ohmic
drop, have to be routed around I/O ring. Hence even if the single protection silicon
area (diodes couple) can get smaller the overall protection network may require
larger area. Routing constraints in the common rail architecture may be a limitation
for the integration of ESD protection structures under bonding pads.
The final protection network choice cannot be performed without considering what
is tied to the pad in Figure 5.
ESD protection structures robustness is in fact the first milestone to be reached, but
it’s only the starting point. The next step is to ensure that the identified structures
are capable of protect the different circuit blocks that may be tied to the I/O pads.
Basically it has to be verified that pad voltage reached during an ESD event is
“low” enough to guarantee the full functionality of the circuitry tied to it after the
event.
This is a first condition that has to be satisfied otherwise even if the protection
itself may safely work after an ESD event, circuits will fail. Failure may be
catastrophic(oxide rupture or metal filament for example) and its electrical
signature is normally a leakage increase [1].
In some cases, however, the failure may be parametric (ex. voltage shift) and may
be revealed only after a complete IC testing or, and this is by sure the most
dangerous situation since it can impact reliability of the ciruitry [16].
This consideration will impose the maximum voltage that a pad could reach during
the event and it will of course depend on the pad circuitry (input,output) and the
voltage class.
At the same time the protection structure must not intefere with IC normal
operations: it must be off in the normal circuit operating region. Latter
consideration fixes lower accettable limit for ESD protection trigger voltage.
In case of structure working in snapback region another key parameter is the
holding voltage. As stated above in order to maximize protection robustness (i.e.
minimize power dissipation), holding voltage should be kept as low as possible but
this can cause some problems during normal ICs operation.

3)

example in the core supply case) dynamic clamp may not be triggered by the
ESD pulse. Duvurry [14] suggests that for supply line with capacitance
larger than 10 nF protection device may be avoided.
Hot pluggable (or Failsafe [15]) I/O cannot be protected with this
architecture unless dedicated floating ESD rails are used. In fact, in this case,
pad voltage may exceed so turning the diode on during normal IC
operation.
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In fact accidental turn on of the ESD protection structure may occur. This can be
caused by noise pulse that can dynamically trigger the protection: trigger voltage in
fact may decrease when large dV/dt signal are applied to the protection structure
[17].
In case of Smart Power ICs the noise level in the substrate is worsened by the
current injected by the power LDMOS when inductive load arc driven. Parasitic
currents in the substrate may trigger the ESD protection structure.
Once the protection is triggered, if the holding voltage is lower than the pad
voltage the ESD structure would be kept in this state and it would sink current
from the pad for a theoretically indefinite time. Pratically the protection cannot
withstand the power dissipation for long time and it will blow out.
One way to solve this issue is, of course, minimizing noise propagation by using
proper design tricks and, in case of Smart power process, by reducing current
injection in the substrate and by insulating the protection structure from the
substrate utilizing N buried layer.
This approach may have a major drawback: it’s based pretty often on designers
experience and will be product dependent.
A way to completely solve this potential issue is to keep the holding voltage
greater than the supply one. So doing an accidental trigger of the protection would
not be sustained by the pad voltage and the protection will immediately turn off.
This solution has an obvious drawback: ESD protection performance could be
worsened and larger area may be needed for same ESD protection level.
But the extra area is surely well compensated by the overall chip quality expecially
in the very harsh environment typical of Smart power applications.
An example of a robust protection I-V characteristic is reported in Figure 7.
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The ESD structure will be described in detail in the next session: however from the
analysis of the low current region reported in figure 7, trigger and holding voltage
are pretty clear. As evident these values stay in what is normally called ESD
window [18] : trigger voltage is below transistor breakdown value, that
is the critical value for output pads, and holding voltage is greater than
maximum supply voltage (3.6 V for a technology).
The ESD window so defined imposes several constraints on the protection
structure design, particularly for the high voltage pins.
While in advanced CMOS process supply voltage scales accordingly with
dimension reduction, this does not happen in Smart power process for the high
voltage classes.
In this case, in fact, the supply voltage is imposed by the specific application and it
does not always change in new products’ generations: in some fields a supply
voltage increase has been even introduced.
In automotive market, in fact, a battery voltage increase, from 14 to 42 V, has been
proposed [19]. Such change will move the absolute maximum voltage to 58 V and
when external drivers have to be driven (+12 V) this value is going to become 70
V [20].
Since normally 80 V power devices are used, the ESD window will be roughly 10
V: this means roughly 15 % of the full voltage range.
In the case reported in figure 7, typical for a LV CMOS process, the
window is roughly 6 V for 3.6 V voltage classe: quite 200 % of the full voltage
range!!

4.1. Low Voltage Circuitry

4. ESD protection structures

Within this session, an overview of the elementary protection structures used in
smart power applications will be provided together with some typical stages
design, basically input and output ones.
Both protection architectures proposed in the previous session will be considered
and analyzed mainly for BCD6 [4] process platform.
This session will be divided into two different parts: the first one will be dedicated
to LV logic circuit blocks while the second one will be focused on HV power
blocks.
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In the figure 8 conventional and
simplified input pad architecture is
reported [1].
Both “in the pad” configuration (8a) and
common rail one (8b) are schematically
reproduced.
In the first case two real ESD protection
structure are necessary (dashed box).
The structure directly tied to the pad,
primary element, has to shunt most of the
ESD current while the structure tied to the
internal node, secondary element, serves
to limit the voltage at the circuit to be
protected. A resistor is present in order to
isolate the two elements.
The real need for the secondary element
will depend on the efficiency of the
primary one. Slow turn on or large trigger
voltage, in fact, may cause a sudden
increase of the pad voltage that may not
be compatible with the circuit to be
protected: it may exceed gate oxide
breakdown voltage so leading to circuit

failure.
However improvements in the ESD protection design may make the need of the
secondary element useless. Existing margin between ESD trigger voltage and
oxide breakdown, both under ESD pulse condition, has to be carefully evaluated in
order to establish the real need of the secondary element.
However even if this element is not introduced, the resistor is normally left before
the input stage so that it would limit the potential current flow through the oxide.
Today trends in advanced CMOS where the gate oxide thickness is scaling very
aggressively is to keep the dual protection approach. This need may be forced by
the recent interest in CDM technique [21]: in this case, in fact, fast pulse may not
be immediately shunted by the primary device and a secondary one close to the
gate will be very useful to avoid failure induced by the oxide breakdown.

Input stages
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Most widely used ESD protection structure for this architecture are: self triggered
Lateral NPN (LNPN) bipolar transistors [1] and Lateral Silicon Controlled
Rectifiers (LSCR) [1].
Bipolar lateral action is the basic mechanism for other structures like Gate
grounded and Gate coupled MOS transistor that are actually the most used ESD
structures in advanced CMOS processes. Even if they are realized like NMOS
transistor, basic operation principle under ESD pulse is based on the intrinsic NPN
transistor turn on: for this reason they will treated in the same session.
Before starting with the description of LNPN based structure, LSCR structure will
be briefly analyzed.
In figure 9 Lateral SCR elementary section and equivalent schematic are reported.

The structure reported is the simplest that
can be realized in a common CMOS
platform where no buried layer is usually
available.
In smart power technologies the same
structure may be isolated by the substrate
by using n buried layer or SOI (Silicon On
Insulator) isolation scheme.
SCR protection structures are the most
efficient in terms of ESD performance per
unit area due to the very low holding value
achievable.
Basic operation will be briefly described:
the pad (anode) voltage increase during the
positive ESD pulse will cause NPN base-
collector breakdown. Avalanche current
has to flowthrough Nwell resistance and it
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biases the PNP bipolar on. PNP collector current biases NPN transistor on so
leading to the typical regenerative mechanism of latchup phenomena. Once the
bipolars are switched on the holding voltage is very low:

Hence power dissipation is very low and this is the reason for the excellent ESD
performance: HBM robustness close to has been recently reported [22].
In the structure reported in figure 9, trigger voltage is fixed by the NPN base (pwell)
– collector (nwell) junction breakdown. The breakdown voltage value is normally
pretty large (more than 20 V) and may lead to input stages fail.

Different tricks have been identified in order to reduce the trigger voltage (figure
10).
Basically a tap is added near the surface at the nwell edge: NPN base-collector
breakdown value is reduced to the n+/pwell diode value (10 V range) and can be
further reduced by adding a gate on this new junction (gated diode).
Major drawbacks of the SCR devices family are:

1)

2)

the turn on time is pretty high (compared to other protection structures) due
to the presence of a p-type transistor to be turned on. This may limit severely
CDM performances [23].
the very low holding voltage (1 V) makes the device unsuitable for smart
power application for the consideration reported above. Moreover the need
for low trigger voltage, due to the reduced oxide thickness in advanced
CMOS platform, did reduce the noise margin immunity in CMOS process
too [23]. Holding voltage may be increased but it will decrease ESD
robustness.

Last consideration on ESD window has made SCR protection not widely used in
smart power application.
Self triggered LNPN based protections are the most commonly used structures for
low voltage pads protection in smart power processes [24] (figure 11).
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In figure 11 a schematic cross section of a lateral NPN feasible in any smart power
technology is shown.
Some geometrical parameters are indicated since they play a meaningful role in the
protection structure behavior and robustness:

1)

2)

3)

I: it fixes the lateral NPN collector series resistance value. Larger values
do help in the structure uniform triggering but worsen ESD robustness
because they lead to larger power dissipation.
Base width, fixes the lateral bipolar gain and the structure speed.
Structure with larger gain has lower holding voltage. Minimum value for
this parameter depends on voltage capability.
Emitter-base distance, fixes the trigger current value since intrinsic base
resistance is strongly influenced by this parameter.

Self triggered LNPN structure is basically a bipolar transistor with base and emitter
shorted by a metal connection. During an ESD event the cathode (collector)
voltage is increased up to the collector-base diode breakdown value. Electrons
generated by the avalanche phenomenon are collected by the cathode while holes
are collected by the base contact.
Holes’ current induced ohmic drop through the intrinsic base resistance starts to
forward bias the emitter-base junction so turning the transistor on. Once the
transistor has been turned on, cathode voltage suddenly decreases (snap-back).
Collector electric field necessary to sustain the external forced current may be
lower since a larger amount of primary electrons is available when the bipolar is
on.
In figure 12 dynamic I-V characteristics, obtained by a TLP measurement, of a real
device realized in BCD6 process platform is reported.
Snap back (or trigger) and holding voltages are indicated in the figure together
with the second (thermal) breakdown value.
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As it has been said above, second breakdown is the mechanism responsible for the
ESD protection failure: corresponding normalized TLP current level (often referred
as is the merit figure of the protection [25].
Fixed HBM failure threshold voltage and known the protection value, ESD
structure dimension may be set.
Large values are obtained by minimizing power dissipation in the structure. This
can be achieved by reducing the holding voltage as much as possible and by
minimizing the protection equivalent resistance in the snapback region.

As evident from the figure 12 a sudden variation (increase) of the structure
resistance occurs in the high current region (I>500 mA). In fact together with the
designed lateral NPN transistor a parasitic one is present due to the presence of a n
buried layer necessary for the structure isolation.
Current partitioning between the two transistors will depend on the geometrical
factors above reported, base doping level and on the current level [26][27].
In figure 13 I-V characteristic for devices with different base width (Lb) values is
reported. As expected
longer bases lead to higher holding voltages, due to the lower gain. Hence in the
low current regime lateral bipolar action is effective, while in the high current
regime no main difference between the devices is observed due to the prevalent
vertical action.
Vertical action may be helpful in improving ESD robustness since power is
dissipated through a larger volume but at the same time particular care has to be
taken in order to keep vertical electrical resistance as low as possible. Sinker
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implant presence and high doped buried layer are very helpful, when present, in
achieving this task [28].
LDMOS transistors body implant (Pbody) may be successfully used as base
implant for improving structure ruggedness [24] [29] HBM failure level in the 40-

has been achieved with self triggered LNPN realized using Pbody
implant. The result reported by Depetro et al. [29], HBM failure level
with PBODY LNPN, has to be underlined since obtained on an SOI wafer with a
pure lateral structure (no buried layer) and with the well known heat dissipation
issue associated with this kind of substrate.
This result does confirm that lateral structures may be very robust if properly
designed.
However unfortunately Pbody implant dose increase in advanced BCD platforms
makes this implant unusable for the low voltage CMOS class since the base
collector diode enters in the zener regime under operating condition (high leakage
from the pad). Different structures coming from standard advanced CMOS
processes are becoming very popular in smart power platforms.
Gate grounded devices are the most diffused protection structures in pure CMOS
technologies: they are basically standard NMOS transistors whose gate is tied to
ground (figure 14).
When possible these devices have no LDD implants as they decrease ESD
robustness [1].
Working principle of the GGNMOS is the same as bipolar one: ESD event triggers
the intrinsic parasitic bipolar which enters into snapback regime. These devices
have some advantages:

1)
2)

They don’t require any additional mask on a CMOS process
They have a very low triggering time: bipolar base length is defined by the
gate length, which is usually the minimum lithographic dimension available
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It is common to increase drain (collector) resistance by keeping the contacts far
from the gate edge in order to increase ESD robustness. Salicide technique,
commonly adopted in advanced processes, will significantly reduce the effect and
to reach good ESD levels it should be necessary to find other space consuming
solutions (poly cut, stacked vias [30]) or to add a salicide protection mask that is
however always available in smart power platforms.
The major drawback of the GGNMOS, like all the structures working in snapback
region during the ESD event, is the current uniformity along the structure. In fact
normally crystalline impurities or defects are present along the structure:
breakdown does normally occur first locally in these points and then it extends
along the whole structure [31]. If large structures with several fingers are designed
it may happen that part of the structure enters in the snapback region before the rest
of the structure (fig. 15). When this happen, if the second breakdown voltage
is lower than the trigger voltage the device fail before the rest of structure
triggering. GGNMOS has normally very high trigger voltage and they may suffer
of poor robustness scalability.
This is the basic reason for the introduction of the Gate Coupled device (GCMOS,
figure 16): the working principle of this structure is exactly the same of GGMOS
but gate is biased both capacitively during the ESD event and statically during
“slow” pulse through the diode. So doing larger current flows through the structure
(standard MOSFET conduction current), hence lower electrical field are necessary
for the bipolar base bias current generation. Smaller trigger voltage, is achieved
together with uniform triggering along the finger (figure 17 and figure 18).
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In latest BCD technologies GCMOS devices are widely used to protect 3.3V
circuitry, as they show a good robustness level of and a good scalability
with device width which has been proven till 12kV (figure 19).
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Recently Duvurry [32] has shown a novel tecnique for gate grounded robustness
improvement: “substrate pump”. Basically the base of the parasitic bipolar
(normally coincident with the wafer substrate in a CMOS process) is directly
biased by a transistor switched on during the ESD event. So doing no high electric
field are basically necessary for the base current generation and the trigger voltage
is hence reduced.
From the above reported HBM failure voltage level for bipolar-based protection
structure it’s easy to imagine that protection width in the range has to
be used for safely protect each pad (assuming 2 kV HBM requested level). Since
normally large ballast resistance arc introduced for robustness reason it’s easy to
image that capacitive load (both perimeter and area contribute) may become too
large for peculiar application (value in the 1 pF range has to be considered).
Common rail architecture may offer a valid alternative when low capacitive load is
mandatory as in RF designs.

Diodes used for building the common rail network are standard CMOS ones:
Nplus/Pwell and Pplus/Nwell diodes opportunely sized to handle the large current
during ESD event. Such diodes are really weak in reverse mode (robustness <1 kV)
and present intrinsic parasitic bipolars (figure 20). Particular attention must be
given in designing common rail networks to the non-idealities of these diodes:

1)

2)

Diodes have a finite on resistance that is not negligible and that contributes
to the total impedance seen from pad to ground through the protection.
Parasitic elements of the diodes, especially PNP bipolar of the Pplus/Nwell
one, can help in sinking current during the ESD event.



189

Diodes capacitance must be taken into account in particular designs (RF
systems).

ESD current in a common rail architecture is forced to pass through two forward
biased diodes (one in case of ESD discharge vs. ground) and through the central
protection clamp. A possible parallel path to the current could be activated if the
pad voltage exceeds the diode breakdown value (diode working in breakdown
region and a forward biased diode), but particular care has to be taken in the rail
design in order to avoid this situation since diodes are very weak in breakdown
region.
Considering, as an example, the case of a positive ESD discharge between a
generic pad and the ground one: when the “in the pad” architecture is used, pad
voltage is fixed by the protection characteristic plus the metal resistance to ground.
On the other hand, in a common rail approach:

Diodes and central clamp has to be properly sized in order to limit the voltage
below “dangerous” value fixed by the oxide thickness and by the diode breakdown.
PNP parasitic bipolar transistor has to be properly characterized in the ESD current
range since it plays a meaningful role sinking part of the current.
In figure 21 HBM robustness as a function of diode perimeter is reported for
BCD6 process. Diode capability seems to scale pretty well with the diode
perimeter: seems to be the minimum value in order to guarantee 2kV.

3)
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Capacitance values may be reduced by one order of magnitude: in figure 22 diodes
Nplus/Pwell Ron and capacitance are plotted as a function of its perimeter. Values
lower than 100fF may be achieved still maintaining 2 kV HBM capability.
Chip size reduction may be also accomplished in case of large pin counts ICs.
Central clamp may be realized again using a self triggered lateral NPN properly
sized: in fact even if a smaller current flows through this structure compared to the
“in the pad” case (depending on the bipolar gain) the voltage drop across this
structure has to be lower in order to compensate the ohmic drop across the routing
metal line.
Dynamic clamp may be used with this architecture [12][13] being the clamp
between pretty stable lines.
Common rail approach allows reaching high ESD ruggedness levels with a
minimum impact on the die size due to the possibility to place only one large
central clamp or to distribute it along the circuit periphery.
However when large robustness are required (large ESD current) proper sizing of
diodes and central clamp cannot be done without taking into account the
connection between the input pad and the central clamp. In fact large voltage drop
across the metal routing line may lead to an increase of the pads voltage causing
unacceptable parameters shift before inducing catastrophic damage.

In figure 23 threshold voltage shift measured on NMOS input buffer pull-down is
reported as a function of metal series resistance present between the pad and a
central clamp. This is the only damage caused by the ESD discharge: in fact both
clamp and diodes do not reveal any leakage increase even after 8 kV HBM
discharge.
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Threshold voltage shift is caused by the charge injection occurring during the ESD
event induced by the pad voltage. Even if the detected shifts are pretty low and
they would not cause any problem in many logic applications, the charge injected
may have meaningful impact on oxide reliability performance.
From the figure it is evident that resistance value for good ESD performance must
be below 1 ohm: thick metal level always present in smart power technologies does
help in achieving this value without enlarging too much the metal strips but this
could impose severe limit to the migration of the diodes’ couple under the pad.
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It is possible to protect output stages using the same architectures and protections
previously analyzed for input pads. There are, however, some aspects that
generally make difficult to apply exactly the same considerations above reported.
Series resistances in output stages may limit severely the current: only small
resistance values are allowed. This make useless the use of the secondary element
(see figure 8 a and b) for voltage clamping close to the real drain junction.
In “Open drain” configurations, where pull down NMOS alone is present, a diode
connecting the NMOS drain to the supply is not allowed since a current path
between two different supply lines (internal and external) may be created
depending on the ICs’ power up sequence (fail safe condition): the use of “in the
pad” architecture protection network is therefore mandatory for these pads.
Moreover output stages have some peculiarities that distinguish them from input
ones. First of all, the ESD event does not hit an oxide, but the external world
comes in contact directly with a silicon junction. In the case of a common output
buffer, the common drain is connected to the pad to be protected.
It can be observed that NMOS pull down device presents the same parasitic NPN
bipolar already analyzed when GG/GCNMOS have been introduced. Basic
difference is that normally gate terminal is driven by internal circuits and therefore
should be considered as a “pseudo” floating terminal during the ESD event as it
happens in the GCNMOS shown in figure 16. Hence this transistor may offer a
parallel path to the current during the ESD event and in some cases (or for a short
period of time) it may shunt the whole ESD current.
Hence particular care should be taken in drawing these transistors for a robust
design since they would require particular tricks for improving their ESD
robustness minimizing the current capability loss.
When large output transistor are used, protection may not be necessary since the
device itself will be able to sink the whole current without damage.
When a protection is introduced (medium size transistors) it normally works in
parallel with the transistors themselves. Depending on the turn on time of the
protection structure and on its size the current flow through the output stages may
become meaningful. It’s therefore mandatory to adopt some of the solutions
already shown for the protection robustness in the transistors’ design. Increase
drain side resistance by keeping the contacts “far” from the gate will improve
current uniformity avoiding current localization. Contact spacing can improve
noticeably HBM robustness (figure 24). An output buffer protected “in the pad”
with a GCMOS structure, failing @ 4 kV when tested stand alone, would fail
dramatically below 2 kV. Failure is localized in the pull down NMOS (Figure 25):

Output stages
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the poor drain resistance does not prevent current focalization that may cause
silicon melted filament.
When however the output devices are correctly designed, overall ESD robustness
may become larger than the one of the stand alone protection since the buffer may
sink part of the ESD current.
At the same time, when a common rail approach is adopted the intrinsic body-drain
diodes of the output buffer works in parallel with the ESD ones (when the two
ESD lines coincide with supply and ground ones). Hence it is possible to downsize
(or even eliminate) ESD diodes: transistors body connections have to be properly
sized in order to carry ESD current peaks.

The design of high voltage (from 16 to 80V) ESD protection devices in Smart
Power technologies is a challenging activity since new and different constraints
have to be considered.

4.2. High voltage circuitry
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As already reported in this article the concept of “ESD window” fixes very severe
requirements, which must be fulfilled by the ESD protection structures: trigger
voltage must increase accordingly to the operating conditions. Due to the high
voltage level, large power dissipation occurs in the protection during the ESD
event.
At the same time the safe window for ESD structure operation does not increase
with the voltage class and since junctions’ doping level has to decrease in order to
improve voltage capability it’s quite easy to imagine that High Voltage ESD
structure electrical resistance will become larger so leading to worsen
performances.
Static and dynamic solutions will be analyzed in the next sessions: both solutions
are in fact widely used and are reported in literature.
As it will become clear an unique optimum solution may not be identified since the
“high voltage” application field is very wide and is becoming wider in new
generations where for example 5 V class can be already considered as part of it.
Dedicated solutions are often generated for peculiar applications: this makes very
difficult to standardize a protection strategy.
Unique common starting point is the use of DMOS transistors, both lateral and
vertical, for the realization of high voltage power switch realization: availability of
this kind of transistors, that exhibits large current capability withstanding high
voltage, may offer possible solutions for ESD protection design.
Recently advanced Smart power processes realized in a pure CMOS substrate
without any dedicated step for high performance bipolar realization (heavily doped
buried layer and sinkers, dedicated epi layer) have been used [4] for motor driver
realization.
Cost and manufacturability push in that direction but ESD design and parasitic
handling is becoming even more challenging!

4.2.1. In the pad solution: a static approach

High voltage self triggered bipolar devices arc probably the most widely used
solution [20][26][28]. SCR with large blocking voltage and modified LDMOS
architectures with an integrated SCR structure have been proposed [42].
One single bipolar NPN device properly designed for high voltage operation is
commonly used. It’s also possible, however, to use a chain of low voltage devices
provided that trigger and holding voltages are compatible with the ESD process
window.
Working mechanism of high voltage bipolar devices is the same of the low voltage
ones: the bipolar is turned on by the avalanche hole current and a sudden voltage
drop is recorded in the I-V characteristic.
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Protection electrical resistance in snap-back region does depend on the collector
region doping level: low doping level are mandatory in order to achieve large
breakdown value, hence large resistance values have to be expected unless heavily
doped buried layer and sinker are available.
TLP robustness level in the [28] range are reported for smart
power process with sinker and buried layer regions. In [28] the impact of the sinker
presence is highlighted: protection current capability seems quite to be doubled
when sinker is used. Such results do confirm what reported in [26]: vertical bipolar
transistors are normally more ESD rugged than pure lateral bipolar devices.
As already reported in the previous session this is not always true at least for the
low voltage class even if probably it becomes very difficult to minimize the power
dissipation (electrical resistance) in a pure lateral high voltage bipolar structure.
Beside the use of high conductive layer, another key factor for the realization of
robust structure is the holding voltage. Keeping this parameter as low as possible
helps in the minimization of the power dissipation. It may happen that good ESD
performances are obtained with low holding voltage that is not
compatible with the above defined ESD window. It’s therefore very important to
be able to tune independently trigger and holding voltage [33]. In this way
protection design may be optimized according to the voltage class and to the
performance of the device that has to be protected. It’s in fact important to keep
always in mind not only the solution itself but also what it has to be protected. For
this reason close synergy between device and ESD structure development can be a
key factor for the overall quality improvement.
In figure 26 a clear proof of what stated above is reported. Low voltage bipolar
NPN chain is used as a protection element for an high voltage pad. A small size
LDMOS drain is directly tied to the pad. In the figure TLP characteristic of the
protection structure (NPN chain) and of the pad (NPN chain and monitor) are
reported. Solid vertical lines fix the ESD window limited by the transistor
breakdown (upper limit) and by the circuit maximum operating voltage (lower
limit: it’s reported the printer motor drivers’ case).
It’s evident that the protection works properly up to 1.3 A and its holding voltage
guarantees safe circuit operation being larger than the lower ESD window limit
(trigger voltage is not evident due to the scale resolution but its value is roughly
40V). Unfortunately, however, the large resistance after the snap back makes the
pad voltage larger than the device breakdown, leading to the premature failing of
the monitor LDMOS.
Such problems may be solved only through an enlargement of the protection
structure or thanks to an enlargement of the ESD protection window that can be
achieved thanks to a new LDMOS design structure (increasing device BV).
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As reported above it seems that vertical operation is very helpful in achieving good
ESD performance when bipolar structures are used. So doing it’s quite difficult to
imagine a scaling of the protection size in advanced technologies. Current
capability will be in fact fixed by the emitter area more than by its perimeter so
that it would be very difficult to imagine any size reduction being the current fixed
by the ESD requisite. Moreover lateral dimension arc actually fixed by voltage
capability and it is not expected any change in future at least for present
applications. Finally new processes, like some advanced smart power ones and
SOI, are actually conceived without bipolar dedicated steps and it would be very
interesting to investigate different solutions for ESD protection design.
Moving to a common rail architecture (see figure5), large area dynamic (or active)
clamps [34] may offer a possible solution.
The unique large clamp is put between high voltage line and low voltage line
(ground) and several pads discharge their current to this unique clamp (two diodes
per pad are necessary).

4.2.2. Common rail solution: a dynamic approach
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A simple proposed dynamic clamp is reported in figure 27. It basically consists of
a “large” area LDMOS device whose gate is kept “floating” during the ESD event
by a resistance placed between the gate and the source.
When an ESD pulse is applied, this transistor is switched on capacitively: thanks to
its particular design in fact, LDMOS gate to drain capacitance may be quite larger
than standard NMOS transistors, thus increasing the coupling. At the end of the
pulse the transistor is switched off with the time constant imposed by the resistor
value that has to be properly designed. Clearly the gate discharge time constant has
to be longer than the ESD pulse but too long time constant may lead to clamp
failure since LDMOS maximum energy capability would be exceeded.
In figure 28 dynamic I-V characteristic obtained through TLP testing is reported
for a 20 V LDMOS processed in BCD6 technology. Clamp width is 11 mm.
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Large coupling between drain and gate are very attractive since they allow large
current discharge without large voltage generation across the clamp.
The correct dimensioning of the central clamp will be done according to the total
current which must be shunted to ground and to the total voltage drop across the
clamp, which should be kept as low as possible in order to reduce the stress on the
protected stages.
LDMOS current capability is fixed by the channel length and it’s going to increase
with new technologies together with the channel density (channel width integrated
by unit area). Even if actual current capability levels are much lower than the
values achieved with bipolar devices, values in the range of are
achieved in a technology with 20 V LDMOS devices, due to the very
large channel density. Therefore area consumption is expected to become
comparable. When in fact the current capability is normalized to the ESD
protection area consumption the reduced LDMOS cell pitch allows to reach quite
large normalized values: BCD6 20 V LDMOS device specific current capability is
roughly
In figure 29 BCD6 20V active clamps HBM failure level as a function of clamp
width is reported. Good scaling with the electrical width is observed: curve slope is
roughly 410 V/mm that is pretty lower compared to the theoretical expected value
evaluated by the device current capability (600 V/mm).
Probably the device is not turned on uniformly as suggested in [35]: the presence
of multiple gates in parallel makes very difficult to ensure the uniform biasing of
whole channel perimeter.
Experimental evidence of gate potential non-uniformity is provided in [36] where
even a gate grounded LDMOS device seems to turn on during locally during the
ESD event.
It may also be possible, however, that the reduced slope is caused by a poor gate to
drain coupling: drain voltage may exceed breakdown value while gate to source
voltage is still below maximum value.
However good HBM robustness scaling with the clamp total width has been
obtained: this analysis can help in the right dimensioning of the clamp depending
on the desired robustness level.
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Moreover the above figure may give another very useful information: the
minimum power LDMOS size that does not require any protection. In practical
applications large LDMOS power switches are mandatory for minimizing power
loss: they can be considered as self protected if their dimension is larger than the
value reported in the above figure. This is true if the power gate driver circuit does
not discharge the gate during the ESD event: in such case proper design
modifications are mandatory for reaching “safe” ESD robustness level [37].
Variations of the simple structure presented above have been presented in
literature. In order to increase drain to gate coupling a smaller LDMOS (same
voltage capability) has been put between the two terminals in the so called
“Darlington” configuration [38]. TLP characterization did confirm that same
current is shunted through the clamp with a significative minor voltage drop across
it. HBM robustness shows significative improvements thanks probably to the
reduced power dissipation during the ESD event.
By inserting a zener chain between gate and drain no significative improvements
either in TLP characteristics nor in terms of HBM robustness have been obtained
[38]: from TLP analysis it seems quite evident that the clamp is activated
dynamically and the zener chain does not affect the clamping voltage. However
this solution may be very useful in real ICs design where the high voltage rail
normally is the supply line. Large capacitance associated with the supply line may
slow the pulse rise time and the clamp may not be turned on: the presence of the
zener chain ensures that the large LDMOS is switched on even statically when the
critical voltage is reached [35].
Once good ESD performances are reached with appropriate clamp sizing, problems
may arise in the protected circuitry. This problem is not often treated in literature
especially in the case of high voltage pads. The active clamp solution may become
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critical when a “small” size high voltage LDMOS device has to be protected
(example: an high voltage output device with reduced current capability). In this
case, in fact, the circuit that has to be protected is identical to the protection itself:
one LDMOS transistor with a potentially floating gate. This transistor is usually
smaller and directly tied to the pad whereas the protection is larger and connected
to the pad through a diode. Normally it can turn on immediately shunting the
current at least during the first part of the discharge.
In figure 30 this situation is reported for a 20 V class pad: small size LDMOS

is directly tied to the pad that is protected using a common rail
approach with a standard active clamp between the lines. In the figure the pad
HBM robustness level is reported as a function of the large clamp width.

In the same picture the results already shown in figure 29 and obtained on a stand
alone clamp are reported too. As evident, when a monitor device is introduced
trying to simulate simple ICs case, the situation changes dramatically. Even if no
fail has been detected in the protection structure, the monitor device fails at much
lower level.
Significative improvements may be achieved by making the clamp faster than the
protected device: Darlington solution, for example, seems to be very effective in
achieving this task (Figure 31). Increased robustness slope (520 V/mm vs. 400
V/mm) may be caused by an improved turn on uniformity due to the insertion of
an external capacitive load between gate and drain or by the increased drain to gate
coupling.
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Current uniformity in the large LDMOS devices and premature turn on of the
protected transistors are the key issues that has to be faced when dynamic ESD
protection strategy is adopted.
Moving to higher voltage classes (larger than 45 V) the situation may become even
more critical. The use of lightly doped drain extension, mandatory to satisfy the
voltage requirements, makes LDMOS device very weak in the high current regime.
Large multiplication current, generated when the current through the transistor is
large (i.e. biased with large may induce premature snap back [39].
Due to the particular body contact topology peculiar of LDMOS device,
preferential localized snap back regions may be identified [38][40]. Current
focalization after snap back will lead to the device’s failure.
Even if salicide technique helps in avoiding body contacts non-uniformity, the
body current dependence on the gate to source local bias may still induce localized
snap back.
In [41] large HBM failure voltage spread is reported when 40 V Darlington clamp
is analyzed: this behavior is normally attributed to localized failures that have been
evidenced by an extensive failure analysis activity. Moreover no dependence on
large clamp LDMOS width was detected when open drain pads has been tested.
Due to their intrinsic weakness the small size devices immediately fails during the
first part of the ESD event when they probably turn on.
Significative improvements in the pad robustness may be achieved decreasing the
clamp turn on time working again on the drain gate coupling.
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In figure 32 the effect of the introduction of an high voltage capacitor between
drain and gate is shown. It seems that a significative reduction of the low failure
voltage population is achieved increasing the capacitance value.
Similar effect may be reached working on the robustness of the small size device.
In figure 33 a comparison between two pads sharing the same protection structure,
a Darlington clamp, realized with different LDMOS devices, 40 and 70 V
LDMOS, is reported. The reduction in the low failure level percentage can be
attributed only to the increased small size device robustness.
The proposed solutions (figure 32 and 33) are both effective in improving the ESD
robustness but the data spread is still pretty high compared to what it’s possible to
achieve in lower voltage class (see data for 20 V LDMOS in [41] for example).
It’s probably still possible to reduce the data spread by working on the large area
clamp device’s uniformity: a novel architecture, still under investigation, has
shown excellent preliminary results.
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Electronic devices penetration in many new application fields does often require a
significative increase of the modern ICs quality: ESD is still one of the major
concern that electronic industry has to face for achieving this task.
Costs associated with new mask set realization and faster time to market often
impose first design to be successfull. Circuit simulation may be very helpful for the
identification of possible design marginalities. Modeling of electronic devices
behaviour in the ESD pulse time regime is mandatory: new TLP equipments make
possible the extraction but due to the strong non linearities of the protection
structures and due to the complexity of the simulations (true expecially for CDM),
they still require long CPU time.
Thanks to the efforts spent in the recent years and to the new analysis tools
availability many steps forward have been made for the understanding of ESD
related phenomena.
However modern technologies and increased circuit complexity continuosly
introduce new issues that ESD protection designers have to face. Gate oxide
scaling seems to be the most critical topic that will have to be faced in advanced
CMOS platforms. Latent damage caused by the electrical stress during the ESD

5. Conclusions
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event may cause severe reliability problems difficult to be screened at circuit
testing level.
Shorter time to market is required by new market conditions, hence ESD protection
design has to be carefully considered since the beginning of a new process
development.TCAD simulation tools are currently widely used for a qualitative
understanding of involved physic mechanisms: solid and reliable 3 D tools are
probably mandatory for a real predictive analysis of ESD protection behavior since
many failures are still caused by localized phenomena.
Within this scenario, smart power processes complexity is growing accordingly to
new products requirements, but high voltage ratings arc not scaling accordingly.
Large power dissipation during the ESD event in high voltage pads has to be
handled within an advanced CMOS like platform: thinner junctions, thinner gate
oxides and pure lateral devices.
LDMOS based dynamic clamps seem to be a robust solution for the high voltage
pad protection realization since they do not require dedicated process steps and
they have already been used with success in many BCD process platforms.
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One of the main bottlenecks for introducing CMOS RF circuits to the market is
their susceptibility to ESD. It is due to both gate oxide breakdown and junction
degradation related problems, caused by the decreased oxide thickness and
increased doping levels in the scaled down technologies [13]. The ESD
problems are still increased by the tight design window for the high performance
RF circuits, not allowing large ESD devices to be used as protection elements
[20]. Most CMOS ESD-protection structures (e.g. as they are used in digital
CMOS) have parasitics that are detrimental for the LNA performance. They
commonly feature two large clamping devices with a current limiting resistor in
between. The resistance added at the input (up to a few hundred ohms), would
be detrimental for the noise figure of the LNA. The introduced parasitic input
capacitance also has a serious influence on the LNA performance. This
influence will be explained in section 2.

Different ESD protection elements can be found in open literature, diodes,
silicon controlled rectifiers (SCR), grounded gate NMOS (GGNMOS), gate
coupled NMOS (GCNMOS), .... Also different ESD-protection tests and
standards are used in industry. Among them, the human body model (HBM),
machine model (MM), the charged device model (CDM). Another commonly
used test is the transmission line pulse (TLP). One of the most commonly used
standards HBM test. It consists of a charged capacitance of 100pF, that is
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Abstract

This paper fits within the framework of recent research on the use of
pure CMOS, rather than bipolar or BiCMOS technologies for RF front-
ends. This paper focuses on the Low Noise Amplifier which is
commonly the first building block in a wireless receiver. Since the LNA
input pin connects to the outside world, it is sensitive for Electrostatic
Discharges (ESD). Although this is a critical issue, very few LNA papers
[17][18][23] have been published with ESD-protection results This paper
gives guidelines for a rigorous RF-ESD co-design for high performance
CMOS LNAs. In this work, two important LNA topologies will be
discussed and different strategies for RF-ESD co-design will be
explained.

1. Introduction
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discharged through a resistor, connected to the DUT. The amount of
protection is indicated by the HBM voltage the circuit is able to withstand. The
standard level of protection for an IC is 2kV. The maximum discharge current
through the DUT is in the order of 0.7A/kV. Hence, a protection level of 2kV
means the circuit should be able to carry 1.4A while limiting the voltage at the
input to a safe level. This value will be used to discuss the design methodology.
However note that a different standard does not change the discussion.

A lot of different types of LNAs are known and have been published in
open literature. A distinction is made between wideband or baseband amplifiers
[5][21] and narrowband or passband amplifiers. In what follows only the latter
will be discussed since we are dealing with wireless systems in which the signal
power is concentrated around the carrier frequency. The most interesting and
widely used topology for narrowband LNAs is based on a single transistor
common source (CS) amplifier. It is most interesting since it allows a very low
NF and high gain which is mandatory for many of today’s wireless receivers
requiring a good sensitivity (GPS, GSM, DCS 1800, UMTS, ...). An RF-ESD
co-design strategy for this topology will be discussed. Results of this design
strategy are demonstrated with the measurements of an LNA for a portable GPS
receiver [23]. Section 6 discusses another ESD-protection strategy more
attractive for higher frequency LNAs, operating at more than 5GHz. It is based
on the use of an on-chip inductor as a signal splitter [22]. Both calculations and
simulation results are shown. Yet another ESD-protection strategy based on a

network is discussed in section 7. In section 8, we will take a closer
look at the common gate LNA and show when this topology is more interesting.

2. Basic operation of the common source LNA

Figure 1 depicts the input of an inductively degenerated, common source LNA.
Consider first the ideal case where no parasitic input capacitance, is present,

and represent the signal source that feeds the LNA. This is the output of
either the antenna or a bandpass channel select filter. In both cases the
impedance of the source is As a consequence the LNA input should be
matched to in order to absorb as much signal power as possible and to
avoid distortions in the filter characteristic due to incorrect termination. Since
the common source amplifier ideally has no input resistance, only input
capacitance, the source degeneration inductor provides an ‘artificial’ resistive
input impedance equal to The gate-source capacitance is tuned out by a
gate inductor, in order to create a purely resistive input.

However, in real life, some parasitic input capacitance is always present.
Part of it is coming from the input bonding pad, another part belongs to the gate-
drain capacitance. A normal ESD-protection network adds even more
capacitance to that. This capacitance, increases the noise figure of the LNA
and decreases its gain. It also places an upper bound on the attainable input
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impedance values. If is too high, it even becomes impossible to obtain an
input match without an external matching circuit.

It is instructive to define two reference planes 1 and 2 and to look at the
different impedance levels at these nodes. Looking towards the source at
reference plane in Figure 1, the gate sees an equivalent input resistance
larger than and a series inductance slightly larger than They are
given by:

Notice that the noise factor features a term directly proportional to
coming from the classical drain noise, and a term inversely proportional to

coming from the non-quasistatic noise. Due to the presence of and
hence, the higher value for the noise figure is primarily determined by the
classical drain noise contribution. As the ESD-protection circuit even increases

becomes larger and the noise figure increases further.

The noise factor of the LNA may be shown to be approximately given by



The first part of this equation is derived from the well known MOS current
equation under mobility degradation which is modeled by the factor For a
transistor without matching section (only the first term in (6)), the IIP3 improves
with increasing and deteriorates with deeper submicron technologies. For
a matched transistor, the dependencies get more complex because the IIP3
decreases with decreasing equivalent source resistance The –16 term
converts the units from to
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also has an influence on power gain. In order to have a high power
gain, a high squared output current is required for a given available
source power, Its value may be calculated as a function of

where is the available input power from the antenna. is the real part of
the impedance, seen to the right of reference plane 2. It is equal to for a
perfect input match. The power gain is then given by:

If the value of increases, becomes larger and the amount of output current
decreases. Hence, a higher implies a lower power gain.

The dependence of the LNA linearity, characterized by its IIP3, on the
technology and input matching is shown in (6).
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In this section the most important design considerations are discussed using a
1.57GHz LNA for a portable GPS receiver as a demonstrator. A simplified
schematic of the LNA is shown in Figure 2. The biasing details are not shown. In
this design, the input bonding wire is used as gate tuning inductor since the Q of
an on-chip inductor would be to low resulting in a high noise figure. The input
bonding pad is shielded from the substrate by grounding the bottom metal layer
[17]. This drastically increases the Q of the bond pad capacitance and prevents
noise coupling from the substrate. Furthermore, the pad capacitance is minimized
by using only the top metal layer and octagonal layout. Limiting this capacitance
is of extreme importance to create a sufficiently large headroom for the
capacitance of the ESD devices. The details of the ESD-protection network will
be discussed in the next section.

The source degeneration inductor, is implemented by parallel bonding
wires. The load inductor, is realized on chip. Its series resistance is depicted as

and its parasitic capacitance to the patterned ground shield beneath it, is
included in (together with the pad capacitance and bonding wire
constitute the output matching network for obtaining a output impedance.

Equations (1) to (6) have been used to describe the design space of the
LNA and to visualize the influence of the equivalent source resistance and
the transistor sizing on the noise figure, gain and linearity of the LNA. A higher
value for is beneficial for the linearity but is bad for noise and gain
performance. Since, for the GPS application, the latter constraints are more

3.   RF Design considerations
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binding, is chosen sufficiently low. As increases with the amount of
parasitic input capacitance (1) the capacitance available for the ESD-protection is
limited. Moreover, the tolerated capacitance decreases with the operating
frequency of the circuit.

The LNA has been simulated and optimized both with and without the
ESD-protection diodes. The MOS model that was used is level 49, BSIM3v3.
Both the MOS transistors and the diodes were placed within a subcircuit to
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include extra parasitics that are not implemented in the BSIM3v3 model. This
allowed us to model the Non-QuasiStatic effect of the channel charge buildup
which has a significant influence on the RF-performance. Bulk and well
resistances for both the diodes and transistors have been included since they
influence both high-frequency and high-current behavior.

The noise figure and power gain are plotted vs. the capacitance of the ESD-
protection diodes in Figure 3. The other contributors to the capacitance are also
taken into account in these simulations but they are not included in the value of

It is seen in this figure that the NF increases from 0.9dB to 1.5dB for a
capacitance of 350fF. The power gain decreases from 19.3dB to 15.7dB. Beyond
this capacitance value the circuit can no longer be matched to without an
external matching network. For higher frequencies this effect becomes more
pronounced, i.e. the curves will be steeper and the cut-off capacitance becomes
lower. These curves can be redrawn for different power budgets.

Figure 4 plots the ESD-capacitance as a function of HBM protection
voltage for different devices. Together with Figure 3 this plot allows the
designer to choose the amount of ESD-protection required and tolerable for a
specific application. In our design the ESD diodes have a capacitance of about
100fF yielding an ESD protection of 3kV HBM.

Table 1 shows a comparison between the main simulation results with and
without ESD-protection. This table confirms the theoretical discussion given
above. Adding the ESD-protection at the input reduces the power gain from
19.3dB to 18.4dB. The noise figure increases from 0.9dB to 1dB. The IIP3
improves from -6.8dBm to -5.1dBm.
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The ESD protection network is shown in Figure 5. It consists of two diodes,
and between the RF input and the power supply busses and of a stack of five
diodes between and The goal is to provide an explicit ESD
discharge current path for all possible stress combinations between the input,

and The use of diodes was based on the fact that they are very efficient
and robust ESD devices. Furthermore, their characteristics are fairly simple to
model and simulate, allowing a reliable sizing of these devices. Since the LNA
was designed for a fully integrated GPS receiver, where the output node of the
LNA directly connects to the mixer input, no output ESD-protection is required.

Key considerations in the input diodes design is their capacitance,
and their high frequency and high current resistance. The first two affect the RF
performance of the LNA (as shown earlier), the second influences the ESD
performance of the circuit and, in particular, the bias developed on the input
node/gate of the LNA during the ESD pulse. Both the capacitance and the
resistance should be minimized.

The diodes can be laid out as one finger or multiple finger devices. It is a
well known fact that the junction capacitance of the diode is related mostly to
the bottom plate of the diode while the current flows mostly through the
sidewall. Hence to minimize the capacitance and the resistance of the diode we
need to minimize the area and maximize the perimeter. This clearly pleads in
favor of a multiple finger structure. Moreover, a one finger diode may give
current crowding at the corners, yielding dangerous hot spots where breakdown
may initiate. These fingers may be realized either as squares or stripes. Stripes
give the advantage of a very low resistance since the average distance from a p+
to n+ contact is minimal while still providing sufficient contacts per finger. On
the other hand, current crowding and the resulting hot spots may occur at the
small ends of the stripes. This problem may be somewhat alleviated by
removing the contact closest to the end of the stripe in order to increase the

4. ESD protection design considerations
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resistance in that path preventing current crowding. When using squares, the
average resistance will be a little higher than with stripes but a uniform current
distribution is more easily obtained.

The chip discussed in section 5 uses a multiple finger structure of square
diodes. The area of the squares was chosen as small as possible while keeping
more than one via for each square. The area of one diode square in this design is

giving a total area of for a total capacitance of 50fF per diode (one
to and one to ground). Simulation of the low frequency input capacitance

due to and as function of the applied DC input and biases is
shown in Figure 6. Since the value of is relatively constant around the DC
operating point, it does not significantly degrade the linearity of the circuit.

The design of the diode string between the supply rails was based
on the to leakage current specifications and the small high current
resistance requirements. In an nwell CMOS technology a p+ nwell diode is
actually a pnp transistor [1]. Hence, when you connect a series of diodes and
some current is injected in the top diode, the current through the next diode is
reduced by a factor where is the current amplification of the parasitic
bipolar transistor. As a consequence the chain of diodes will start to conduct at a
voltage which is lower than the sum of their individual cut-in voltages.
Therefore, sufficient diodes are connected in series such that the current leakage
at the operating supply voltage remains negligible. Since N diodes in series are
needed and the on-resistance of the clamp should be lower than the on-resistance
of the input diodes, these diodes are sized at least n times larger than the input
diodes. In this way, the supply clamp withstands higher ESD-stress than the
input diodes ensuring that the latter is the limiting factor in the ESD-
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This LNA discussed in this section was designed for a portable GPS receiver
[23]. It was implemented in a standard 4M1P CMOS process and
occupies an area of For the RF measurements, the LNA is glued on a
ceramic substrate and is wire bonded to strip-lines. The substrate is then
mounted in a Copper-Beryllium box, serving as a reference ground. The LNA is
biased in two operating regimes drawing 4mA and 6mA from a 1.5V supply.
The complete S-parameter has been measured together with the noise figure and
IIP3. The main results are summarized in Table 2 and discussed more
thoroughly in [23]. A photograph of the IC is shown in
Figure 7.

performance. The increased capacitance of the diode string is not a problem
since it just adds to the on-chip decoupling capacitance and does not influence
the RF performance.

5. Measurement results of a 1.57GHz LNA

5.1. RF measurement results
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5.2. ESD-protection results

Figure 8 represents the measured Transmission Line Pulse (TLP)
characteristics of the LNA circuit for three different stress combinations: INPUT
to INPUT to  and to The plot represents both the high current
device IV characteristics and the leakage current between the stressed
pins, The jump in indicates the ESD failure threshold level.
The TLP reverse breakdown characteristic of is also shown.

The results show that the TLP ESD robustness of the input diodes is of
about 1.67A which corresponds to 2.5kV Human Body Model (HBM) ESD
stress and the diode resistance is in the order of The ESD robustness of the

diode stack is ~3.25A, corresponding to ~4.9kV HBM stress and a total
resistance also in the order of The correlation of the TLP results to the HBM
performance is for a first order evaluation only and is done by transforming the
TLP current through the l.5kOhm HBM model resistance. Table 3 represents
the ESD thresholds, achieved from the actual separate on wafer HBM testing.
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The discussion in section 2 has made clear that both the noise figure and the
power gain of the LNA degrade with the addition of the parasitic capacitance of
a standard ESD-protection network. This effect becomes even more pronounced
as the operation frequency increases. It becomes clear that a new ESD protection
topology is required for these high frequency applications. This section presents
a different input protection methodology for high frequency, CMOS LNAs. An
on-chip inductor is employed to drain off the hazardous ESD-charge while in the
mean time tuning out the harmful parasitic input capacitance. This technique
will be demonstrated with the design of a 5.2GHz LNA attaining a noise figure
of 2.1dB, and a power gain of 17dB in standard CMOS. The LNA input
protection level complies with the 2kV HBM standard.

The worst case ESD stress combination for the circuit is when it is
stressed between the input and ground nodes. In this case, the ESD current flows
from the input pad through the bus, the stack and the bus to
the output pad. The overall ESD robustness in this case is determined by the
lowest of the ESD thresholds of the different components in the current path:

the reverse breakdown of and the ESD robustness of the input gate of
the LNA. The measured ESD TLP threshold in this case was 1.62A. The results
for the other major stress combination are represented in Table 3. The other
possible combinations can be represented by these results as well.

6.  LNA with inductive ESD-protection

6.1. LNA with inductive ESD-protection

For >5GHz LNAs, the ESD-currents have a low frequency compared to the RF-
signal. Therefore the ESD-protection network should act as a low-pass filter for
the input current while the RF-signals should see a high-pass filter towards the
LNA input. This can be realized by using a simple LC-filter and in
Figure 9).
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In Figure 9, an LNA is proposed, employing an on-chip inductor, to
provide ESD-protection [22]. The inductor is depicted with its finite series
resistance since it is to be realized on chip. In fact, this series resistance
equals the on-resistance of the protection in case of an ESD event. Hence this
resistance needs to be minimized from an ESD standpoint. At the relatively low
signal frequencies of an ESD-pulse, the inductor conducts this charge with a
minimum voltage drop over At RF frequency, the inductor is designed to
resonate with the input capacitance in order to avoid loss of signal. Where a
normal ESD-protection structure would add parasitic capacitance to the input,
this inductor tunes out all parasitic capacitance present at the input. It can be
seen from the aforementioned equations that, ideally, this even increases the
RF-performance. The value of is now simply the power gain increases
and the noise figure decreases.

For very high frequencies, the inductor is very small and has only a small
series resistance. Since the inductor is sized to tune out the exact amount of
parasitic capacitance at the input, the only remaining parasitic at the input is the
equivalent parallel resistance, of the resonant ESD-protection network. It
is given by



This resistance increases the noise figure. From an RF performance point of
view, it is clear that this resistance should be as high as possible and hence
should be minimized (both from RF and ESD standpoint). Its influence would
stay minor as long as

where This implies that a decrease in the noise contribution of
requires a larger input device, which means a larger power consumption.
Moreover, a larger input transistor also implies a larger (for the same

which increases the noise figure contribution of the drain noise current (1).
Hence, the sizing of the input transistor is based on a trade-off between the
different noise contributions and the power consumption. Generally, the
contribution of to the noise figure will be dominant as the power
consumption is a severe constraint.

The inductor is implemented as an octagonal coil and not as a rectangular
coil. Therefore all corners have an angle of 135 degrees instead of 90 degrees.
This is beneficial for the large ESD currents through the coil which are then
spread more evenly over the coil width and avoid hot spots. The protection
clamp is realized with a grounded gate NMOS (GGNMOS). It can sink a current
of about In the design of this transistor, a protection level of 4kV
HBM was aimed at. Since the maximum ESD current for an HBM-pulse is
about 0.7A/kV the transistor should take 2.8A giving a width of which
was rounded to to include some safety margin. The GGNMOS is
implemented with several fingers. Drain ballasting is used to ensure a uniform
triggering of all fingers.

At low operating frequencies, the required inductance for tuning out the
input capacitance is very large since it is inversely proportional to the square of
the operating frequency. This would also imply a large series resistance for the
inductor. This cannot be tolerated from an ESD-performance perspective. One
way to avoid this high on-resistance, is to deliberately increase the input
capacitance. This can be realized by placing another parallel ESD-path
increasing the ESD-immunity even further. The simplest solution is to place two
reverse biased diodes in parallel with the inductor: one connected to and
one to ground. These diodes will not only reduce the required inductance, they
will also reduce the ESD-current flowing through the inductor, decreasing the
on-resistance of the ESD-path further.

220
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Simulations were done as in section 3. Figure 10a, b and c compare the LNA,
completed with the proposed ESD-protection, with the same LNA, optimized
without any ESD-protection. Both circuits are designed to consume 9mW from a
1.5V supply. Figure 10a depicts the LNA power gain The ESD-protected
LNA features a power gain of 17dB which is 4dB higher than the LNA without
protection. This is due to the fact that all parasitic input capacitance, has now
been tuned out with the ESD-protection inductor. This capacitance otherwise
increases the equivalent source resistance, seen by the gate of which
yields a lower output current, as was shown earlier.

6.2.    Results for a 5.2 GHz LNA
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Figure 10b shows the input reflection It stays below –10dB in a 400MHz
band for the LNA with the input protection inductor. For the LNA without the
protection, the reduction in input reflection bandwidth is due to the introduction
of the parallel resonance peak. Figure 10c plots the noise figure of both LNAs.
Adding the ESD-protection increases the noise figure from 1.4dB to 2.1dB. The
reason for the increase is the contribution of the of the tuned input tank.
Figure 10d demonstrates the behavior of the voltage at the gate of when
applying an HBM pulse of -2kV between the input pad and the The
maximum absolute value of the voltage over the gate oxide stays below 7V
eliminating the danger for oxide breakdown.

From an ESD-standpoint this network can be implemented by 2 ESD
devices with an inductor in between. This network shows a remarkable
resemblance with the standard input ESD-protection structure for digital CMOS
mentioned earlier. Only here the resistance has been replaced by an on-chip
inductor. The first ESD device is usually the largest and should take most of the
ESD-current. The resistance limits the ESD-current flowing towards the input of

7. implemented as ESD-protection structure

In section 2 we have discussed the influence of the equivalent input resistance
on the LNA performance. It has been shown that and act as an impedance
transformer where incorporates the parasitic capacitance of the ESD-
protection. The idea developed in this section is to use a CLC, i.e. a
network (Figure 11), instead of a simple LC network. This network has the
advantage that an extra degree of freedom is created, i.e. the network Q is
decoupled from the impedance transformation ratio.



In the CG amplifier the signal is fed to the source of the input transistor rather
than the gate. The impedance seen at the input of the LNA (neglecting the input
capacitance) is then,

It can be set to equal the impedance of the source, usually The power
gain of the LNA is now simply given by,

The noise factor of the LNA is approximated by,

It is seen that the noise figure can theoretically be made arbitrary low by simply
pumping enough current through the transistor. The IIP3 of the CG LNA is
approximated by,

In case the input capacitance is too large, it can be tuned out with a parallel
inductor; equations (9) to (12) remain valid.

The performance of the CG LNA with respect to noise figure and gain is
lower than that of the CS LNA at low frequencies. However for the CS LNA the
excess noise is for the most part proportional to the square of the operation
frequency and the power gain is inversely proportional to the square of the
frequency. Consequently, the performance rapidly declines with increasing
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8. The common gate LNA

the digital circuitry. The second device clamps the input voltage to tolerable
level. The inductor does not work as well as a resistor since the impedance at the
ESD-frequencies is lower. But it generates much less noise. The only noise
stems from the series resistance which is in the order of 0.5 to The
inductance in its turn depends on the operation frequency, the network Q and the
transformation ratio.
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frequency. And at higher frequency the CG LNA performs better then its CS
counterpart [24]. To demonstrate this a figure of merit is given in (13).

The FOM in (13) is plotted vs. frequency in Figure 12a for different power
budgets. It can be seen that at a frequency in the order of 12GHz, it becomes
more interesting to use a CG LNA. Figure 12b plots the noise figure for both
types of amplifier as a function of operating frequency for different power
budget. Also here there is a crossing frequency and it is in the order of 8 to 10
GHz The exact crossing frequency in both plots depends on the power
consumption but even more so on the used technology. This plot was made for a

technology. Generally the crossing frequency will increase for smaller
technologies due to the scaling of the cut-off frequency

With regards to ESD, the CG LNA is less sensitive than the CS LNA
since the input is not at the gate but at the source of the transistor. As a
consequence the input already has the inherent source-bulk junction which is
able to carry the charges for a negative pulse vs. ground. An additional
protection can be provided by the parallel inductor, used to tune out the excess
input capacitance. This is basically the same strategy as in section 6. Extra ESD-
devices can be added, increasing the input capacitance and lowering the
inductance needed to tune it out. Also the protection strategy can be
used since ideally it is a lossless network and only leads to a transformation of
the equivalent input impedance. The discussion is similar to section 7.
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9. Conclusion

The two most important CMOS LNA topologies have been discussed. A
rigorous RF-ESD co-design methodology has been explained for high
performance CMOS LNAs. This methodology has been discussed by means of
the inductively degenerated common source LNA. Results of this design
strategy were demonstrated with the measurements of an LNA for a portable
GPS receiver. This paper further discussed two different ESD-protection
strategies. The first is based on the use of an inductor as a signal splitter, the
second on the use of a incorporating the ESD-protection. For a
glimpse of the future, a comparison was made between the performance of the
CS and CG LNA and some promising ESD-protection methodologies for the
latter have been discussed. This work shows that, even in a standard submicron
CMOS technology, a high RF-performance may be combined with a good level
of ESD-protection satisfying the industrial specification of 2kV HBM.
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The electromagnetic compatibility became a major concern for
integrated circuits during the last years. As the operating
frequency has increased and the supply voltage has become lower,
the electromagnetic emission as well as the susceptibility of
integrated circuits increased tremendously. Generally speaking,
electromagnetic compatibility is defined as the ability of an
electrical system to work properly in its electromagnetic
environment without unduly interfering with this environment.
This is the reason why electromagnetic compatibility is of
importance to all of us. Consider, for example, the omnipresent
electromagnetic environment in our motor vehicles generated by
devices like ABS braking systems, airbag sensors, or the motor
management. Without a proper design, electromagnetic
compatibility of integrated circuits will become a limiting factor
for the performance of every advanced electronic system.
In this paper, the new standards to characterize the
electromagnetic compatibility of integrated circuits will be
presented. These standards provide measurement methods to
characterize the electromagnetic emission and the immunity of
integrated circuits. It will be shown how two measurement
methods have been used to find the source of the unwanted
electromagnetic emission of an integrated circuit.
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Today the electromagnetic compatibility (EMC) of integrated circuits (ICs) has
emerged as a principal theme. The need for low emission of electromagnetic
energy as well as a high-level of immunity has caused EMC to be as important
as performance and functionality. The manufacturers of electronic devices and
systems are forced to develop their products according to EMC requirements.
However, the semiconductor manufacturers will also have to consider
electromagnetic emission and susceptibility of their products. A design engineer
can no longer assume that his system in which modern ICs are implemented
will meet the compulsory limits and performs compatible with other electronic
systems. In the past, the major concerns of the semiconductor industry were
cost, area, performance, and reliability; EMC was mostly of no or secondary
importance.
Although an IC usually does not radiate significantly, the IC is often seen as the
source of overall radiated electromagnetic energy of an electronic system. Many
problems originate from the fact that most of the digital signals are switched as
fast as possible, resulting in an increasing amount of high frequency spectral
content.
Figure 1 shows these technology trends by means of ASICs. As can be seen the
operating frequency, as well as the number of transistors being integrated on a
die, has increased remarkably during the last years. On the other hand, the
supply voltage and the channel length of the transistors have decreased in order
to be able to handle problems caused by size and power dissipation, which for
example makes ICs more vulnerable.
Especially the susceptibility to radio frequency signals (radio frequency
interference RFI), coming from mobile phones as well as high speed wireless
network systems has gained more and more significance. In general, ICs arc
extremely susceptible to these signals and may react in an unwanted manner.
This often causes failures of the designed function and may be safety critical.
For this reason implementing EMC measures on chip-level is absolutely
necessary to meet today’s demands. Especially for automotive applications,
EMC characterization on chip-level became a significant attribute of quality and
thus a decisive criterion for a customer’s choice of components.
Today’s improvements concerning chip-level performance, speed, and
technology sound wonderful. However, problems become evident when you
imagine the consequence of agglomerating many ICs into a system-level
product.
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The emission of electromagnetic energy will increase at an exponential rate,
whereas the immunity will decrease. Mathematically, unless the EMC
performance increases with the same exponential rate as the ICs improvements,
the EMC will eventually become a serious impediment to overall system
performance. That is happening right now.
This does not mean that all the EMC experts have been resting on their laurels,
but in fact we can count on the fingers of one hand the number of big,
widespread advances in EMC on chip-level within the last years. With placing
the VDD and GND pins close to each other, implementing on-chip decoupling,
controlling the slew rate, making analog parts more robust being some of the
prominent advances. So far, these advances were sufficient to keep up with the
chip industry, but in the future further progress will be necessary.
To fully realize the benefits of advanced ICs, here is what will be required:
“Better knowledge of how the ground bounce and consequently common mode
currents affect the electromagnetic emissions, better package models for
simulation, better tools for EMC management on chip-level, reduction of signal-
integrity problems, higher immunity of analog building- and I/O-blocks to RF
interference, better control over radiated emissions, better packages with less
parasitic elements, advanced control of the rise and fall times of the output
signals (moderate slew rate), and of course more design engineers who
understand the generation of ICs emissions and how to improve their
immunity.”
If we follow all these points, we can expect to keep up with Moore’s Law for a
long time.
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1 Characterizing the electromagnetic compatibility of ICs

Worldwide there are about 200 standards to characterize the electromagnetic
compatibility of electronic devices and systems. As the EMC characterization
on chip-level is becoming more and more important we will also need well-
defined standards and emission reference levels for ICs used within these
electronic systems. The subcommittee 47A (Integrated Circuits) of the IEC1 is
working towards two standards for the characterization of the electromagnetic
emission (IEC 61967 [1]) and the electromagnetic immunity (IEC 62132 [2]) of
ICs. Although the measurement methods described in these two standards will
never be able to completely eliminate EMC measurements on system-level, a
system design engineer will have the ability to identify the main sources of the
emissions and the parts having the weakest immunity in his application.
Under the general title “Integrated circuits – Measurement of electromagnetic
emissions 150kHz to 1GHz” the current version of the IEC 61967 standard
consists of six parts: First, there is the general conditions and definitions part
and the five following parts describe different measuring methods to
characterize the conducted and radiated electromagnetic emissions of ICs. In
ascending order there are the TEM cell method and the Surface Scan method for
the measurement of the radiated emissions and the Direct Coupling
method, the Workbench Faraday Cage method as well as the Magnetic Probe
method are applied for the measurement of the conducted emissions.

At present the second standard “Integrated circuits - Measurement of
electromagnetic immunity” (IEC 62132) consists of 5 parts. Again, there is a
general conditions and definitions part and by now four different measuring
methods to characterize the radiated and conducted immunity of an IC. There is
again a TEM cell method for the measurement of the radiated immunity as well
as a Bulk Current Injection method (BCI), a Direct Power Injection method
(DPI), and again a Workbench Faraday Cage method for the measurement of
the conducted immunity.

All measuring methods described in these two standards can be used as a basis
for the specification of the emission and the immunity of ICs. All these methods
have their advantages and limitations. Therefore, the designer of electronic
applications, as well as the semiconductor manufacturer, should carefully select
those measuring methods, which best fit their requirements. Although we are
able to characterize the EMC of ICs on chip-level using these measuring
methods, it will not be possible to directly compare between system- and chip-

1 The IEC (International Electrotechnical Commission) is a worldwide organization for standardization comprising all national
electrotechnical committees. The object of Ihe IEC is to promote international cooperation on all questions concerning standardization in the
electrical and electronic fields. To this end and in addition to other activities the IEC publishes International Standards.
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level measurements. The manufacturer of electronic applications will always
have to perform EMC measurements of the whole system, even if the IC has
passed the EMC requirements on chip-level.
Often the typical EMC measures like filters or shielding techniques are
necessary to fulfill the EMC requirements of the electronic application. Where
those EMC measures are realized (within the IC or for example on the printed
circuit board) depends on cost aspects and feasibility considerations (space
availability, etc.).
The most effective way of solving EMC problems is to pinpoint and to reduce
the actual sources of the interference. A very important way to tackle EMC
problems already on chip-level will be shown in the last chapter.

1.1 Emission measurements / the Emission level scheme

To determine the electromagnetic emission of the IC under test in the full
spectrum range from 150kHz - 1GHz a so-called emission level scheme is used.
Using this classification technique, comparisons between different ICs can be
done in a standardized way. The emission level scheme illustrates the maximum
emission level with two letters and one number always following the same
sequence. The capital letter, which is first, represents the position of the
horizontal line having a slope of 0dB/decade. Second is a number, which
defines the position of the -20dB/decade slope. The third and small letter
defines the position of the -40dB/decade slope. Assuming that one of the three
slopes is not needed then the corresponding letter or number will be omitted.
Figure 2 gives an example how this emission level scheme is used to describe
the maximum emission of an IC. In this case the IC will be classified having a
maximum emission level of “B2a”.
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The value of the immunity level depends on system and application specific
parameters. To qualify ICs a simple measurement procedure is needed having a
high degree of repeatability. The electromagnetic immunity of an IC can be
characterized by conducted or radiated RF-disturbanccs. In both cases, the RF
power needed to cause a malfunction of the IC under test is measured. Since the
IEC 62132 standard does not suggest criteria to determine whether or not the IC
under test is working properly, these criteria have to be defined by the user
himself. In part 1 of the standard several performance classes are described
(from A to D) to classify the malfunctions.

Class A: Normal performance within the specification limits during and after
the exposure to a disturbance.
Class B: Temporary degradation or loss of function or performance, which is
self-recoverable (e.g. when scanning further through the frequency range).
Class C: Temporary degradation or loss of function or performance, which
requires operator intervention or system reset.
Class D: Degradation or loss of function which is not self recoverable due to
damage of IC(s), or loss of data.

For the test continuous wave (CW) as well as amplitude-modulated (AM)
signals should be used. Typically an 80% amplitude modulation of 1kHz is
used. Any function inside the IC can be affected even if it is not connected to
the pin at which the RF power is applied. So the IC shall be driven in an
operation mode that all the different functions are used during the test. The
necessary immunity threshold level, which often depends on the application of
the IC and the pin, which is tested, should carefully be chosen to avoid over-
testing of the IC. Each pin, which is expected to be submitted to RF
interference, should be tested individually. Also multiple pin testing can be
performed if several pins have identical circuitry and layout.
If the designer of an electronic system knows about the immunity of an IC, he
can decide if he needs external protection circuitry on the printed circuit board
(PCB) to satisfy the EMC criteria.

1.2 Immunity measurements / performance classes
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2 The different measuring methods to measure the electromagnetic
emission and immunity at a glance [3]

2.1   IEC 61967-2 and IEC 62132-2 (TEM-Cell method)

The TEM cell method can be used to measure the electromagnetic radiation
from an IC under test (IEC 61967-2 [4]), as well as to identify its immunity to
electromagnetic fields (IEC 62132-2 [5]). In both cases the IC under test is not
placed as usual in the TEM cell, as it is done when electronic devices and
systems are tested, but it is mounted on a standardized IC test PCB, which has
to be designed according to the standard. This test PCB is clamped to a mating
port, which is cut in the top or bottom of a TEM or wideband TEM (GTEM)
cell. The IC under test and the test PCB become a part of the cell wall with the
IC under test inside the TEM cell.
This test PCB has to be designed in a way that all connecting leads within the
cell are eliminated. All the connecting leads should be located on the backside
of the board outside the cell. Only the IC is allowed to be inside the cell.
The TEM cell has two ports. One of these ports is terminated with a
load. For the emission measurement the other port of the TEM cell (or the
single port of the GTEM cell) is connected to the input of an EMI receiver
or spectrum analyzer to measure the RF emissions emanating from the IC.
For the immunity measurement, the port is connected to a RF generator,
which is used to feed electromagnetic energy into the TEM cell. The
electromagnetic field generated by the TEM cell has an impact on the IC and
degrades its functionality. The amplitude of the RF generator is increased until
the maximum power level is reached or the monitoring device notes a
malfunction of the IC under test.
Figure 3 shows an example of the described TEM cell with a mounted PCB.



234

2.2 IEC 61967-3: The surface scan method

This part of the IEC 61967 standard describes a method for evaluating the near
electric (E) field and the near magnetic (H) field component at the surface of an
IC [6]. This method can be used over the frequency range from 10MHz to
3GHz. To measure the distribution of these fields an E- or an H-field probe is
mechanically moved over the surface of the IC, where the probe can be placed
in a parallel or perpendicular plane to the IC surface. The measured data can be
computer processed and the field strength at a specific scan frequency can be
visualized in a colored representation. The resolution reachable with this
method is closely linked to the precision of the mechanical probe positioning
system and the size of the used probes. In the last chapter it will be shown how
comparisons between different design steps can be done in order to show
improvements in the design. This measurement method can be applied to any IC
mounted on a PCB that is accessible to the probe. For comparison
measurements between different chip architectures, a standardized test board as
described in the standard shall be used. The electric and magnetic field scan
over the surface of the IC yields information about the electromagnetic
emission. This method provides a useful tool to locate areas on the die with high
electromagnetic energy, which often act as the sources of the electromagnetic
emission of an IC.

E- and H-field Probes:

To measure the electric field, the mechanical design of a micro sized E-field
probe, which usually has a partial shield, is suggested in the IEC 61967-3
standard. For H-field measurements, this standard recommends the use of a
single turn micro sized H-field probe; either stand-alone or generated as a PCB
trace. Both probes can be fabricated from a 0.020inch semi-rigid coaxial cable.
Figure 4 shows an example of an E- and an H-field probe, built by a coaxial
cable.
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2.3 IEC 61967-4                  method)

The so-called method is described in the third part of the IEC 61967
standard [7], [8]. This method is used for the characterization of the conducted
electromagnetic emission of the IC under test. First, there is the method
which is used to measure the RF sum current of a single ground pin. Next, we
have the method to measure RF voltage at an output pin.
In general, the conducted electromagnetic emissions are mainly caused by fast
changes of the RF currents inside and outside of the IC. These currents are
mainly distributed via the IC pins to the signal traces of the PCB. Often the
layout of the traces on the PCB generates loops, which act as emitting antennas
of the electromagnetic energy.
As most of the RF currents return via the ground or supply pin back to the IC,
the ground return path is the best location to measure the conducted emissions
using an RF current probe. This current probe consists of a resistor, which is
connected between the common ground pin of the IC and the ground signal
trace on the PCB, together with a matching resistor in order to connect a
test receiver (spectrum analyzer) with an input-impedance of The voltage
drop across the resistor is measured by a test receiver and indicates the total
emission of the IC under test.
With the method the contribution of a single I/O pin or multiple I/O pins
to the total emission of an IC can be evaluated. This can be done by measuring
the RF voltage drop at a impedance matching network. The
coupling network is built according to the characteristic impedance of lines in
the cable harnesses in vehicles. For this reason the measurement method shall
only be applied to those pins of the IC, which are connected to PCB traces or
wiring harness longer than 10cm. A typical coupling network consists of a
voltage divider built by the resistors R1, R2 together with the input resistance of
the test receiver and a capacitor C1 to avoid excessive direct currents at the
output.
The general test configuration for the method (RF current probe) and the

method (Impedance Matching Network) is shown in figure 5. Due to the
simple measurement setup, these two methods guarantee a high degree of
repeatability and correlation of electromagnetic emission measurements.
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2.4   IEC 61967-5 (Workbench Faraday Cage method)

The Workbench Faraday Cage (WBFC) method can be used for emissions as
well as for immunity measurements of ICs [9], [10]. The PCB with the IC under
test is placed inside a small Faraday cage to avoid interference to the operation
of electronic equipment close to the cage during immunity tests and to make
sure that only the emissions of the IC under test are measured.
All the functional connections, like power supplies, the auxiliary equipment,
and I/Os are fed through filters having high common-mode impedances. These
filters are mounted on the wall of the cage. The basic concept of this method
was derived from the European standard EN 61000-4-6, which focuses on the
immunity of electronic equipment to common mode conducted radio frequency
interference.
The main electromagnetic emissions and interferences are caused by emissions
and interferences collected by cables, which are connected to the IC pins.
Depending on their length and geometry, these cables often build the receiving
and transmitting antennas having an average radiation resistance value of about

Using the WBFC for emission measurements the common-mode impedances of
these antennas are replaced by a resistor. The voltage drop across this
resistor is used to characterize the RF emission of the IC under test.
For immunity measurements, the antennas are replaced by an interference
source and electromagnetic energy is fed into the faraday cage while the IC
under test is monitored.
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2.5 IEC 61967-6 (Magnetic probe method)

This part of the standard specifies another method to evaluate the RF emissions
of an IC [11].
In this case the RF currents of the IC under test are estimated using a small
magnetic probe, which is used to measure the magnetic field at a specified
height over an I/O or power supply strip conductor on a standardized test board.
The measuring frequency range is specified from 150kHz to 1GHz and higher.
The detailed structure and the recommended dimensions of the magnetic probe
can be taken from the standard. A triplate-structured microstrip line consisting
of a three-layer PCB is used for this probe.
In figure 6 a principle scheme of the standardized test setup to measure the
magnetic field strength over an output line is shown.
A high degree of repeatability is provided by this test method if the magnetic
probe is placed accurately.

2.6 IEC 62132-3 (Bulk current injection method, BCI)

The Bulk Current Injection method (BCI), which is described in IEC 62132-3,
is used to characterize the immunity of an IC to conducted electromagnetic
disturbances [12]. With an inductive current injection probe, which is driven
from the output of an RF signal source, energy is coupled into wires which are
connected directly to the IC under test. The measuring test setup works properly
within the frequency range of 10kHz to 400MHz. Beginning with the lowest
frequency, the RF current is increased until a failure of the IC under test occurs
or the maximum specified test severity level is reached. In the case of a failure,
the interference amplitude determines the susceptibility threshold at this
frequency. Figure 7 shows an example of a setup of the BCI measuring method.
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2.7 IEC 62132-4 (Direct RF power injection method, DPI)

The Direct Power Injection method (DPI) IEC 62132-4 is again a measuring
method to determine the immunity of an IC under test to conducted RF
disturbances [13]. The RF power is directly applied to a single pin or to a group
of pins having the same circuitry and layout. A capacitor shall be used, which
performs as a DC block to avoid supplying DC current into the output of the RF
signal generator and the amplifier, together with a resistor to simulate a load of
a real application. To avoid RF interference to the power supply of the IC under
test, decoupling networks having high RF impedances are used.

3    Using the IEC 61967 standard to improve an automotive ASIC

Especially in the automotive business, the electromagnetic emission of ICs
became a major concern. Therefore semiconductor manufacturers are trying to
reduce the electromagnetic emission of their ICs by applying several EMC
features on chip-level like on–chip decoupling, slew rate controlled output
drivers, or filters.
The following example shows how two of the measuring methods described in
the IEC 61967 standard were used to measure the total electromagnetic
emission of an automotive ASIC and how the source of the high
electromagnetic emission on the IC could be detected. With this information the
designer is given hints which area of the IC is responsible for the high
electromagnetic emission. He has now the ability to redesign this designated
area in order to reduce the total electromagnetic emission of the IC.
First a TEM cell measurement of the radiated electromagnetic emission in the
frequency range of 150kH/ up to 1GHz was performed to find the frequencies
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with too high emissions. The result of this measurement is shown in figure 8. As
can be seen, high electromagnetic emissions can be found in the frequency
range of about 150MHz.

Next, the surface scan method was applied in a chosen bandwidth around the
frequency of 150MHz to pinpoint the source of the electromagnetic energy. In
this case only the magnetic field distribution at the surface of the die was
measured. The result of the surface scan is shown in figure 9. The area of
highest electromagnetic emission was found in the upper right corner. Speaking
with the designer, the circuit parts, which are responsible for the high emission
of the IC, were detected immediately.
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From this investigation a redesign of these circuit parts was performed in order
to reduce the high electromagnetic emissions in the 150Mhz range.
The surface scan method was again applied for the redesigned ASIC to verify
that the redesign was successful. The result of the surface scan is shown in
figure 10.

For the comparison of figure 9 and 10 it is important to know, that the scale of
the right column in figure 9 has the range –70 to –55dB and in figure 10 the
range is –98 to –78dB. So the surface scan from the redesign shows that the
maximum electromagnetic emission of the ASIC was reduced tremendously.
Remember from the surface scan result of the original design that the area of
high electromagnetic emission was found in the upper right corner. Now this
area shows very low emissions. The redesign has not failed.

To check and to prove that the redesign did not affect other areas, which might
now be responsible for higher electromagnetic emissions in different frequency
ranges, a TEM cell measurement of the redesigned IC was performed again.
The result is shown in figure 11.
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Comparing figure 8 and figure 11 again shows that the high unwanted
electromagnetic emission especially in the frequency range of 150Mhz could
really be reduced.

4 Conclusion

This paper has focused on the characterization of the electromagnetic
compatibility of integrated circuits. The main measurement methods for
emission and immunity, which are proposed in two new standards, have been
explained. The general conditions of the emission and the immunity
measurements have been described.
Finally, it has been shown how two of the emission measurement methods have
successfully been used to improve the electromagnetic emission of an
automotive ASIC.
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Abstract

Integrated circuit designers are confronted more and more with
the harsh environment of automotive systems. This “harsh”
system environment is translated into electromagnetic fields. The
susceptibility of the circuit to these fields and the emission of such
fields by the circuit are specified. Electromagnetic compatibility is
sometimes regarded as a skill, or an art, rather than a science,
where empirical experience is mostly the basis for improvements.
In this paper will be explained how EMC analysis can be
introduced in a structured way into the design flow. Based on
conductive precompliance test methods an analysis method is
worked out that can be integrated in a normal design flow and can
be used by the IC designers to verify “the robustness” of their
analog design. As a demonstration of the analysis method some
examples are worked out.

1. Introduction

The design teams dealing with the design of mixed signal integrated circuits for
applications in e.g. the automotive environment, are confronted with translations of
the “harsh” system requirements into design requirements for the integrated circuit.

These IC requirements are defined to guarantee electromagnetic compatibility
of the IC into the system. A good definition of EMC can be found in the UK
Defense Standard 59-41:

“Electromagnetic compatibility is the ability of electrical and electronic
equipment’s, subsystems and systems to share the electromagnetic spectrum and
perform their desired functions without unacceptable degradation from or to the
specified electromagnetic environment.”

A. van Roermund et al. (eds.), Analog Circuit Design, 243-253.
© 2003 Kluwer Academic Publishers. Printed in the Netherlands.
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One has on one hand electromagnetic susceptibility, EMS, which is the
discussion on how sensitive a circuit is to the injection of noise. The degree of
resistivity to such disturbances is a measure for the EMS quality of a system, and
defines the ability to operate in an EM environment.

On the other hand one has electromagnetic emission, EME. EME of an
electronic system describes the amount of electromagnetic disturbances that is
generated by that system and that is sent into the environment. Every emission is a
polluter of the EM environment. See also Figure 1

The EME and EMS requirements lead to “robust” design techniques. In this
paper we will point out how the analysis of the “robustness” of the design can be
introduced into the design flow, and how the different concepts and solutions can be
analyzed versus their requirements.

EMC is a very broad field. The focus in this paper will be on the susceptibility
analysis of analog design, rather than on the fields of emission reduction techniques
in both analog and digital design and the ESD behavior.

2. Electromagnetic compatibility in the development flow

The analysis of the electromagnetic compliance and the definition of
appropriate solutions needs to be handled as early as possible in the development
flow of ASICs and ASSPs for the automotive market. If issues are detected late in
the development (e.g. after prototyping) the degrees of freedom for finding a
solution are strongly reduced due to time to market constraints. One can not
completely change the IC nor the system anymore. Given the heavy cost pressure in
these markets, also the cost of the BOM, the bill of material is crucial. The usage of
filter-components like common mode chokes, surge clamps, etc... is limited to the
bare minimum required. Therefore the analysis and selection of the appropriate
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design concepts in the system and the IC needs to be done as soon as possible in the
development flow.

A development flow which is in line with the TS16949 automotive quality
standard consists out of a “concept analysis and validation” phase, a “development”
phase and a “prototyping” phase, prior to the industrialization and SOP, the start of
production. In the Figure 2 the EMC related analysis is depicted.

During the “concept analysis and validation phase” the EMC requirements are
studied and translated into a set of simulations to be performed on the circuit.
During this phase an effective segmentation of the circuit is done. The signal path is
analyzed and the requirements for common mode rejection ratio, power supply
rejection ratio, ground rejection ratio, S/N ratio and bandwidth of the circuits are
analyzed. The necessary EMC filters in the signal path as well as into the supply
path are introduced. The required simulations to be performed and the assumptions
on parasitic elements are included into the simulation plan. ESD requirements are
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analyzed and the necessary I/O cells and protections are selected. As will be
demonstrated in the following section the I/O selection and the EMS requirements
are tightly linked together.

During the development phase the necessary verification actions are executed,
in line with the simulation plan. The design engineer looks for the best compromise
between performance, cost and EMC requirements.

The prototypes are verified on system level and on IC level. The automotive
industry, guided and driven by work groups like the German workgroup VDE-
AK767-13-5, has translated the system level EMC tests into IC specific tests.

These tests are of conductive nature, which is a big advantage for circuit
designers, since they work with currents and voltages rather than electric and
magnetic fields. The conductive method deals with circuit elements like coupling
capacitors, inductors, and transmission lines, rather than antennas. The assumptions
which lead to the conductive method for EMS and EME arc detailed below.

For EMS the following evaluation is made. The largest geometry found in an
integrated circuit is the leadframe. The size of the leadframe is in the range of some
centimeters or smaller. The dimensions of the structures on chip arc at least one to
two magnitudes smaller than the dimension of the leadframe. For the frequency
range below 1 GHz this leadframe and a fortiori the structures on-chip are not
regarded as efficient antennas for the reception of unwanted RF energy. It is the
much larger cable harness and/or the traces of the printed circuit board which may
be efficient antennas. Thus an IC gets the unwanted RF energy through those pins
connected to wires of such cables. Therefore, the electromagnetic immunity of an IC
can be characterized by conducted RF-disturbanccs (i.e. RF forward power) instead
of field parameters as it is usually done in module and/or system testing. For EMS
the requirements like described in the ISO 11452-2 and ISO 11452-3, dealing with
shielded chamber measurements are translated into the conductive precompliance
methods like the IEC 62132-4, Integrated Circuits - Measurement of
Electromagnetic Immunity -150 kHz to 1 GHz, direct RF power injection method,
the DPI method. [1]

For EME the following evaluation is made. The emission of an IC is generated
by sufficiently fast changes of voltages and currents inside the IC. These changes
drive RF currents inside and outside the IC. The RF currents cause conducted EME,
which is mainly distributed via the IC pins by loops in the printed circuit board
(PCB) and the cabling. These loops are regarded as the emitting loop antennas. In
comparison to the dimension of these loops, the loops in the internal IC structure arc
considered to be small. See also [2]. For EME the requirements like the ones carried
out according to the CISPR25, measured in the TEM cell are translated into the
conductive methods, like the IEC 61967: Integrated Circuits, Measurement of
Electromagnetic Emissions, 150 kHz to 1 GHz, part 4, measurement of conducted
emission, method. [3]
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3. Analysis technique of the susceptibility of analog cells

Based on the direct power injection method a circuit analysis method for
analog cells is defined. The direct power injection method couples by means of an
RF amplifier and a capacitor Ccouple (typ. 6,8 nF) RF disturbances into the pins of
the IC. The forward and reflected power are measured. The RF amplifier is
terminated with The method takes care that the external components to make
the IC working are taken into account. The principle of a single pin power injection
is depicted in Figure 3.

The default resistor value Rprot is The value can be increased to if
the functionality requires it. Note that also the supply pins are considered.

The set-up of Figure 3 is easily translated into a simulation schematic, which
can be used to analyze the robustness of the circuit under test. See Figure 4

The circuit diagram and simulation stimuli represent the basic schematic. We
will work out recommendations for the frequency f, the parameter A of the source
and the accuracy requirements of the model of the circuit under test.

The frequency f exercised on the circuit under test should range from 1 MHz to
1 GHz to be in line with the DPI requirements. An appropriate selection of
simulation frequencies is required in order to reduce the set of simulations to be
performed in the time domain. When there arc specific frequency characteristics of
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the external networks it is advised to select the frequencies with the lowest
attenuation. When no specific information is available one can choose arbitrary:

The frequency can in most cases be excluded based on the following
evaluations. Robust analog design will strive for bandwidth limitation. The signal
bandwidth in automotive signals is limited to 1MHz. Thus it is possible to include in
the design of the I/O’s a first or second order passive filter in order to reduce the
bandwidth. Parasitic elements on the PCB and bondwires will also act as low pass
filter elements at frequencies of the order of 1 GHz.

The amplitude A of the injected sine wave is defined by the EMS immunity
level requirements, the input impedance of the circuit under test and the external
circuitry of the pin to the “real world”.

In case the input impedance of the circuit under test is bigger then
it can be considered as a high impedance versus the termination resistor of the
RF power amplifier. Under these conditions a guideline for the amplitude A for
simulations of automotive applications is given in the following Table 1. Note that
the DPI target values are continuous wave values. (CW)
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In case the input impedance of the circuit under test is less then
the amplitude of the voltage source will not be solely defined by the termination of
the RF power amplifier. A big part of the RF power will be converted into current
flowing into the pin of the circuit under test. The RF power will no longer be
reflected by the circuit under test, but will be dissipated inside the circuit. Under
these conditions it is advised to change the V-source of Figure 4 to an I-source, like
depicted in Figure 5. Note that under these conditions the Rprot needs to be

The amplitude of the current source is defined based on the following formula
with the required immunity level, and Zin the input impedance of the circuit
under test:

The quality of the simulations is determined by the quality of the models. This
means also that parasitic elements need to be included into the simulation schematic.
The simulation, being a transient simulation, requires accurate large signal AC
models. Voltage dependency of junctions capacitors and MOS capacitors must be
included in the model as well as all relevant parasitic transistors. As parasitic
elements one should include all relevant junctions in the signal path and all parasitic
capacitances and resistors. These elements can be extracted from the layout via
dedicated tools. A point of attention is also to include all circuitry connected to the
I/O into the simulation.

4. Interpretation of the simulations and circuit examples

The analysis of the simulations should focus on the effects of rectification and
parasitic currents.

The drifts in the node voltages and currents versus the conditions in normal
mode, also called rectifications, need to be analyzed. These drifts are caused by
clamping or non linear, asymmetric behavior and can cause non linear behavior in
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the following stages due to saturation. They can even be interpreted by the next
stage in the signal path as effective signal. The root cause of these rectifications lies
in the asymmetries in the circuit. These result from mismatches in filter
characteristics, asymmetries in the layout, or just by the large signal response of the
circuit or devices. A typical example is the emitter or source follower circuit. See
Figure 6

This widely used circuit has a large signal rectification effect, since the
charging of the load is done by the active emitter or source follower, wile the
discharge is done by a current source. This effect is demonstrated in the simulation
result in Figure 7. The signal Vout is pumped up by the input from it’s original
value of 1,8V to a value 2,7V.

Another effect to monitor during the analysis are parasitic currents. Parasitic
currents are characterized by current flow in parasitic devices. These parasitic
elements, amongst which junction diodes and substrate PNPs, arc not designed to
conduct current, and are injecting current into the substrate. If not correctly captured
by special layout techniques, these currents can be trapped in susceptible circuits,
causing circuit malfunctioning.
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One example of such structure, which causes clamping and rectification and
injects parasitic current into the substrate is the well-known double diode ESD
protection structure in the I/O. See Figure 8. The diodes of this structure clamp the
injected signal and their associated parasitic transistors generate substrate currents.
The parasitic devices are indicated on Figure 8 and can be understood by the cross
sections in Figure 9.

An improvement for this structure is the I/O depicted in Figure 10 . It is made
of two clamping structures triggering at higher positive and lower negative voltage
in a symmetric way. is typically 12 V. With this structure one can increase the
immunity level and avoid rectification towards the supply rails. An improvement of
the EMS behavior of an order of magnitude is demonstrated on silicon.
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The analysis described can be used on top level circuits. As an example we
have included here a simulation schematic of a high precision LED driver current
regulation loop. See Figure 11. The schematic includes a dedicated model for the
external components ( see A), includes the direct power injection voltage source
(see B). The layout parasitics are extracted in the resistor bank (see C), and
observation filters (see D) are included to check the filtered voltages, which
demonstrate the rectification (see E). Based on this simulation schematic the
performance can be analyzed and where needed improved.

5. Conclusion

In this paper we have presented how electromagnetic compatibility is inserted
into the design flow. The electromagnetic compatibility requirements, in the form of
electromagnetic susceptibility and electromagnetic emission requirements, originate
from the automotive system requirements and can be translated into conductive tests
like described in the IEC 62132-4 and IEC 61967-4. These conductive tests have the
advantage that they deal with voltages and currents, rather then E- and H-fields.
Hence, these tests can be included by the automotive ASIC designers into their
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simulation test benches. An analysis technique for susceptibility of analog cells is
worked out, and some examples are given.
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MINIMIZING UNDESIRED COUPLING AND
INTERACTION IN MIXED SIGNAL ICs.

Timothy J. Schmerbeck
JDS Uniphase, Data Communications Group, USA

Abstract

This paper surveys techniques and strategies aimed at mini-
mizing coupling and interaction on mixed-signal IC’s. Con-
sideration is given to switching induced substrate coupling,
power rail and i/o driver resonances, as well as near field ca-
pacitive and inductive interaction.

1 Introduction

Recent product demands for smaller size have been met using multi-chip modules,
chip-on-board (COB), and deeper integration ICs. In some application areas, inte-
gration has approached a complete System On a Chip (SOC). SOC ICs are usually
required to combine significant portions of analog circuits with the purely digital
switching functions since the interface to most real world systems is analog. Cur-
rent IC and packaging geometries have been miniaturized to the point that, at high
speeds, even pure static CMOS logic designs are being limited by chip/package/
card line to line crosstalk, output driver inductive di/dt switching noise problems,
and power supply disturbances due to the RLC nature of the supply lines. Refer-
ence [2] shows that line to line coupling for rail to rail CMOS signals can exceed
the static CMOS noise threshold of 1/2 Vdd for long wires. Adding analog or any
circuitry with less noise margin than CMOS logic to these ICs is a very difficult
task. This is also the motivation causing many to put sensitive analog and high
switching rate digital on separate ICs. For example, in communications systems,
it is still common to put preamplifiers on separate chips due to the low input signal
amplitudes and their sensitivity to switching noise. For some noise sensitive class-
es of circuits, like these, this may be the only alternative; separate ICs mounted in
a multi-chip module, separate packages, or COB packaging. For a sub-class of an-
alog circuits, the analog can be made to coexist with the switching functions. Each
year this analog sub-class is increasing and the number and type of logic circuits
coexisting with them is expanding. This may be at the cost of strict partitioning of
switching and non-switching functions, extensive special handling, special CAD
tools, special semiconductor process, and a fully custom design effort. When the
transmission line behavior of chip power busses is considered, noise can actually
be minimized by selectively narrowing and/or widening connections from circuits
to the power bus. Software driven power bus routing has shown itself superior to
any manual efforts. Noise can be minimized by optimized, selective placement
and sizing of on-chip decoupling capacitors. Again, a software driven solution to
even decoupling capacitor placement versus manual distribution has shown itself
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superior. Availability of automated layout as well as signal and power routing
CAD targeted specifically to analog and mixed signal designs has been limited
since these tools are usually targeted to higher volume logic ASIC designs. Since
a single-chip solution is often the smallest, lowest cost and lowest power imple-
mentation, the additional effort is generally justified. As the number of logic
switching functions increases, the degree of difficulty merging the digital and an-
alog functions will increase. Near field coupling between neighboring circuits,
and coupling between widely separated circuits through the chip substrate and
power rails are the big problems. As chip and package dimensions and clock fre-
quencies increase, the wavelengths of the signals become comparable to chip and
package interconnection lengths and this makes interconnections better antennas
causing radiated emission problems from a single packaged IC. Radiated emis-
sions problems can result from chip/package antenna lengths that are only 1/ 20th
of the problem frequency wavelength or 1.5mm at 10GHz. Exceeding radiated
emissions specifications usually occurs prior to manifestation of any actual func-
tional concerns where the emissions perturb the design itself. Transmission line
effects on silicon chips can’t be neglected for l0ps rise times and wire lengths ex-
ceeding 600 microns. R, L, and C couplings become more significant with higher
packing density. Also, the scaling up of substrate doping with constant field scal-
ing laws makes physical partitioning of functions more difficult in simple bulk
CMOS nwell processes. P+ wafer processes, with p- epitaxy, already see the ef-
fects. Triple well, mixed-signal CMOS, processes providing well isolated nmos
devices in P substrates, are becoming more common to enhance circuit isolation
capabilities. SOI processes are affected much less by bulk substrate doping and
their built in oxide isolated wells greatly enhance circuit isolation capabilities.
Deep trench isolated, SiGe Bicmos processes, achieve isolation capabilities equal
to SOI processes.

As the total chip switching current increases it becomes very difficult to control
inductive noise in the power lines. Card wires, package pins, bond wires, and IC
interconnections all add inductance that cause fluctuation of the power lines and
couple noise. The chip substrate acts as a collector, integrator and distributor of
coupled noise on-chip. Very Large mixed-signal chips usually require low induc-
tance packages, shielding/isolation structures, on-chip decoupling, custom on-
chip substrate ties, n-well ties, power, and signal routing with physical partitioning
of function, custom chip floor planning and every circuit noise rejection trick
available [1]. Figure 1 Illustrates many of these problems for a chip wire bonded
in a leaded surface mount package on a card.

Crosstalk and coupling through interconnects has been the subject of much re-
search. Most integrated circuit designers today use RLC models of chip, package
and board level interconnects to more accurately analyze their designs for
crosstalk and supply bounce. In addition all chip interconnect R’s, C’s and some-
times L’s and their coupling components are typically extracted by CAD software.
However, the CAD extraction and subsequent simulation of noise coupling
through the common substrate of mixed-signal systems has been neglected, most-
ly due to the difficulty in dealing with analysis of the substrate itself which is in
effect a multidimensional interconnect connecting every transistor on the die with
every other one. While mixed-signal designers have in the past employed certain
crude models and device level CAD for substrate coupling in the verification of
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their systems, accurate parasitic extraction CAD to allow detailed simulation is
now available from commercial CAD vendors such as Cadence/Simplex Substrate
Storm or Cadence/Cadmos Seismic. The use of this CAD does significantly im-
pact the resource required for a design.

2 Sources of Noise and Methods of Coupling

Clearly the lowest level noise present on semiconductor chips is due to electronic
device noises caused by the random movement of charges through resistances,
across transistor junctions, and random fluctuations in the charge recombinations
in surface states and the semiconductor bulk. The level of noise generated and cou-
pled by thermal noise, avalanche noise, shot noise, and 1 /f noise represents a min-
imum level in coupled noise and all other noise mechanisms treated are usually or-
ders of magnitude worse than these without careful design. It is difficult enough to
produce an amplifier with input referred noise less than 1nano-Volt/root Hz with
device noise alone. Device noise control is accomplished mainly through optimum
circuit design and topology with bandwidth limiting of signals. The circuit effects
of chip thermal gradients, mechanical or piezoelectric stress, hot electron effects,
and mobile ions such as sodium, can be considered very low frequency noise or
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noise coupling. Their control is usually accomplished with careful consideration
of chip isotherms and mechanical stress lines, circuit design and biasing, balanced
physical layout, and process control.

Clearly circuit voltage and current switching are the biggest noise sources on to-
day’s ICs and the simple, but often not practical, solution is to reduce the magni-
tude and frequency of current and voltage switching. Techniques that reduce
switching power such as shutting down all switching functions or logic drivers
when not in use also reduce coupled noise. There are also many clever techniques
used to distribute switching events over longer periods of time or stagger switch-
ing events, and reduce the peak magnitude of current disturbances with reduced
rise times. Many of these techniques do not reduce the overall switching energy
but instead reduce the peak values of a disturbance. In general noise power will
increase as the magnitude of switching events increase (signal swing, Vdd); The
number of switching events increase (more gates, more transitions per clock cycle,
more clocks); and the frequency of switching events increase (higher f). Many cir-
cuit performance specifications deal with the maximum deviation of a circuit from
nominal performance versus a statistical average deviation. An example of this
would be peak to peak timing jitter. This specification is more affected by peak
levels of noise versus average of rms levels. For this reason, analog circuits and
many digital circuits are most sensitive to the peak current or voltage noise distur-
bance values. Even though a single 50mWatt CMOS I/O driver has the same noise
power as 50mWatts of internal core logic, the I/O driver concentrates the power
on one switching edge and produces many times more peak noise on the power
rails and substrate.

3 Contribution to Peak Switching Noise of Logic Family and Design Style

In general the logic family design styles with the least peak current or voltage
noise disturbance values are those that employ small value, balanced, differential
current steering or voltage switching. The worst are those that like CMOS are sin-
gle ended, switch rail to rail, and concentrate very high currents at the voltage
switching transition. Pre-charge logic like domino avoids the “shoot thru” current
when both n and p mos switches are transiently on but adds many more clocks and
has lower noise margin. Self-resetting logic adds the extra problem of variable fre-
quency reset noise and many clocks.

Static CMOS, despite its wide-spread use, does represent near the worst choice as
far as unbalanced, maximized peak current and voltage switching. Unfortunately,
the most readily available logic libraries available today and the easiest to design
in are static CMOS. This trend does not appear to be changing anytime soon. For
chip designs containing large amounts of logic, it is usually preferable to try to par-
tition and isolate the sensitive or low noise margin circuits from the higher noise
margin, high switching rate, static and dynamic CMOS switching circuits on chip.
This partitioning allows static CMOS to be used with little impact on sensitive cir-
cuits in another chip partition for lightly doped p- and Silicon On Insulator (SOI)
as long as great care is taken in the design and partitioning. Highly doped p+ sub-
strate processes are much more difficult to partition. This strict partitioning is not
always possible so for very noise sensitive mixed signal designs, viable and prac-
tical alternatives to static CMOS do exist for logic on the same chip power rails as
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sensitive mixed signal circuits[4]. This is especially true at high frequency with
high switching factor functional blocks that are the biggest noise producers and
where the low static power of static CMOS is not as important. Note that logic cou-
pled noise power to the chip substrate and chip power supply rails is proportional
to the switching power of the circuits for a given chip/package model and a fixed
logic circuit family. Lowering switching power lowers coupled noise power. For
very slow switching rate circuits and near DC circuits static CMOS does not cause
problems. At high switching rates the non-optimized or non-custom gate array and
standard cell static CMOS circuits are very power wasteful and thus cause excess
noise. Non-optimized or non-custom gate array and standard cell static CMOS cir-
cuits generally employ larger driver devices for global nets and result in much
higher gate switching capacitance. Many modern static CMOS logic libraries are
combatting this problem by providing a dozen or more gate sizes for each gate or
latch type in the library. Software is then employed to minimize the size of each
switching gate. Even fully optimized static CMOS circuits are power wasteful in
comparison to some recent differential circuit families. Even when the static
CMOS power is equivalent the “crowbar” or “shoot-thru” current developed when
the NMOS and PMOS devices are on at the same time creates excess noise. Ca-
pacitive current coupled to the chip substrate or adjacent conductor or diffusion is
proportional to the rise time of the voltage signal. Non-optimized or non-custom
gate array and standard cell static CMOS circuits generally employ excessively
larger driver devices for global nets and result in much higher rise times than are
required.

4 Inductive Coupling

Table 1 shows calculated examples of self and mutual inductance of chip wires,
wire bonds and 68 Pin PLCC lead frame wires together with examples of self in-
ductive voltage bounce amplitudes and coupled mutual noise amplitudes. All but
the last line in the table makes the pessimistic assumption that the only ground is
at chip or card level so no pins are grounded. The inductance is reduced dramati-
cally by the presence of grounded or ac low impedance pins/pads. The mutual in-
ductive coupling and self inductive bounce voltage amplitudes become quite large
even at moderate currents. This is why high switching and sensitive non switching
functions can usually not share common or adjacent power or signal pins. Elimi-
nation of the small on chip coupling portion is possible with custom routed star
power connections from switching and non-switching circuits to the common con-
nection. In many analog circuits the on-chip mutual inductance coupling terms are
not acceptable even for long chip wires. This coupling increases with each succes-
sive process technology generation due to thicker, narrower wires on a tighter
pitch. These coupled amplitudes from inductive effects are easily exceeded by ca-
pacitive current coupling for higher impedance circuit nodes.

The mutual inductance, transformer coupled, voltages are most damaging on low
impedance power supply nets that are unaffected by large capacitively coupled
currents. For this reason, some on-chip decoupling is required to keep more of the
supply transient current on-chip versus flowing through the bond and package in-
ductances. The mutual inductance is used to advantage by placing CMOS ground
and VDD pins adjacent. Because the currents are in opposite directions the mutual
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inductance subtracts from the self inductance.

With package scaling from a 68 PLCC to a more modern 64 TQFP the area, lead
pitch and package height all drop dramatically (5.85, 2.26, 2.7 times respectively).
The resulting reduction in self C, mutual C, self L, mutual L for a corner lead drop
3.14, 3.44, 1.67, and 1.55 times respectively. However note that the mutual C and
L as a percentage of the self C and L remain basically unchanged. The C-mutual/
C ratio drops from 40% to 36.4% and the L-mutual/L increases from 53.8% to
57.8%. The percentage mutual coupling terms will not be reduced significantly by
surface mount package scaling. Also frequency increases are reducing the benefit
of self inductance drops in more advanced packages. In the limit of COB the cou-
pling is that of a single wirebond (~1nH self & 45% mutual L) or a single flip-chip
bump (~50pH self & very small mutual L.)

5 Capacitive Coupling

Figure 2 shows the capacitive coupling environment for wires immediately above
the silicon substrate versus wires at higher levels. For lower metal levels there is
less line to line coupling but more coupling to and from the substrate. As wire
pitches and widths both shrink, while wire thicknesses increase, line to line cou-
pling levels increase. For large chips with an inverting logic family like CMOS,
there is, on the average, close to one rising signal for every falling signal. If the
output loads to ground and Vdd are balanced, the total chip average of injected cur-
rent into the substrate is small with the net effect that the substrate RLC circuit is
stimulated. It is also possible to get locally higher injection due to poor local can-
cellation. For most static CMOS designs, interconnect and gate capacitive loads to
ground are larger than to Vdd by a factor of as much as 4. Because of this, direct
output coupled noise injected into the substrate can possibly exceed RLC reso-
nance noise depending on the balance between load to ground vs supply. This is
usually the case for CMOS chip I/O drivers. On smaller chips, a large area, single
ended, locally interconnected, clock net routed on the first interconnect level
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above the substrate, can possibly inject large locally un-cancelled “output cou-
pled” noise into the substrate. For this reason it is better to route on higher metal
levels or use closely routed balanced out of phase clocks to reduce or cancel noise
coupled to substrate. Often an isolated n well tied to a non-sensitive supply line is
routed under a noisy clock line to prevent coupling to the chip substrate in a sen-
sitive analog circuit area. Also, separation or shielding is necessary between noisy
and sensitive wires. It is also necessary between the chip substrate or large p or n
wells and noisy or sensitive wires. Since the separation between interconnect wire
levels is approaching the separation distance between wires on the same intercon-
nect plane, both vertical and horizontal shielding is required. Since wires on adja-
cent vertical wiring planes are usually automatically routed at 90 degree preferred
directions it is only custom or “wrong way” wires that are of key concern. An in-
terconnect wire, poly silicon or diffusion tied to AC ground potential offers the
maximum noise rejection for a given chip area if the shield can remain uncontam-
inated by the noise it is shielding from. If this can not be guaranteed, a physical
separation of noisy and sensitive net is the best rejection solution. In a 1 um CMOS
process, leaving one empty wiring channel between two coupling wires provides
20 dB of noise attenuation. In a 0.18um process it will take roughly 3 empty wiring
channels to achieve the same attenuation of 20dB.
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6 Effect of Power Bus Structure on Noise coupling

The power bus that interconnects the switching and non-switching functions on the
chip is a major source of coupling between widely separated circuits. Switching
return currents take the path of least impedance which is often an on-chip path
through the power rails. The presence of on-chip decoupling capacitance distrib-
uted on the bus as well as resistive damping can lessen the amount of bus fluctua-
tion due to these switching currents. Figure 3 shows a single rail grid power con-
nection scheme where the switching and non-switching functions have been strict-
ly partitioned to use separate chip power pads. This is usually required due to the
large inductive bounce voltages determined previously. It is not always possible to
strictly partition switching from non-switching functions and in this case the
STAR power routing gives less coupling at the expense of a totally custom power
bus. If some on-chip power supply decoupling capacitance can be provided the
split-grid power bus scheme can give superior performance without a custom bus
design.

Reference [7] describes a fully automated power bus routing software system that
routes the bus to achieve minimum bus resistance and coupling while minimizing
chip area used by the bus. A performance function needs to be specified and the
coupling mechanisms need to be quantified for the particular chip process. Clearly
this is the approach needed to achieve an optimized power bus routing. One of the
problems that arises with a separate power bus and pads for switching and non-
switching functions is communicating signals between the multiple power do-
mains. Because the separate power buses have different noise waveforms super-
imposed on them, there is a time varying difference between the bus voltages in
different power domains. Circuits that drive voltages across power domains as
well as circuits that receive voltages from another power domain must contend
with this time varying bus difference voltage. Figure 4 depicts the situation where
a CMOS signal driven from the quiet analog power domain, on the left, must be
received by an inverter that resides in a noisy switching power domain. The finite
rise time of the analog inverter output causes jitter in the received signal since the
receiving inverter switching threshold is changing with time, relative to the re-
ceived signal, due to its supply bounce. This is a common situation since often a
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clock is generated by an analog phase lock loop circuit and communicated to the
switching power bus. The jitter can be reduced by decreasing the rise/fall times of
the analog output signal or reducing the voltage bounce on the switching supply.
This problem often requires that clock generation circuitry reside in the same pow-
er domain as the circuitry that is driven by the clock. The problem can also be
solved by passing differential signals across the power domain. This complicates
the driver and receiver design since CMOS circuits are typically single ended in
topology. Special differential receiver circuits are usually employed followed by
a differential to single ended converter.

When a signal is communicated from the switching power domain to the non-
switching or analog power domain, the same jitter situation occurs and needs to be
fixed in the same way: In this situation a differential driver or two out of phase sin-
gle ended drivers can partially cancel the noise current coupled to the analog pow-
er rails when the digital driver switches. Note that an unbuffered logic control sig-
nal to an analog switch carries the switching power supply bounce and resonance
even when it is static or between switching events. The noise signal couples
through the switch capacitance and enters the analog circuit. The signal coupling
can be reduced by including one or more small series inverters in the analog power
domain to remove the switching supply bounce signal. The problem with this ap-
proach is that if there are many signals that need to be buffered in this way, there
will be large amounts of switching current added to the quiet bus when these buff-
ers switch. However, it is still usually preferable to couple noise into the supply
rails instead of a sensitive circuit node. If the signal entering the analog power do-
main from a switching domain is a slow speed control signal, it is often possible
to insert a series resistor. This added series resistance will further reduce the
amount of noise current coupled to the analog domain power rails. This added se-
ries resistance will also tend to isolate the two power domains. Note in Figure 4
that the capacitances of the inverters and the channel resistances of the driver and
receiver devices effectively connect the two power domains with a series RC cir-
cuit. The more signals that cross the two power domains the lower the R and the
higher the C of the linkage. If a large number of wires cross the two domains the
two power domains are effectively the same. This current injection to the supply
rails, is still preferable to currents injected directly into the p- substrate.
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7 RLC CARD, PACKAGE AND CHIP RESONANCE

The power rails of an IC generally have the most capacitance to chip substrate and
to each other due to the large number of devices connecting to them. This large
capacitance together with the inductance and resistance from the chip, bonds, and
package leads form multiple RLC resonant circuits with their own distinct natural
frequencies. When stimulated by on-chip voltage and current transients, these
RLC circuits will add their own characteristic noise frequencies. The sharpness of
resonance and the resonant amplitude will depend on the Q of the system. The Q
will vary with CMOS switching activity since the number of “on” gates or invert-
ers partially determines the resistance or damping between the supplies. Tuning is
usually required to prevent a power bus resonance from lining up with a system
clock frequency. Tuning of the resonant frequencies is possible by controlling the
amount of on chip capacitance and off chip inductance. Damping the RLC tran-
sient response can be accomplished by reducing the time constant 2L/R of the RLC
circuit. This can be done by increasing the bus DC resistance or decreasing the sys-
tem inductance. A variety of ways exist to increase on-chip capacitance but it is
not easily reduced. The resonant frequency is usually raised and the damping in-
creased by lowering the packaging inductance. This can be done with better pack-
aging or increasing the number of package leads assigned to the power rails.

8 Off-chip driver RLC Coupling

The IC off-chip drivers also form an RLC resonant circuit which can be dominated
by both off-chip capacitance and package inductance. This resonance is generally
at a much higher frequency than power supply resonances and so coupling is great-
er through its capacitive connections to the substrate. The off-chip driver output
voltage transient will ring with the characteristic frequency

where there can be a different frequency for the Vdd return loop from the ground
return loop. If a large on-chip decoupling capacitance exists from Vdd to ground
the frequencies will be the same since the capacitance puts the loops in parallel.
Because the capacitances involved in the output loop arc the driver and load ca-
pacitances which are usually much smaller than in the supply loops the resonant
frequency will be much higher. This resonant voltage ring on the output couples
through the circuit capacitances to add to the noise integrated on the supply rails
and substrate. The resonant voltage ring or any reflection transients on the output
will also couple capacitively through ESD protect diodes and directly if ringing
above the Vdd or below the ground rails transiently occurs. This ring is heavily de-
pendent on the load and the rise and fall lime of the driver. Controlled rise time
output drivers help to control the typically 4 to 1 process and environment varia-
tion in standard CMOS driver rise and fall times. On low performance drivers a
series resistance can be inserted to damp the ring. High Performance driver design
requirements usually don’t allow much tuning of the I/O driver output RLC circuit
but placing large drivers close to their power return leads limits the inductive loop
area for reduced radiated emissions as well as best performance. The use of bal-
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anced current steering drivers or those with controlled rise time and reduced volt-
age swing together with staggering switching of drivers on a bus limit or partially
cancel the di/dt and dv/dt to the substrate and chip power rails for lower coupled
noise amplitudes.

9 Substrate Coupling

The chip substrate acts as a collector and distributor of noise on the IC. The
amount of coupling varies depending on the structure and doping of the chip sub-
strate as well as how it is tied to its assigned voltage potential on chip. Essentially
every chip voltage transient on chip signal wires, I/O pads, and power rails is ca-
pacitively coupled to the chip substrate. This includes energy from card reflections
back to I/O pads and transmitted to the substrate via I/O protect devices. Experi-
ments have determined that the noise energy coupled to and from the substrate is
proportional to the total chip switching power as well as to the logic power rail in-
ductance and chip substrate tie inductance[l]. Coupled noise peak voltages are fre-
quency dependent, unlike the coupled energy, due to constructive and destructive
interference of the various frequencies. Noise peak voltages increase as a fixed
number of logic transitions are concentrated over a narrower time interval even
though the overall switching power is fixed and the total coupled noise energy re-
mains unchanged. The switching of a capacitively loaded I/O driver represents an
example of concentrating switching power in a narrow time interval. This results
in much larger coupled peak noise voltages per milli-watt of switching power for
an off-chip I/O driver versus a group of smaller drivers not exactly aligned in
phase. In as much that power supply voltage, temperature, and frequency change
switching power they also change substrate coupled noise energy.

10 Coupling in Wafers with p+ Bulk and p- Epitaxial Layer

Highly doped p+ bulk wafers with grown epitaxial layers are the second most com-
mon wafer type after p- bulk and the easiest to analyze, but usually offer the worst
analog to digital coupling environment. An exception to this exists, at moderate to
low frequencies, if the p+ bulk is very highly doped (~.006 Ohm-cm) and can be
used as a pseudo ground plane under the epitaxial layer. This usually involves a
low inductance and resistance connection to the entire chip backside via a metal-
lization. The wafer must be backside ground to thin the bulk material to be less
than the skin depth for the entire problem frequency range. At 100 MHz a 0.006
Ohm-cm, 8 inch, 750um thick un-thinned wafer will be about two skin depths
thick but can be thinned to about 200um. The low inductance connection to the
card can be achieved with chip-on-board packaging which uses conductive epoxy
or solder to electrically connect the chip backside directly to the card ground or
one of several surface mount leaded and lead less packages with exposed die-pad
bottom side metal. The backside contact can also be used for the ground power bus
eliminating the need for topside ground bus chip pads or bonds. If a backside con-
tact is not used the substrate may be lied via topside bond wires to ground poten-
tial. Because of the spreading resistance due to the p channel stop in the p- epi, a
single 1 mm long and few micron wide contact can make a connection of only a
few Ohms to the underlying p+ bulk. This enables a few chip peripheral contacts
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not connected to any chip ground to be bonded out to eliminate the need for other
substrate ties on chip ground. This prevents the direct resistive connection of chip
power rails to chip substrate with the remaining substrate coupling mechanism be-
ing capacitive. There is no latch-up risk with only a few large substrate ties since
the p+ bulk forms a low resistance connection to any place under the p- epi. If extra
bond pads are not available to tie the substrate the next best alternative is to tie the
substrate to a quiet ground bus. Note that substrate contacts tied to the ground bus
are needed to make effective use of the natural decoupling capacitance provided
by nwell to substrate junctions of CMOS processes. For this reason substrate con-
tacts are usually only removed from analog ground busses where added decou-
pling capacitance can be deliberately added to make up for lost nwell capaci-
tance[6]. Tying the analog substrate to switching ground is usually the worst alter-
native. Experiments with p+ bulk/p- epi wafers show that the separation of noise
transmitter from noise receiver makes almost no difference in coupled noise due
to the low resistance bulk substrate. The substrate’s low resistance makes most
current flow through the epi region vertically and renders n well guard rings basi-
cally ineffective from shielding a device from other than its nearest neighbor. p+
guard rings, when spaced close to the epi thickness away and tied to a non contam-
inated ground, can reduce substrate coupled noise to an NFET as much as 30% [3].
P devices in an nwell experience the least coupling from the substrate. Guard rings
also have the ability to equalize coupling to matched devices. This is often desir-
able when noise can’t be completely eliminated but can be rejected if it is common
mode. Figure 5 illustrates this for both P+ and bulk P- wafers.

Reference [5] describes an analysis of an operational amplifier input composed of
two large PFET devices in an n well of a bulk P- CMOS process, but the concepts
apply to both P- and P+ substrate types. By using the LA YIN tool (now in Ca-
dence/Simplex Substrate Storm CAD), described in reference [5], it is possible to
plot the coupled noise signal path from noise source to the PFET input devices.
The starting layout showed that the noise coupled differently to each of the two in-
put PFET devices since one device was closer to the noise source and because the
surrounding layout of devices was not exactly symmetrical. A P+ guard ring added
to surround both input devices served to reduce the asymmetry in coupling and re-
duce the level of coupled noise. However, there was still an asymmetry in the cou-
pling to each device. An n+ nwell contact completely surrounding the outside of
the n well containing the PFET input devices was necessary to distribute the cou-
pling to the n well and make the coupling almost completely common mode to
both devices. A second p+ guard ring, outside the n well, would also reduce and
further equalize the coupled noise. All of these guard ring structures increase the
circuit layout area required and therefore increase the required chip area. In addi-
tion to equalizing coupling to matched devices, guard rings help to minimize body
effect and capacitive coupling. The p+ guard rings help to equalize the potential of
the substrate around an NFET device and reduce body effects as well as bulk to
source coupling if the NFET source is referenced to the same ground that is tied to
the p+ substrate guard ring. Likewise, the n+ ring inside an n well helps to equalize
the potential of the n well. Processes that have buried p+ layers in the substrate and
buried n+ layers in the n well to help latch-up also help equalize the potential (min-
imize the potential drop) across the substrate and n well in a local region beneath
a device. To first order the coupling from the substrate to a circuit node in P+ wa-
fers is proportional to the capacitance to substrate from that node and the imped-
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ance of the coupled node:

As a result, substrate noise coupled to PFETs in an n well tied to low inductance
power will be lower than for an NFET in the epi. Triple well processes provide an
isolated nfet from the substrate. Because of the large n well area with the substrate
and the large capacitance between the power rails it will be difficult to get a “quiet”
tie point for a large number of n wells. Likewise, a poly silicon resistor will have
less noise coupled from substrate than a diffused resistor in the epitaxial layer. The
most effective noise control techniques with p+ bulk with p- epitaxy processes is
lowering switching peak power, minimizing power and substrate inductance, add-
ing on-chip decoupling capacitance, avoiding substrate ties on both analog and
digital ground busses, tuning power resonant frequencies away from frequencies
of interest, well isolating sensitive circuits, and physically partitioning the power
and associated package pins among quiet and switching functions.

11 Noise Coupling Control in Bulk p- Wafers

Bulk p- wafer CMOS and BiCMOS processes are the most common in use today.
Typical resistivity is 10 Ohm-cm and ties to substrate are required to be distributed
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across the chip to prevent latch-up. Some processes use buried p+ layers to relax
this requirement but the treatment is essentially the same. Backside contacts are
not sufficient to prevent against latch-up alone even when the chip is thinned to
200 microns thick. Because of the area penalty to route a separate substrate tie bus
and the desire to keep NFET source and body/bulk at the same potential to reduce
noise in MOS devices, substrate contacts are usually tied to each ground bus on
the chip. A large wide n well is commonly placed around partitioned non-switch-
ing power areas of the chip. The n well breaks the p surface channel stop implant
region to provide a higher resistance path between the switching and non-switch-
ing power domains on chip. Due to the nwell capacitances the isolation resistance
has a 3db roll off frequency of only a few GHz. If the p channel implant is blocked
with an added block or moat mask, which is becoming more common, the native
substrate resistance has a -3db roll off frequency of over 10GHz[5]. Note that
when the chip substrate is split, in this way, much of the return current must flow
off-chip. Often the currents are routed partially through the package die-paddle by
bonding both analog and digital ground lead frame pins to the die-attache area un-
der the chip. This reduces radiated emissions by shrinking the return current loop
area. Measurements and simulations show that in a 10 Ohm-cm bulk substrate the
current flow in the substrate is much more uniform with all significant currents
flowing within about a 200 micron depth from the silicon surface in chips less than
6 mm on a side. The p channel stop at the surface has doping levels of typically
three orders of magnitude higher than the bulk substrate so much current flow is
at the surface. Because of this shallow lateral current flow near the surface, shal-
low n well guard rings are effective at diverting current flow downward into the
bulk material and away from protected devices. Likewise shallow surface p+
guard rings can better control local substrate potential around devices due to the
non vertical current flow and higher resistance of the bulk substrate. Shielding
from shallow surface p+ contact guard rings is dramatically improved by almost
an order of magnitude relative to the p+ bulk/p- epi substrates [3]. This is depicted
in Figure 5. The coupled noise between resistively separated switching and non
switching power domains decreases almost linearly with the separation resistance.
However, because each domain shorts the substrate within, via ties distributed on
its ground bus, not much benefit is obtained by moving a circuit from the edge to
the centre of a power domain; much the same as with p+bulk/p- epi substrates. The
improvement of devices in a well over devices in the bulk substrate (PFET vs stan-
dard NFET) is not as pronounced due to the lateral current flow. When multiple
separated power domains are used it is very difficult to predict how the noise from
a switching domain will distribute to the other domains without detailed simula-
tions of the chip geometries.

12 Substrate Attenuation Structures

Figure 6 shows a technique that combines separation of switching from non-
switching power domains and a method to attenuate coupling between the two do-
mains. The situation is depicted for a bulk p- substrate. The separation or moat re-
gion can be built using an n well or substrate block/moat mask. In the moat sepa-
ration region, p+ diffusions connected to metal strips and separate bond wires arc
used to provide attenuation in the isolation or moat area. Figure 6 also shows the
simplified electrical equivalent circuit. Zan is the equivalent impedance of the
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non-switching or quiet bus connections to substrate with the equivalent chip/pack-
age capacitance and inductance. Zn is the equivalent impedance of the switching
or noisy bus connections to substrate with the equivalent chip/package capacitance
and inductance. Rs1, Rs2, and Rs3 are the near-surface substrate resistances of the
three separate moat isolation regions. Rc1 and Rc2 are the contact and metal resis-
tances of the p+ regions that break the moat isolation area into three pieces. Like-
wise L1 and L2 are the inductances associated with the two contacts from bond
wires and package. Rsd 1,2,3 are the deep shunting resistances from node A to
node D due to the current flowing deeper in the substrate than the p+ contact dif-
fusions. Rcd1 ,2 account for the poorer effectiveness of the contacts at points B and
C in collecting the deeper substrate currents.The circuit clearly provides attenua-
tion of the noise at point A before reaching point D with low enough values for L1,
L2, Rc1, Rc2 and high enough values for Rs1, Rs2, Rs3. If Rs1,2,3, are large and
Rc1,2 and L1,2 are small the attenuation is large. Un-shown shunt capacitance
across Rs1,2,3 inherent in the isolation moats and due to crossing signal wires lim-
its the usable frequency range of this technique

Figure 7 shows how to obtain very high isolation using multiple wells. In this ex-
ample quiet and switching functions are placed in their own n well. Each n well
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also has dual well capability within itself making the overall process triple welled.
Trench isolation is then used between wells to guarantee low capacitance between
wells.

Figure 8 shows isolation capability available with SOI or Silicon On Insulator
technology. SOI, Silicon on insulator processes, have the potential for almost sep-
arate chip levels of channel isolation between functions on chip. The switching and
non-switching functions can be partitioned in diclcclrically isolated islands on the
semi-insulating substrates. This technique can deliver the best isolation possible
on a common chip substrate. Note that each island must be tied to a potential to
collect the capacitive currents injected across the dielectric trench. SIMOX SOI
wafers where oxygen is implanted below the silicon surface to produce a layer or
oxide under a thin uniform silicon layer are achieving commercial success today.
Most of the noise problems discussed will be reduced by orders of magnitude for
SOI wafers.

13 Conclusions

This paper has surveyed practical aspects of key analog and analog/digital interac-
tion problems.
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PART III: LINE AND BUS DRIVERS

In this chapter on wired line and bus drivers 6 topics are covered:

The first contribution, by Elvé Moons from Alcatel Belgium, gives a good
overview of DSL drivers. It compares the advantages and disadvantages of
class-AB, D, G, and H drivers.

In the second contribution Thomas Ferianz from Infineon, Austria, describes
class-AB bus drivers. The force of class-AB lies in high linearity and a
reasonable efficiency at low crest factors.

Tim Piessens from the KU Leuven, Belgium, presents an efficient class-D driver
using a Self-Oscillating Power Amplifier (SOPA).

The fourth paper by John Pierdomenico from Analog Devices Incorporation,
USA, explains class-G and H drivers, that have an efficiency between that of
class-AB and class–D drivers combined with the same high linearity as the
class-AB drivers.

Two other types of computer busses are presented: Gerrit den Besten from
Philips Research, Netherlands, explains the USB2 bus in the fifth paper.

Finally, Kimo Tam from Analog Devices, USA, presents problems and solutions
of transceivers on computer backplanes in the sixth paper of this chapter.

Johan Huijsing
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Abstract

An overview is given about the central office (CO) ADSL line driver. In the
introduction it is explained there is still a high volume of components to be
expected in the next years. Further on, some ADSL signal characteristics are
highlighted in order to understand the power efficiency problem of the line
driver, requirements are explained and critical performance issues considered.
Topologies of existing drivers are described and include the class AB, G and H.
Attention is give to switching line drivers like the class D, K and SOPA. Finally
a combined architecture is described taking the benefit of high efficient
switching together with high linear class AB operation.

1. Introduction

Looking back in time we see that in the 80’s the main telecom growth driver
was related to voice services, in the 90’s the mobile service was taking off,
today the major growth driver is surely the broadband service. Data traffic
growth is increasing very rapidly due to the number of connections but also due
to the increased number of services and applications. In the coming years, xDSL
market and related business will continue to generate ever increasing revenues
for telecom operators, OEM and semiconductor suppliers. Looking to forecasts
of some analysts it is expected that the number of DSL connections will steadily
increase the coming years with a growth rate of more than 25% per year,
reaching over l00millions of installed lines by 2005.
Regarding the geographic mix, Asia and North America clearly had a fast start
but looking to the future perspectives, Europe is fast catching up. It is expected
that this acceleration in Europe will continue given that DSL technology is the
more dominant broadband technology in this region. It is beyond any doubt that
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the internet and its related service is part of every citizen’s life, not even
mentioning its economical and industrial impact. Clearly the availability of
affordable high-speed networking and communications is of major concern for
every community. Telecommunication companies have now developed high-
speed wireline connections such as ADSL which today are in full deployment.
Looking ahead on the need for speed generated by the offering of more
extensive services such as multiple real-time video channels combined with
Voice over Internet Protocol (VoIP) and more in general Voice over Broadband
(VoB), more generally referred to as Voice over Packet (VoP), the development
of the next generations of wireline communication such as VDSL (Very high
speed Digital Subscriber Loop) is now ongoing.

Looking for increased port density in the DSLAM (Digital Subscriber Line
Interface Access Multiplexer), specially the power management and bill of
materials (or integration level) becomes more and more important. Over 70% of
the power per ADSL channel is related to the linedriver and its line termination.
The ADSL discrete multitone (DMT) signal is a golden gate on copper cable but
leaves the system with a power bottleneck in the line drivers because of the high
crest factor. Class AB drivers are still in ADSL products but will soon be
replaced with Class G, Class H, Class K and other high efficiency power amp
concepts. We re-invent the driver architectures as we go back to the future and
remember from the audio low power, high efficiency concepts. But the
boundary conditions for DSL are more complicated. The extras are: line
termination, echo cancelling and duplex signalling. These additional functional
issues make the difference and prevent us from just copying the audio low
power topologies. But especially the high peak to average ratio (PAR) and the
high linearity requirements of the quadrature amplitude modulation (QAM) in
the discrete multi tone (DMT) signal code make it hard to implement all these
well known low power concepts. Three categories of topologies can be
considered: linear, switching mode and combined architectures the last one
using switching mode for the high efficiency power in the signal and a linear
correction amplifier to achieve the high linearity requirement.
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2. The ADSL signal: DMT, QAM, PAR and Power

ADSL signalling is done via the twisted pair between subscriber and central
office (CO). It makes use of frequency division multiplexing (FDM) : voice
signalling or POTS (plain old telephone service) happens below the 4kHz band,
Upstream (US) ADSL signalling, from subscriber to CO, in the band 30kHz to
138kHz and downstream (DS) signalling from 138kHz to 1.1MHz. In this way
full duplex transmission is achieved while voice and ADSL can happen
simultaneously. Datarates of 12Mbit/s in DS direction and 1Mbit/s in US are
possible for short loop lengths.

The CO transmit or downstream (DS) signal of ADSL is built up by the addition
of more than 200 tones in the band from 138kHz to 1.1MHZ and carrier spacing
of 4.3125kHz.
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Each tone is modulated in amplitude and phase (QAM) and can contain up to 15
bits corresponding to 32768 constellation point in a phase amplitude diagram
(per tone). The resulting signal in the time domain looks like white noise, it has
a Gaussian amplitude distribution and is transmitted during It is a signal
with rather small average amplitude value but sometimes, when a larger number
of tones have the same phase, can show a very high peak value.

In order to limit dynamic range of the signal path and as such power, signal to
noise ratio and cost (circuit area), the peak to average value (PAR) or
Crestfactor is clamped in the system (digital domain). This result in a
disturbance in the frequency band and can cause bit errors due to the reduced
signal to noise ratio. The probability of occurrence of such bit errors is
determined by the chosen PAR and as such results in a certain bit error rate
(BER). In ADSL a PAR of 6.4 (or 16dB) is chosen to achieve a BER lower than

Taking into account the power spectral density of -40dBm/Hz, for the
downstream signal one can easily calculate the total power level of 20dBm or
100mW. Knowing the subscriber line is equivalent to a impedance and a
PAR of 16dB this result in a rms signal of 3.16Vrms and 20Vpeak (or 40Vppd)
on the line. The following table summarises the main characteristics for both the
US and DS signal on the line.
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3. CO line driver efficiency and requirements

The driver should generate via a transformer the transmit signal on the line,
provide voltage gain and realise the matched line impedance. Main requirements
are low noise, low distortion, high slewrate and good efficiency.
The gain requirement is just from the fact that the driver receives its input signal
from a low voltage analog front end IC usually limited to a amplitude level of
2Vp. Changing the transformer turns ratio influences the gain requirement and
allows a flexible choice of supply voltage.
To realise the output impedance, one can just add a pair of series resistors
in the transmit path while at the same time one is able to receive the US signal
by measuring across this resistors. This however means that the same power
(l00mW) is dissipated in the termination and that maximum efficiency is
already reduced to 50%. Further more it also means that the driver output signal
is twice the signal at the line and that supply voltages have to scale accordingly.
Using a transformer with turns ratio doesn’t change as such anything for the
power consumption.
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Looking to a class AB type driver, a maximum efficiency of 78% can be
achieved for a sine wave signal without taking into account quiescent current
(Iq) nor overhead voltage (Voh) required by the output transistors. For a DMT
signal however, due to its high crestfactor, this maximum efficiency reduces to
about 20%. Also taking into account overhead voltage and quiescent current
only 7% efficiency can be reached resulting in a power consumption of 1.5W or
1.3W dissipation in the line driver. To show this with a practical example one
can choose for a transfo turnsratio of n=2, a crestfactor CF=6.4 and a
overheadvoltage Voh=4V. This result in a supply voltage
Vsup=2*Vrms*CF/n+Voh=24V. The mean current for a DMT signal is about
80% of its rms-value. Added with a quiescent current Iq=12mA for the driver
results in a mean power supply current of about 60mA, and so ending up with a
1.5W power consumption.

Besides to fulfil the signal characteristics of the transmitted signal, most of the
critical requirements of the driver are imposed by the US received signal. In
order to be able to do a 15bit QAM per tone in transmit, a signal to noise and
distortion ratio of about 65dB is required. This can be characterised by the
parameter MTPR: the missing tone power ratio (MTPR). Within the DS band a
full transmission happens except for one tone, the depth of the missing tone is
measured and represents the MTPR. More important however is the influence
towards the US band. Injection of noise and distortion, due to intermodulation,
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can happen within the driver disturbing or a least limiting the sensitivity of the
received signal. Although a hybrid function is reducing the echo signal from
driver to receiver, in practice this suppression is limited to 10 to 20dB. If the
driver has to achieve the background noise level of -140dBm/Hz of the line, the
driver’s noise and distortion levels in the US band should not exceed -
120dBm/Hz. This means a transmit psd to receive noise and distortion ratio of
more than 80dB.

4. The POWER issue

In the further evolution of the DSLAM density increase and the drive to put
more lines per board (for cost reasons), the thermal management becomes a big
issue. More than 70% of the power dissipation of an ADSL channel is related to
the driver and lack of good driver efficiency prevents the increase of line
terminations per board.
On the other hand we are interested to satisfy the NEBS power requirements to
allow us to fill the DSLAM in all cases. The NEBS requirement limits the power
dissipation per square meter floorspace. Translating to the line termination board
in the DSLAM, this puts a limit on the total dissipation per board. While moving
from 12 and 24 lines per board to 48 or even more, this really becomes a thermal
problem. In the table below one can see the maximum allowed driver dissipation
for a board in function of the number of terminals per board. In order to
reach the NEBS requirement for a 48line board the power dissipation of the line
driver should be below 500mW (see table below).
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5. Active Back Termination (ABT)

Impedance synthesis or active back termination is a first means to lower the
power dissipation. In stead of putting the real termination resistor in series with
the line driver, only a fraction is placed while an active feedback loop amplifies
the value to generate the required Impedance. For resistive impedance synthesis,
the implementation simplifies to the schematic shown below in which feedback
resistors R3 are added.

The power is reduced in two ways. Because of the reduction of the resistor, the
power dissipation, relative to the 100mW dissipation in the line, is reduced
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proportionally. From the other hand also the signal level at the driver output is
reduced and so the required power supply voltage. Using the same conditions as
above with an ABT-factor=1.25, supply voltage reduces to 16.5V and power
consumption to 1W or efficiency to 10%. Further decrease in the ABT factor
becomes difficult for stability reasons and receiver sensitivity (RX attenuation
and related noise requirements).
Optimisation of ABT, quiescent current, overhead voltage and transfo turns ratio
results in today’s class AB drivers reaching 750mW power consumption (see
ISSCC 2002). Not to forget are the solutions with reduced turns ratio where the
CO battery can be used directly as supply for the driver and in this way avoiding
the loss in the DC/DC converter on the ADLS LT-board while at the same time
improving the receive sensitivity.
It is however clear that the NEBS requirement can not be met with the class AB
approach. Therefore other topologies and architectures have to be considered,
some of them known out of the audio world.

6. Driver topologies and architectures

Class G

A first class of driver to think about is the class G one. In this driver 2 pairs of
supply voltage exist, and depending on the value of the required output, the
current of the output stage is coming out of a low or high supply. The DMT
signal is very suitable for this kind of principle because most of the time the
signal amplitude is limited while only during a very small time interval a high
voltage output has to be delivered.

A drawback of the class G driver is the additional pair of supplies. Further more
it is very difficult to achieve the severe linearity specifications due to the hard
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switching and related crossover points. The switch control can be done from the
digital part (digital prediction), from the analog input or directly driven from the
output. Techniques for having smoother transitions during switching can/must
be applied to limit their impact towards the output. The complexity is within the
amplifier providing a good power supply rejection.
Related to the DMT signal and optimal power consumption results in a 2.5 to 3
ratio of high to low voltage supply. The power consumption can be as low as
600mW.

Class H

The class H amplifier is similar in power consumption compared to the class G
approach. In stead of hard switching, the supply voltage is progressively
following the output signal. This avoids the need for good power supply
rejection but off course requires additional circuitry for generating the driver
supply. The supply generation can be done for instance by a capacitive boosting
of the supply voltage applied. Power consumption compared to class G remains
however equal but only 1 pair of supplies is required. Although only 1 pair of
supplies is needed, the number of capacitors on the board is not reduced and one
should be aware of signals exceeding the applied supply voltage.
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Switching line drivers (SLD)

Class D

Switching line drivers are tempting us for the well known high power efficiency
of switching mode systems in general. Audio amplifiers have used switching
techniques, switching mode voltage regulators also, but again the extras: line
termination, echo cancelling and duplex signalling are giving a new challenge
for analog designers to extend the use of “power DAC ” and to ADSL line
drivers.

Power consumption of the switching line driver can achieve the 300mW limit.
To achieve the high linearity figures of 80dB MTPR, the order the of the
must go up to or for single bit while on the other hand the multibit
approach requires additional supply voltages. Active back termination can not as
such be applied due to the digital to analog conversion in the feedback path.
Further more some passive filtering is required so that boardspace usage and
cost might become an issue again. Also finding a suitable technology combining
high voltage and speed is not so obvious and the problems will surely not reduce
if thinking about higher bandwidths.

Class K

Another type of switching line driver is the class K. In this topology the main
current is delivered via high efficiency switching while control is done via linear
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feedback. This at least reduces the filler requirements and has been applied in
the audio world, however must still be proven for ADSL applications.

SOP A : Self Oscillating Power Amplifier

The SOPA structure is also based on a switching operation mode. The frequency
is however due to a self oscillating loop without any clock being applied. Due to
the symmetric and matched topology the both oscillations are pulled to each
other and as such act like a common mode signal being rejected in the
transformer. Due to the self oscillation a linearisation happens and reduces the
need for filtering. Here also research has been done but some extra work for
ADSL CO drivers is still required.
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Combined structures

The concept is based on the idea to combine the advantages of linear drivers and
switched mode drivers. Why not deliver the main power via switching
techniques while monitoring and correcting the output via a linear amplifier,
similar to the class K structure. This concept is given the name “Beauty and the
Beast”.
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The “Beast” or power driver is delivering most of the power with high efficiency
but moderate linearity. It can be a class B , G or switching amplifier in which
quiescent current or losses are minimised. The “Beauty” or correction amplifier
can than deliver a limited power to linearise the signal before it reaches the line.
This amplifier can use its maximum capability to do this and is offered to do so
due to the limited power it should deliver. It can be a high bandwidth, low noise,
low power class AB amplifier. The “Beauty” in this way corrects the deviations
imposed from the “Beast” while limiting itself to low power operation. It can
even reduce the filter requirements needed when implementing a switched line
driver. It is expected that power consumption will be below 550mW. It is thanks
to the use of active back termination that the power summation can be done in a
easy resistive way (see figure below in which as example a class B-AB is
chosen).

A first design condition is that output impedance on the line is equal for bot
paths. For the class AB amplifier this is simply the  where includes
the active back termination. For the B amplifier the output impedance at the line
includes RS1 and only the remaining part needs to be synthesised with a local
active back termination. When also the gain from input to the line is the same
than both amplifiers want to generate the same voltage at the class AB output,
however the B amplifier performs this without feedback and as such delivers the
main power. The deviations from the wanted signal are measured via the local
feedback around the class AB amplifier and corrected if needed.
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7. Conclusion

A lot of effort has already been spend on the realisation of low power ADSL
line drivers for the CO side. Coming from the class AB stage with a 700mW
limitation, gradually new topologies like class G and H are introduced, limiting
the power consumption to 600mW. Further research and development is
however needed to further reduce this power consumption in order to allow
further density increase in the DSLAM. Switching line drivers can reach this
however filter requirements and related boardspace must be careful watched to
finally reach the goal. A new concept with a combined topology has been
presented which can lower the power consumption in the mean time without the
need for to much filtering requirements.
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Abstract

Advantages and disadvantages of different line driver types
are investigated and the efficiency of class-AB drivers is
calculated. In addition, three class-AB line drivers implemented in

standard CMOS, high voltage (HV) BiCMOS and
complementary bipolar (CB) processes, respectively, are
described.

1. Introduction

Driven by the increasing port density in an ADSL Central Office (CO) in
the past several years, the power consumption of the low-distortion line driver
becomes a key parameter for system design. Due to the high Crest Factor (CF)
of Discrete Multi Tone (DMT) signals, the line driver has to deal with very high
signal peaks of up to 40Vpp on the line, thus requiring a high supply voltage.
This leads to low line driver efficiency. To closely approach the theoretical
efficiency limit, the voltage drop and the quiescent current of class-AB drivers
have been reduced consequently with every new product generation.

In Section 2, the strengths and weaknesses of current-feedback and
voltage-feedback amplifiers are discussed.

In Sections 3-5, a detailed description of three different class-AB ADSL
CO driver circuits is given. Implementations in standard CMOS, high
voltage BiCMOS and complementary bipolar processes are addressed.

Section 6 covers the calculation of class-AB driver efficiency for a DMT
signal with Gaussian amplitude distribution.

2. Current-Feedback versus Voltage-Feedback

In the 1980s, the current-feedback topology shown in Fig. 1 has emerged
as the dominant choice for broadband amplifier designs [1]. This type of
amplifier can achieve slew rates of several thousand since the amount of
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slew current is proportional to the input voltage. Any large input signal step
momentarily causes a large voltage across the feedback resistor Rf2. The
available current to charge the total compensation capacitance Ct is proportional
to this voltage. Due to the absence of first-order slew rate limiting, current-
feedback amplifiers are well suited for low-power circuits. However, in real
implementations second-order effects limit the slew rate.

Another advantage of the current-feedback amplifier can be seen from the
equation determining the closed-loop gain of a non-inverting amplifier structure
with feedback resistors Rfl and Rf2:

The closed-loop pole is set by the total compensation capacitance Ct and the
feedback resistor Rf2. Consequently Rf2 can be used to select the –3dB
bandwidth, whereas Rf1 determines gain [2].

A very popular implementation of a single-stage current-feedback
amplifier is shown in Fig. 2. In this simple topology Wilson current mirrors
perform the level shift to the output stage and inject the slew current to the
compensation capacitor Cc. If the achievable open-loop gain, determined by the
transimpedance of the circuit, is not sufficient, another gain stage may be added.
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Nevertheless, current-feedback amplifiers generally suffer from high input
offset current, thermal feedback errors, high noise and poor CMRR [3].

In the past decade, voltage-feedback amplifiers have reemerged [1].
Compared to their current-feedback counterparts, they offer several features like
low noise at low closed-loop gains or the ability to build inverting integrators
for active filter applications and fully differential, inverting line drivers. For
active filter applications and as a preamplifier in line driver circuits, the well-
known single-stage folded-cascode design shown in Fig. 3 is the best choice.
Both noise characteristic and small signal bandwidth of this amplifier are
excellent. To overcome the limited slew rate and thereby small full-power
bandwidth of voltage-feedback amplifiers with class-A input stage biasing,
class-AB input stages can be used. One possibility to implement this stage into
an operational amplifier is to replace the unsymmetrical input-stage in Fig. 2
with the symmetrical one shown in Fig. 4. Due to the increased number of
devices involved in the class-AB biasing, the voltage noise of the input stage
rises [1].
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3. A CO-ADSL line driver with integrated supply switch

To achieve low power consumption, the line driver shown in Fig. 5 is
configured to synthesize 83% of the output impedance by means of an internal
feedback loop established with resistors R3 and R3’. The radical reduction of
series impedance reduces the supply voltage needed at a given line power level.

The output resistance can be calculated to be

The synthesis factor m is determined by the values of R3 and R2,
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To further decrease power consumption, a supply switch is integrated. It
allows to supply the output stage with a lower voltage if the transmit power is
reduced at short or very long loops. The voltage for both supplies can vary
between 5V and 21V.

For the two output buffers single-stage current-feedback amplifiers are
used. They offer the required linearity and bandwidth, while consuming only
1.5mA of quiescent current. Fig. 6 shows the schematic diagram of the output
buffer. As in any current-feedback amplifier, the input stage Q10, Q11, Q13 and
Q14 is a unity-gain buffer forcing the inverting input at the emitters of Q13 and
Q14 to follow the noninverting input.

Follower Q9 further increases the input impedance of the buffer to reduce the
load at the high impedance output node of the pre-amplifier. Any input voltage
now causes current flow in or out of the inverting input. The amount of current
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depends on the value of feedback resistor Rf2 coupling the output of the
amplifier to its inverting input. The signal currents are fed to the high impedance
node by means of current mirrors Q4, Q5 and Q19, Q21 to charge and discharge
the compensation capacitors C2, Cj2, C3, Cj3 and to provide the base current
required by the output transistors Q35 and Q36. The mirrored signal current
multiplied by the impedance seen at the high impedance node (bases of output
transistors Q35 and Q36) sets the open-loop gain. Thus the output impedance of
the mirrors and the reflected load impedance directly affect loop gain. From
equation (1) the closed-loop pole that determines the -3dB bandwidth of the
buffer, is given by the total capacitance Ct=C2+C3+Cj2+Cj3 and the feedback
resistor Rf2. The input stage is biased by reference voltages Vref1 and Vref2
connected to the bases of Q2 and Q17. Resistors R2 and R9 determine the
quiescent current for the input-stage. The current through Q10 and Q11 defines
the base bias voltage for the transistor pair Q13 and Q14, while diodes Q15 and
Q16 are used to bias the output transistors pair Q35 and Q36, respectively.
Transistor pair Q38, Q39 guarantees adequate output current drive even for
lowest beta of pnp transistor Q36. Load current flowing through Q36 is reflected
through the current mirror action of Q38 and Q39. To minimize the even
harmonics, the total current gain from the base of Q36 to the signal output must
be equal to the beta of Q35. Thus the emitter area ratio m of transistor pair Q38
and Q39 is adjusted according to Q6 and Q20 are short circuit
protection transistors. They limit the maximum amount of base current available
for the output transistors Q38 and Q39. Q7, Q8 and Q12 clamp the buffer input
to the output. They are off under normal operating conditions. In case of line
overvoltage, diode Q37 clamps the buffer output to the positive supply. The
buffer circuit is able to deliver an output current of 250mA; a thermal shutdown
protection guarantees that the junction temperature does not exceed the
maximum allowed value.

One remarkable detail of this buffer is a dynamical bias method for some
current mirrors within the circuit to avoid high quiescent current and thus
increase efficiency. For low frequency signals the output stage is biased in the
AB region at a level high enough to eliminate crossover distortion. At high
signal frequencies, fast slewing appears and current mirrors Q19-Q21 and Q38-
Q39 are forced to shut off during the falling period of the positive signal half
wave due to the action of parasitic base-collector capacitances Cjc of Q14, Q21,
and Q36, Q39. Similarly, Cjc of Q5 and Q13 would shut off current mirror Q4-
Q5 during the rising period of the negative signal half wave. This limitation can
be overcome using the circuit based on transistors Q22-Q33. If slewing appears
at the output node, a capacitive current is fed through the capacitor Cl and the
resistor R16 into the virtual ground node at the emitters of Q27 and Q30. This
current is recirculated through different current mirrors and fed back into the
input nodes of current mirrors Q4-Q5, Q19-Q21 and Q38-Q39. By applying the
required charge current for the parasitic capacitances, shut off in the mirrors and
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the corresponding crossover distortion can be avoided. R16 prevents capacitive
loading of the output stage due to capacitor C1.

To achieve a Missing Tone Power Ratio (MTPR) of –75dBc, the
preamplifier has to provide additional loop gain within the whole signal-
bandwidth. The chosen fully differential folded-cascode structure shown in Fig.
7 is well suited to fulfil this requirement. While differential pair Q3, Q4
provides the differential gain, transistors Q10-Q13 are used to regulate the
common mode output voltage.
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Measured transmit performance is shown in Fig. 8 for a 100kHz/9Vp-p
differential sine-wave signal. It clearly illustrates that the harmonics are in the -
80-dBc region.

The line driver uses the complementary bipolar part of a BiCMOS
double poly triple metal (DPTM) process with 1.5-GHz pnp and 4-GHz npn
devices.

4. A CMOS ADSL line driver with current-mode output stage

The line driver in Fig. 9 is able to deliver 15Vpp into a 25 Ohm load. This
is sufficient to transmit ADSL signals with a total power of 19.8dBm and a CF
value of 4.5 into via a 2:1 transformer. The line driver manages to meet
this performance with an output stage fed between 0 and 10.5V and a total
power consumption of 750mW.

A standard CMOS process is used for fabrication. To allow 11V
supply voltage for the output stage, a NMOS transistor with extended drain is
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required. It can be implemented without violating the design rules of the
standard process.

The driver circuit uses a low ohmic sense impedance (Zs) in series with
the output. The voltages on each side of this impedances are sensed, converted
to current and fed back to the inputs of current amplifiers GR1 and GR2 which
transforms the sense impedances to the appropriate termination impedance for
an ADSL application. Beside that, this feedback also determines the closed-loop
current gains of the current amplifiers. With the synthesis factor m = 5.7 and
equation (4) the differential output impedance can be calculated.

Due to the programmable gain K of the preamplifier, the overall transmit gain
can be varied between 12,9dB and 16,4dB in steps of 0,5dB. The output voltage
of the pre-amplifier is converted to current via resistors Ra, Rb and fed into the
virtual-ground input nodes of output amplifiers GR1 and GR2. To achieve high
gain and good noise performance, the preamplifier circuit is based on a folded-
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cascode opamp structure. The line driver device requires two power supplies:
Up to 11V for the output stage, and 5V for the remaining blocks.

Fig. 10 shows the simplified schematic of the used current mode output
amplifier. To ensure a linear voltage to current conversion via resistors Ra and
Rb, the input impedance has to be low. Therefore an operational
transimpedance amplifier (OTA) with input stage Q18, Q23 followed by output
stage Q37, Q38 has been implemented. The input signal current that appears on
the sources of Q37 and Q38 passes through their drains and current mirrors
Q41-Q47, Q35-Q42 and is then fed into the high impedance node. The resulting
signal voltage is applied to the gates of transconductance-stages Q54, Q55 and,
inverted by the action of ‘analog inverter’ Q48- Q51, to gm-stages Q59 and
Q60, respectively. This arrangement is known as ‘Fischer-Koch’ structure. The
drains of Q59 and Q60 are the current outputs of this structure. They are
connected to the final current mirrors composed of transistors Q57, Q68 and
Q61, Q69. A current transfer ratio of 1:50 at these mirrors ensures adequate
output current drive. To withstand 11V supply voltage at the final output
mirrors, extended drain devices have been used for transistors Q53, Q56, Q58,
Q61 and Q69. Cascode transistors Q53 and Q58 protect the 5V output devices
of the ‘Fischer-Koch’ structure. Capacitor C4 along with the output impedance
at the high impedance node formed by the drains of Q43 and Q46 determine the
dominant open-loop pole. The total quiescent current drain for this current mode
output amplifier is 18mA. It is capable of driving 300mA into a differential
load.

5. A line-driving buffer used in a broadband HV-SLIC [4]

This line-driving buffer is part of a monolithic Broadband Subscriber
Line Interface Circuit (B-SLIC), which combines the functionality of an analog
150-V ringing SLIC with that of a line driver for ADSL-Lite data signals. It is
fabricated in the Smart Power Technology SPT170B, that offers DMOS and
HV-PMOS devices for supply voltages up to 170V.

The following main requirements are derived from ADSL-Lite and POTS
standards and from system simulations:

Output voltage range: 60 to 70V for data and/or voice, up to 140V in ringing
mode
Output current up to 150mA
Total Harmonic Distortion below -60dB for peak signals (25Vpp single
ended), below -70dB for effective signal voltages up to 550kHz
Slew Rate
Noise Spectral Density: < -130dBm/Hz @
Stability in all modes with all possible line impedances
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Robustness against over voltages
Effective thermal protection

The buffer structure finally chosen is that of Fig. 11. Because of the
voltage and current demands, the output transistors have to be large DMOS or
HV-PMOS devices. The output stage with the best power/linearity tradeoff then
is the complementary source follower circuit in class-AB operation.
Nevertheless, high gain of the driving circuit is still necessary over the whole
signal frequency range, and that’s why a nested loop structure with op-amps A
and B is used. The goal was an overall bandwidth of about 20 MHz. But to
achieve stable operation, the inner loop has to be significantly faster. However,
small signal considerations are not sufficient. Slew rates have to fulfill similar
conditions to avoid typical large signal problems like unstable step response.

High bandwidth together with high load capacitances calls for large
transconductances, and so bipolar npn transistors have to be used in the signal
path of opamp B (Fig. 12). They build the input differential pair Q1, Q2, while
emitter followers Q3 and Q4 drive the large output transistors Ml and M2,
respectively. In normal voice or data operation their collectors are connected to
GND. They must not be switched to the positive supply VH, if the output
voltage is low, because then the voltage across the transistors could exceed the
allowed limit (90V). On the other hand, VH is required to enhance the output
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voltage range in the ringing mode. For output voltages above GND, the collector
potentials have to be switched to VH, and they have to be switched back with
the negative zero crossing in order not to endanger the npn transistors. Therefore
the switch SW together with comparator Comp has been introduced. The
additional distortions arising from this switching could be kept short and small
enough as not to disrupt data transmission during ringing. Fig. 13, measured
with a large 60Vrms, 100Hz “ring” signal with 20V DC offset, that is
superimposed by a 20Vpp, 50kHz “data” sinewave, is intended to illustrate this
situation.

Stabilizing the buffer turned out to be a key problem. Extensive circuit
simulations preceded the final solution. Somewhat simplified in Fig. 12, R1 and
C1 are intended to provide pole-zero cancellation, while Cff forms a
feedforward path across the high voltage MOS diodes M1 and M2, that as
usual define the quiescent current of the output stage.
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Opamp A is a “double folded” BiCMOS circuit with HVPMOS input pair
(Fig. 14). The most interesting aspect of this structure probably is a technique to
compensate for critical junction capacitances with their nonlinear voltage
dependence. Here, the current flowing into the load capacitance Cj1 at the
output node can be compensated by adding a similar capacitance Cj2 and
transistor M2. Due to M2 and the unity gain configuration, the voltage at the
compensation capacitance nearly equals the output voltage. The corresponding
capacitive current is subtracted at the output node, thus in first order cancelling
the effect of Cj1. From simulation results, this measure yields a l0dB
improvement in the opamp’s distortions to -80dB values.

6. Class AB driver efficiency

Driver efficiency is defined as the output power Po delivered to the line
divided by the power dissipated in the driver PD plus the output power. For an
ideal driver with the maximum peak output voltage equal to the supply voltage
and zero quiescent current, the efficiency can be easily calculated, if the output
voltage Vo and the supply voltage Vs are known.

From calculating the integral in (5), equation (7) can be simplified to

where is the mean absolute value of the output voltage. Knowing the
amplitude X of a DMT signal to be Gaussian distributed, with mean value 0
and standard deviation equal to the effective signal value we can
substitute the time integration by an integration over the probability weighted
signal amplitudes [4].
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For a pure ADSL signal without dc current flow,           and the evaluation of
the integral yields

Substituting in equation (8) and taking into account that the supply voltage
Vs must be at least equal to the crest factor times the RMS value of the output
voltage Vo, equation (8) yields

In a realistic application we have to consider at least an active termination
of the line with a certain synthesis factor m and a drop voltage in the output
stage of the driver, which increases the necessary minimum supply voltage. In
addition, the driver circuit itself will consume a certain amount of quiescent
current Due to this we have to expand equation (11) to

To give an example, the efficiency of the driver circuit described in
section 3 is calculated. With CF = 4.2, m= 6, and
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7. Conclusion

Three different class-AB driver circuits for CO ADSL applications,
fabricated in complementary bipolar, CMOS, and HV-BiCMOS processes have
been presented. The efficiency of a class-AB line driver suffers from the high
crest factor appearing in DMT modulated DSL systems. Due to the lower bill of
material for the required external components and the smaller chip area
compared to a class-G line driver, class-AB line drivers are still a competitive
option, especially in DSL systems with crest factors lower than 4,5.
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The design of high efficiency power amplifiers is an old problem. Due to the
stringent linearity and bandwidth specifications, most common systems start with
a linear type class AB power amplifier. However its efficiency for a signal with a
Gaussian amplitude distribution is given by :

In which denotes the supply voltage, the quiescent current and the
power dissipated in the quiescent current control circuitry. The most important
factor in this equation is the Crest Factor (CF), being the ratio of the peak voltage
divided by the rms voltage of the applied signal.
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Abstract
Power efficiency is one of the most important specifications for
the design of an integrated line driver. Since the efficiency of a
linear class AB line driver is inverse proportional with the crest
factor of the signal, these type of line drivers have low efficiencies
for signals with non-constant envelope modulation. These crest
factors are not only be found in low frequent audio applications,
but also in high data-rate communication systems like ADSL and
VDSL modems. Switching type line drivers have the basic ad-
vantage that next to a parasitic on-resistance of the switches no
power is dissipated in the active elements. So theoretically an
100% efficiency independent on the crest factor can be obtained.
Two types of class D amplifiers are considered: synchronised and
self-oscillating drivers. Originally self-oscillating class D power
amplifiers were designed to reduce the number of components but
recent research revealed important properties of this asynchronous
modulation which increases the systems efficiency, linearity and
bandwidth.

1. Introduction
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For a Gaussian signal, the minimum CF is 2.5, so the maximum efficiency
is 50%, and quickly degrading for real signals. For instance, audio signals like
real music fragments, have CFs between 10 dB and 20 dB with a strong aver-
age around 15 dB [1]. Taking a look to novel modulation schemes like Discrete
Multi-Tone modulation (DMT) and Orthogonal Frequency-Division Multiplexing
(OFDM), the CFs associated with these modulation are again above 15 dB. These
modulation techniques were developed in order to fully deploy lossy channels like
the twisted pair copper wires used in the xDSL application fields [2–4]. In this
paper mainly the line driver problems in Digital Subscriber Loop (xDSL) appli-
cations are addressed since this is the present driving application in this research
field, but keep in mind that many of these ideas originate or arc also applicable in
the audio field.

To indicate the importance of line driver efficiency for an xDSL system, figure
1 shows the comparison between the relative power consumption of two typically
Asymmetrical Digital Subscriber Loop chip-sets. For this the values from differ-
ent commercial chip factories were taken and a relative mean has been calculated.
To the right of figure 1 the same calculations were redone but then for the consecu-
tive chip-sets of the same foundries. Surprisingly, the total power budget does not
seem to decrease significantly from one generation to the next. A closer inspection
reveals the line driver as being the real bottleneck. In the most recent generation
of xDSL chip-sets the relative portion of the line drivers power consumption has
increased to 80% of the total power budget.

In the next section the different considerations for building high efficiency,
switching line drivers for xDSL are further elaborated. The basic properties of
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a DMT modulated signal and the requirements for a working xDSL system will
be combined to derive some basic limits for the design of an xDSL line driver.
It will be made clear that in order to reach a sub 500 mW consuming line driver,
switching type amplifiers should be investigated.

In section 3., different synchronised class D power amplifiers are further ex-
plored. The Self-Oscillating Power Amplifier (SOPA) will be the subject of sec-
tion 4..

2. Wire-line Communication

2.1. xDSL-Technologies

In this section we will mainly focus on the ADSL and VDSL part of the xDSL
family. Not only for their dominant market position, but also since they depend
on DMT-modulation techniques and are thus the most demanding technologies
for the line drivers [5].

In table 1 the most important properties for line driver design of ADSL and
VDSL are summarized. To compare these specifications with older technologies,
one can clearly notice the enormous shift in line driver requirements for the two
digital subscriber modem types. In less than one decade of xDSL research activi-
ties, an improvement of over 3 decades in bit-rate has been reached. This however
at a drastic cost in the Analog Front-End (AFE) design specification. The linear-
ity specifications are not significantly relaxed, but the bandwidth and necessary
output power are increased towards the current technology limits.

The requirement for a minimal power dissipation is a direct consequence of the
deployment scenarios of xDSL communication. In an xDSL system, the Customer
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Premises Equipment (CPE, = equipment at the users side) is with a single twisted
copper wire-pair connected to the Central Office (CO). Since the attenuation of a
copper wire is the limiting factor for the achievable bit-rate, the loop-lengths have
to be kept short. For customers who reside too far from the telephony central,
the CO-modem has to be deployed from a street-side cabinet case. This is mostly
the case for VDSL-modems since loop lengths are becoming very small, to reach
the high bit rates for this technology. These cabinet cases don’t have temperature
control except for natural heat convection which is limited due to its small volume.
The maximum operating temperature and thus maximum heat dissipation limits
the amount of install-able lines and thus the number of servable customers.

The stringent linearity requirements are a direct consequence from the fact that
the twisted copper wires are not shielded. Therefor the out-of-band specifications
of the xDSL modem are very stringent to avoid cross-talk to other twisted pairs in
the bundle and e-gress radiation into other frequency bands like the ones used for
amateur radio.

For the choice of a process technology, one has to take into account that the
twisted pair is also shared with the Plain Old Telephony System (POTS). On the
copper wire high voltages occur due to the POTS system. A line interface that is
able to handle POTS and xDSL on the same die, has to take these high voltages
into account [6–8].

As a summary, due to the high performance of an xDSL system, the line driver
has to:

Drive a relative large power to the line

with a high linearity

in a high bandwidth.

The power dissipation needs to be minimal to allow maximal install-able lines
at the CO-side

Out-of-band specifications are very stringent (<-100 dBm/Hz)

Deal with high voltages

For its high linearity, the class AB line driver was the most popular xDSL line
driver in recent chip-sets [7, 9–11]. However due to its low efficiency (< 15%),
the number of lines per board is limited to 24 in order to stay NEBS
compliant [12]. A next step in the evolution of xDSL chip-sets is the introduction
of multiple supply class G line drivers [13]. For a two supply class G power
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Figure 2 shows a rough sketch of an ADSL spectrum. The Discrete Multi-Tone
(DMT) modulation consists of 22 carriers containing the upstream (=from CPE
to CO) information and 221 downstream (=from CO to CPE) carriers. Each car-
rier is Quadrature Amplitude Modulated (QAM). The constellation size of each
carrier is given by the signal-to-noise ratio (SNR) of the channel at the specific
carrier frequency [14]. Since the carriers are individually adaptable to different
line conditions, it can be understood that this modulation scheme allows bit rates
near the Shannon limit of the twisted pair information channel.

The time domain representation of the signal is given in figure 3 (a), together
with its amplitude distribution. Since the constellation points can be regarded as
random variables for normal data communication and the number of carriers is
sufficiently large for the central limit theorem to hold, the amplitude distribution

of the DMT-signal x(t) can be approximated as being Gaussian. From this
assumption, the distribution function for the CF can be calculated. By calculating
the extreme value distribution for a DMT generated symbol with N carriers, the

amplifier, the efficiency for driving a Gaussian signal is given by :

with n denoting the ratio between the high and low supply voltage. The efficiency
shows a relaxed decay with the CF of the signal, since an optimal segmentation
of the supplies will lead to almost 50% efficiency for the major part of the ADSL
symbols. In this way, this solution relaxes the dissipation limit towards 48 lines
per board. This limit however, can only be broken by going to switching
type line drivers.

2.2. Basic Properties of Multi-Tone Channels
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The result of this calculation is plotted in figure 4 and compared with the his-
togram obtained from a monte carlo simulation. To obtain this histogram, the
crest factor of 50000 randomly generated 4QAM modulated ADSL downstream
signals has been calculated, showing a big accordance with the obtained model.
This Fisher-Tippet distribution has a slow tail when going to high crest factors.
The consequence of this slow tail is that a line driver needs to be designed so it
can cope with high CFs, in order not to degrade the bit error rate too much.

In practical designs the crest factor is limited. The clipping of the CF will
lower the quantisation noise of the used Analog-to-Digital Converter (ADC) and
the Digital-to-Analog Converter (DAC) and their power consumption, but will
introduce clipping noise [15]. In practical ADSL systems the CF is limited to a
factor of 15 dB or 5.6.

distribution of the CF is obtained :

3. Switching type line drivers (Class D)

3.1. Basic Class D configuration

A typical class D consists of three major parts: a Pulse Width Modulator (PWM)
or Pulse Density Modulator (PDM) which transforms the analog input signal into
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a switching signal, large output switches to deliver the current to the load and an
output filter to get rid of the high frequent switching signals. A principle schematic
is shown in figure 5. The distinction between synchronised and self-oscillating
class D amplifiers is made whether the modulator is clocked or not. In this section
only the first type of class D power amplifiers is considered.

The major advantage of the class D principle is the use of a switching output
stage. If the on resistance of the output switches are neglected, there is no simul-
taneous current through the active element and voltage standing over the active
element. So no heat is dissipated in the switches, opening the opportunity for
100% efficiency. For its high efficiency the class D power amplifier is very im-
portant in the low power consumption audio application field like hearing aids,
etc.. To use one as a line driver several extra considerations need to be taken into
account:

For audio signals the output filter does not need to be very steep for audio
signals have a low bandwidth (<20 kHz) compared with the switching fre-
quency (usually between 200 kHz and 500 kHz ). Moreover the loudspeaker
set (and eventually also the human ear) inherently is a low pass filter for those
switching frequencies.

xDSL line drivers have relative high bandwidths and very stringent out of
band specifications. Therefor the output filter needs to be very steep or the
over-switching ratio (OSR = mean switching frequency / signal bandwidth)
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From this brief analysis it is to be concluded that the use of a technology which
already matured in the audio field as a line driver opens up a whole set of new
design consideration.

The design of the output stage is a far from trivial task. From a power point-of-
view several contributions need to weighed against each other. The first important
parameter is the conduction loss due to the non-zero on-resistance of a real switch.
When integrating these switches, this will lead to bigger transistors. An alterna-
tive would be the use of a higher supply voltage. The load resistance can be
transformed to higher values for the same output power. This problem becomes
more pronounced when integrating a line driver in a low voltage technology.

has to be set high enough. The output filter needs to be a passive filter, so
for line driver applications it will require many extra passive components,
lowering the integrate-ability and increasing the cost of the complete driver.

Another consequence of a higher switching frequency is that the switching
losses will become more important in the overall power consumption. So
much care needs to be taken to optimally choose the switching frequency in
order to still gain efficiency.

3.2. Output Stage Considerations

On-resistance
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Non-zero switching time
Another important efficiency degrading effect is the relative importance of the
switching losses in the overall power budget. During a switching event, there is
a current flowing through the switch, while a voltage over the switch is building
up. This leads to extra power dissipation. For this the switching time needs to
be as low as possible. This can be obtained by reducing the output transistor
sizes, which is the opposite action from the previous degradation effect. Another
approach would be reducing the mean switching frequency, in order to reduce
the relative portion of the switching losses. For the class D to be used as a line
driver, the large bandwidth could be problem. If the on-resistance of the switch
is small, an almost short circuit is made between supply and ground during the
transition, giving an extra power consumption. This shoot-through current can
be cut by inserting a dead time between the switching events of both switches.
This however leads to an important in-band cross-over distortion, since the output
voltage is uncontrolled during the dead zone.

Dynamic power consumption
Closely connected with the previous observations is the dynamic power consump-
tion. Huge switches tend to have large input capacitances which need to be
charged and discharged at every switching event. Furthermore, in order to reduce
the switching time, these large input capacitances need to be driven by buffer am-
plifiers whose power consumption will increase with decreasing output switching
time and larger input capacitance of the final stage.

In-band signal integrity
The class D configuration of figure 5, shows an open loop class D power amplifier.
Due to the switching nature of the output signal, feedback is not that trivial. If no
feedback is foreseen, the in-band signal integrity is dependent on the power line
integrity. Every spur on the supply rail will be directly transferred towards the
output. Since power rail bounce is directly related by the power consumption, a
regulator with enough decoupling should be added on the supply rail which has
an equally strict linearity as the required output linearity.

Another source of distortion in an open loop class D line driver is the cross-over
distortion which occurs during an output transition. The cross-over distortion does
not only originate from a no shoot-through current circuitry, but also from a the
inductance of the output filter. Since the current through an inductor can not stop
immediately, the remanent inductive load current flows through a free-running
diode. The diode voltage adds to the supply, so on the output a voltage occurs
which is smaller than ground or bigger than the upper supply rail. These effects
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become more pronounced for higher switching frequencies, for their relative im-
portance on the integrated output voltage (through the output filter) will increase.

Other Remarks
Other important specification for the design of a class D output stage are of more
process technological nature. The diodes need to have fast recovery times and the
technology should have a high latch-up resistance when these diodes conduct the
remanent inductive current.
As it has already been pointed out, the use of higher output voltages is always
beneficial for the design of a class D line driver. This can be accomplished by
using a more expensive DMOS technology [8], which reduces the integrate-ability
of the line driver with other system building blocks. Another approach could be
the use of drain-source engineering in standard CMOS technologies [16]. When
a high voltage is not feasible, high currents will occur in the output path. Careful
designs is mandatory in order to avoid ‘hot spots’ and electro-migration of the
metal. Techniques from clock distribution networks need to be used in the layout
of a segmented output switch to guarantee an equal current spread.

Figure 6 shows the basic and most common open loop modulation technique,
which is called natural sampling. It was used for its simplicity and for the absence
of any extra digital processing. Normally, no harmonic distortion is generated by
this technique. The modulation however generates spurs at multiple harmonic off-

3.3. Modulation Schemes
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sets from the central clocking frequency. This limits the bandwidth of the system.
Another big disadvantage is the absence of a feedback loop, so all circuit non-

idealities like output stage inaccuracies, non-linearity, timing errors or supply volt-
age ripple cannot be compensated. There exist techniques to allow the insertion
of feedback to the natural sampling technique, but:

The output needs to be filtered before it is fed back. The slew rate of this
filtered output needs to be much smaller than the slew rate of the triangular
wave. Otherwise extra higher harmonics will be generated driving the ampli-
fier in a high frequent self-oscillating mode. The mean switching frequency
is pushed to higher frequencies with all associated problems for the output
stage.

As a consequence of this low corner frequency of the feedback filter is a
low loop gain and thus a low compensation of output errors. This limits the
performance improvement.

The output filter cannot be made sharp enough to filter out the switching com-
ponent completely, since the parasitic resistance limit the filter order. This
remaining switching component will be amplified by the pre-amplifier and
will arrive at the comparator were it most certainly will be out-phased with
the original triangular wave. The intermixing products will generate in-band
distortion.

High frequent ripple picked up from the environment at the inputs of the
comparator can cause erroneous switching of the class D amplifier which
cannot be corrected by feedback, since it is filtered out in the correcting loop.
The comparator and pre-amplifier therefor have to be shielded very carefully.

Pulse amplitude errors are due to changes in the output load. These changes
are very common in wire-line communications.

Another approach would be the use of digital modulation techniques like
to create a PWM signal [17]. In this technique the errors are shaped

towards higher frequencies. An external filter needs to filter out these high fre-
quency errors. The major advantages of these techniques are

The accuracy of the analog components is largely relaxed, compared with the
PWM modulator.

Since the high frequency errors are randomised, the modulation gener-
ates less in-band substrate noise and thus less self-interference.

Baseband feedback is inherent in the system, so in-band distortion is lower
for the same clocking frequencies.
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For low signal bandwidths this can be combined with an Analog to Digital
Converter (ADC) if the base signal is already digital [18].

Formula 4 calculates the Dynamic Range (DR) of a based switching power
amplifier.

The has order n and an over-switching ratio (OSR). The order should
be kept as low as possible, since the order of the output filter needs to be at least
one order higher than the order. So in order to meet the necessary linearity
specifications, a higher OSR has to be chosen. This however, requires very high
frequent high-power devices, which are not available in present semi-conductor
technologies.

4. Self Oscillating Class D line drivers

4.1. Basic SOPA architecture

The construction of a self-oscillating power amplifier (SOPA) originates from the
observations of the natural sampling scheme of figure 6. The easiest way to gen-
erate a triangular wave is by designing a relaxation oscillator. Since the building
blocks of a relaxation oscillator are the same as the ones for the natural sampling
modulation technique, a merge of the two circuits seems a logical step. The result
of this is shown in figure 7. In the same figure the typical waveforms are plotted.
They can be interpreted as follows: since the filtered version of a square wave
is a triangular wave, a triangular wave is most likely to be found at the negative
input of the comparator. Due to the feedback, the input signal can be considered
as a shift in bias point, so a triangular approximation of the input signal resides at
the negative input node. Since for in-band signals the system is in unity feedback
and the loop filter is assumed to be linear, the in-band frequency content of the
output square wave will be the same as that of the triangular wave and thus as the
input-signal.

Although the circuit was firstly conceived to save components in the audio field,
in the next other more important properties will be shown in the next of this pa-
per. Important properties of this circuit are that no clocking is used, so the loop
can be considered to be fully analog and that inherent feedback is present to com-
pensate output non-idealities. The mean switching is governed by the limit cycle
frequency, i.e. the frequency of the oscillation that occurs when no input signal
is applied. Due to the filtering of the higher frequencies by the loop filter, the



321

describing function analysis technique [19] can be used to analyse the hard non-
linearity. The comparator is modelled in the frequency domain as the following
single input describing function :

The term A represents the limit cycles amplitude at the input of the comparator.
The Barkhausen criterion for self oscillation with the loop filter L(s) is:

Solving this complex equation gives us an expression for the limit cycle amplitude
and frequency. The transfer function of the linearised system for error signals with
amplitude e is given by

In which the dual-input describing function describes the frequency do-
main input-output relation of the comparator in presence of a limit cycle oscilla-
tion with amplitude A for the forced signal with a given frequency and an ampli-
tude at the comparator input e. In the closed loop SOPA system e will be the error
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signal. The describing function can be calculated as follows:

Note that the error signal e. denotes the amplitude measured at the input signal fre-
quency, while A denotes the amplitude at the limit cycle frequency. The describing
function technique splits the signals at the different frequencies under considera-
tion. In this way different amplitudes can be regarded at the same spatial location.
From equation 8 the following qualitative conclusions can be drawn:

if the error signal is reduced by the feedback loop in such a way that the
error signal amplitude e becomes smaller than the limit cycle amplitude A
calculated from (6), the transfer function becomes independent on the error
signal itself. Thus the switching comparator behaves as a linear amplifier
for the input signal. Equation (8) in that way imposes also a limit on the
maximum output signal swing of the system.

since for low error signals e, the gain of the comparator reduces to the single
sinusoid describing function N(A)/2. The loop transfer function thus always
have a fixed point in the complex planes governed by the limit cycle amplitude
and frequency. The limit cycle oscillation thus acts as a natural dither who
measures the output inaccuracies by the Barkhausen criterion (6) and adapts
the loop transfer function to counteract the change in output characteristic.
This phenomenon is called self-adaptivity of a non-linear circuit [19] and
is very useful in a line driver where the output impedance can vary due to
the environment. This is advantageous compared with the natural sampling
technique.

Since the input signal is approximated by a continuous time, discrete am-
plitude signal and not by a discrete time, discrete amplitude signal as in the
digital modulation schemes. This will lower the quantisation noise compared
with e.g.

4.2. Coupled SOPA amplifiers

A complete SOPA line driver is a bridge-like connection of two basic SOPA ampli-
fiers. The line transformer, which is always present in wire-line communications
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for galvanic isolation, forms together with the parasitic output impedance of the
output stage, the coupling between the two basic SOPA amplifiers. The bridge
connection allows a doubled output-swing for the same supply voltage. However,
the major advantage of this configuration is the phenomenon of oscillator pulling
between the limit cycles of both basic SOPA building blocks. Since both SOPAs
are un-clocked oscillator pulling towards common mode is always the dominant
oscillation mode even for low coupling factors. In this way the mean switching
frequency becomes common mode for the primary of the line transformer and
thus filtered out. The simulated spectra for an un-coupled SOPA and a coupled
SOPA are given in figure 9. Since the limit cycle frequency becomes common
mode due to the oscillator coupling, it is completely suppressed at the output. It
can also be shown that the modulation peaks in the odd limit cycle bands are at
even multiples of the input frequency [20]. Since the input signal is counter mode,
these even harmonics will be common mode at the output. In figure 9(b), it can be
clearly seen that the complete odd limit cycle bands are suppressed. This roughly
doubles the signal bandwidth and relaxes the output filters specifications, since
the energy in the even limit cycle bands is much lower than in the odd bands.

The previously described SOPA is often called a zeroth order line driver. Distor-
tion levels of this structure are only dependent on the signal levels on the output

4.3. Higher order improvement
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node, and are thus only determined by the supply voltage. To improve the lin-
earity of the line driver, a noise shaping technique, not unlike the one used in

is introduced in the SOPA principle. Figure 10 shows a simplified
model that will be used to explain the noise shaping technique. If we calculate the
transfer from the input to the output, we will find :

In (10) denotes the limit cycle amplitude. Since the limit cycle oscillation ful-
fills the Barckhausen criterion and has a higher gain for lower frequencies,
the term will always be larger than 1 /2 for frequencies lower
than the limit cycle frequency. The input output relation thus will approximately
be a unit gain relationship. The same calculation for the transfer of the distortion
term to the output gives:

This equation will tend to zero for high loop gain of the forward filter and
frequencies below the limit cycle frequency. Since an ADSL contains a large
number of tones which are uncorrelated, we can approximate the contribution of
distortion to the ADSL-signal as a white noise source The output can thus be
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described as :

Since the loop filter is low-pass, can be approximated to 1. By stating
(11) is approximated to :

The output distortion is thus shaped by the inverse of the forward filters. An inte-
grator is thus an ideal forward filter for its high in-band gain, like noise-shaping is
constructed in a In the following we will define a n-th order SOPA
as a SOPA with n integrators in the forward path.

Figure 7 shows a realization of a zeroth order SOPA line driver in CMOS
technology. A third order loop filter is used to construct the limit cycle oscillation.
The schematic is shown in figure 11(a). The different building blocks are grouped

5. Design Example
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corresponding to the block schematic of figure 7. It also reveals clearly the no
shoot-through circuitry that is include to improve the output efficiency. Also the
binary tree layout of the output inverter to obtain an equal current spread can be
clearly observed from the chip photograph.

Figure 12 shows a Missing Tone Power Ratio (MTPR) measurement for the
SOPA line driver of figure 11. For this test a DMT spectrum of 185 tones is ap-
plied to the line driver. Tones 50,100 and 150 are left out to collect the distortion
power. The ratio between the output power and the power collected in these an-
tenna tones is the MTPR and a good measure for the maximum bit-error rate that
is achievable through the channel. From these measurements it becomes clear that
the SOPA line driver is compliant with the ADSL G-Lite specifications and this for
an efficiency of 41% which is much higher than what is theoretically achievable
with a class AB or a two supply segmented class G power amplifier.

In order to reach ADSL and VDSL specifications, a third order SOPA power
amplifier has been designed and processed [22, 23]. The output stage can be
clearly seen. The drivers take more than one third of the overall chip area. The
used integrators can also be clearly distinguished. The sizing towards the output is
done be scaling the integrator capacitors. Since the non-linearity of an integrator
is shaped by the preceding integrators. Therefor, the specifications of the first in-
tegrator will be the most stringent. In order to meet the linearity specifications the
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resistive source degeneration has been used. Figure 14 shows the schematic used
in the third order design. The integrator used, has four inputs to make a fully dif-
ferential output. The increase in power supply rejection ratio is mandatory since
the continuous time integrator operates in an environment of high power switch-
ing currents. The supply lines of the most critical analog building blocks are also
decoupled as close as possible to the blocks themselves as can be observed from
the chip photograph.

The linearity improvement by the resistive source degeneration is given by:

Since the integrator’s unity gain frequency is given by:

equations (13) and (14) together with the maximal allowed kT/C-noise will fully
determine the integrator’s sizing.

The measurement results of both line driver designs are summarized in table 2.
From these the improvements by going to higher orders are clearly visible.

The class D power amplifier technique has been popular for decades in the design
of highly efficient audio output amplifiers. Recently, due to the advent of novel

6. Conclusions
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modulation techniques like DMT, these type of switching power amplifiers reap-
pear in the general research picture. Due to their high efficiency, which is barely
dependent on the high CF of those modulations, class D line drivers are the key
component for high density central office xDSL boards.
An important family of class D line drivers, the self oscillating power amplifiers
has been presented. The important phenomenon of oscillator pulling towards syn-
chronization improves the bandwidth by a factor of 2 while the output filter spec-
ifications are heavily relaxed.
The two presented SOPA line drivers prove that even for high demanding systems
like xDSL, it is possible to design compliant self oscillating class D line drivers in
a submicron CMOS technology.
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The limitations of Class AB topologies for xDSL applications are presented. A
general discussion of Class G/H/H-like amplifier topologies for xDSL
applications follows during which a theoretical power consumption derivation of
these systems driving discrete multi-tone (DMT) waveforms is presented. From
this discussion, circuit examples of each of the three topologies are presented
processing identical signals and delivering identical powers for total power
consumption comparisons. Finally, several measurements of the AD8393 (Class
H-like) ALP system are given.

The discrete multi-tone (DMT) modulation employed in ADSL systems creates
a waveform with high peak to rms levels (crest factor or CF) that poses severe
challenges for the design of power efficient, high output current line drivers.
Central Office applications require that an average of 20.4dBm(110mW or

differential) be delivered to a phone line, but peak signals can
require a 36x (3.9W or differential) increase in instantaneous power.
Supply voltages on many Class AB drivers are typically set to +/-12V to handle
peak signals resulting in total supply power consumption, TSPC, in the range of
1W. This TSPC includes IC power dissipation, line power dissipation,
transformer and back termination power losses.

Reducing the power consumption, regulated power supplies, and overall
component count of these line driving systems has become a focal point as line
card densities go beyond 48 ports. One recently reported single 15V DC supply
driver delivered 20.4dBm of line power for 1.1 W of TSPC [1], while another
dual supply, +/-12V, driver achieved this goal for 740mW of TSPC and had all
of the resistive gain network integrated on chip [2]. In an effort to remove all
regulated supplies, one fully integrated interface (analog front end and line
driver), which included the line driver function, achieved full rate line power for
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a total power consumption of 2.6W (of which the line driver DC current
component was 10mA on an unregulated –48V supply) [3].

Several power reduction techniques exist to optimize the efficiency of ADSL
driver systems. Many designs now incorporate what is referred to as active line
termination [4]. An example of this is illustrated with figures 1 and 2.

Figure 1 is an amplifier application whose gain and output impedance can be
expressed as:

In an xDSL application, this circuit will be driving a transformer and it’s output
impedance will be required to match that of a reflected load thru the transformer.
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The price paid for this is a 2 to 1 drop in voltage from the output of the amplifier
to the load. To accommodate this voltage drop, the amplifier supply voltage
must be increased. This increases the power consumption of the circuit.

Figure 2 shows the same amplifier with an active termination to generate the
output impedance. The gain and output impedance of this circuit can be
expressed as:

This technique provides the same output voltage to a load on lower supply
voltages while still providing proper return signal termination through a
combination of positive and negative feedback. The drop across resistor Rm can
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be as low as 0.1x that of the load resistance drop. Efficiency is improved but a
penalty is paid in the form of return signal attenuation and resultant signal to
noise ratio degradation.

While active line termination reduces the power loss due to back termination,
thus improving the system efficiency, it does nothing to improve the driver
efficiency. For a standard Class AB amplifier using active line termination, the
1W TSPC can improve to around 750mW.

Another technique gaining attention is the use of multi-supply (Class G)
topologies utilizing 2 sets of power supplies. This system turns on a higher
supply voltage when the output signal surpasses a threshold level. The intent is
to operate the driver from lower supply voltages most of the time resulting in
reduced TSPC. Active line termination has been used in these systems and
TSPC values have been reported down to 695mW on +/-5V and +/-15V
supplies, and 610mW on +/-4V and +/-8V supplies [5,6].

Similar to the Class G system is the Class H/H-like amplifier system. Typically
these systems have supplies that vary linearly based on analog signal levels.
With this technique, the improved efficiency of Class G can be obtained without
the need for a secondary supply. Class H-like amplifiers having TSPC’s in the
range of 600-700mW have recently been reported [7,8].

Note that throughout this discussion, references to Class H/H-like will be made.
This is done as there are several amplifiers claimed as Class H [9, 10] that are
slightly different than the system topology to be discussed. The author would
like to note that several references to Class H systems have slightly different
pretenses and thru discussions with others, has come to the conclusion that the
Class H terminology was designated to differentiate it from Class G and that
there seems to be no unified definition for Class H.

2. Efficiency

Before covering circuit operation of Class G/H/H-like topologies, it is instructive
to analyze the theoretical efficiencies of traditional Class AB, Class G and Class H
systems when processing a DMT signal. This analysis helps generate the
motivation for applying Class G and Class H amplifiers to xDSL systems. Figure
3 represents a typical DMT waveform in the time domain. The crest factor (CF) of
the waveform is 5.3, and assuming a load, the power is 20.4dBm. What is
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unique about this waveform is the aperiodicity of its peak. This waveform results
from the combination of 224 QAM like signals from 130kHz to 1.1Mhz spaced at
intervals of 4.3125kHz. The addition of these QAM signals creates a signal with
an approximate Gaussian amplitude distribution. The peak occurs when many of
the channels align in phase.

Figure 4 shows three different ideal line driver systems: Class AB, Class G and
Class H-like. While the diagram shows single ended operation, for DSL, all
drivers operate in a differential configuration. Additionally for this exercise, it is
assumed that there are no losses due to coupling or back termination.
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With reference to figure 3, Class AB system supply voltages are set to handle peak
signal voltages at all times. For an rms level of 3.3V and a CF of 5.3, the supplies
of an ideal Class AB system can be set to no lower than
([5.3*3.3]/2). In the ideal Class G system, the primary supply voltages are set to
process the rms level of 3.3V while the secondary supply voltages
are set to the peak level of Switching between supply voltages can
be based on input or output signal levels, or from an external signal. In the ideal
Class H/H-like system, the supply voltage is set to process the rms level with a
single supply. Input sampling circuitry boosts internal supply voltages
to the required level (5.83V*3=17.49V) to process peak signals at the amplifier’s
output.

The theoretical efficiency of an ideal Class G and Class H/H-like system has been
derived [7] and can be restated (assuming zero amplifier quiescent power, in a
practical manner as:
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where A is the number of standard deviations above the rms signal level for the
primary supply and is defined as:

And B is similar but related to the secondary supply, present in Class G
systems and is defined as:

Note that for headroom constraints in the Class H/H-like system:

For example, to obtain the maximum efficiency in an ideal differential Class G
system where A=2, and the CF=5.3; the primary supply, would
be set to +7-3.3V while the secondary supply, is +/-8.75V. The ideal
maximum efficiency for this condition would be 51%.

For an ideal Class H/H-like amplifier system, the ideal maximum efficiency for
this same condition would be 58%.
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Note that, for Class G and H/H-like systems, as the primary supply voltage,
increases, the following begins to occur:

The second denominator term in equations (5) and (6) becomes less significant as
power consumption in the primary supply begins to dominate. Additionally, as the
primary supply voltage approaches the minimum required to process the CF in a
Class AB system (+/-8.75V), the efficiencies (5 & 6) become that of a Class AB
amplifier, which can be shown to be:

Under the same CF conditions above, the ideal efficiency for a Class AB amplifier
would be 23.6% at a supply voltage of +/-8.75V.

Figure 5 plots the ideal efficiency vs. primary supply voltage, for the above
efficiency equations (5), (6) & (10). It compares the three ideal amplifier
topologies processing a DMT signal. Again, the CF is 5.3, the rms line voltage is
3.3V (20.4dBm into and it has been assumed that there are no losses due to
back termination, line coupling, diode drops, amplifier headroom, etc., for all
systems. Also, the switching point for the Class G and Class H systems was set
equivalent to A, eliminating headroom loss and maximizing efficiency for both
systems.
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The graph is illustrative in a number of important ways:

First, an ideal Class AB system can only operate at minimum supplies of +/-8.75V;
The best efficiency an ideal Class AB system achieves for this

supply is 23.6%. This equates to an ideal TSPC of 464mW. In practice, this is not
realizable as supply headroom and the amplifier quiescent power will increase
power dissipation. Additionally, losses due to back termination and coupling add
power to the TSPC. Typically, Class AB topologies today are operating on supply
voltages of +/-12V. The ideal efficiency at this supply level is 17.2%. Again,
assuming no amplifier TSPC is 633mW. If 5mA of amplifier quiescent current
is added, TSPC rises to approximately 753mW, the minimum total supply power
consumed a Class AB amplifier can achieve when driving 20.4dBm into
with a CF of 5.3; assuming no back termination or coupling losses.

Second, for the Class G and Class H/H-like system, the ideal efficiency reaches
40% as the total supply voltage is dropped to 10V (Vs1=5V). For the Class G
topology, the ideal efficiency will approach a maximum of 51% as total supply
drops to 6.6V. For the Class H/H-like topology, the ideal efficiency approaches
55% for this same total supply voltage. For both systems, this is of little practical
use, as headroom requirements will usually dictate the use of higher supply
voltages.
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Additionally, both systems will have losses due to back terminations, coupling and
diode drops. However, these systems can be operated on a total supply range of
10-12V setting the ideal efficiency range at 35-40%.  If the amplifier Iq is set to
7mA in the above example, on 12V of total supply, the Class G/H/H-like amplifier
systems can generate the same 20.4dBm to the line on less than 425mW of TSPC
(assuming no other losses).

As mentioned above, there will be practical limitations to obtaining the theoretical
best efficiency with all systems.

3. Class G topology

Figure 6 is a simplified schematic of a generic single ended Class G system. The
schematic shows primarily the operation of the output stage of a Class G system.
When the circuit is processing rms voltage levels, current drawn from the supply
labelled Vorms/2, passes thru diode D1 and transistor Q1 and into the load.
During this operation, transistor Q2 is off and no current is drawn from the supply
labelled CF*Vorms/2. When a peak occurs, the voltage at node Vout increases to
the point where transistor Q2 now becomes active (as the base of transistor Q2
increases with Vout via Z1). During this operation, diode D1 becomes reverse
biased and current is drawn from the supply labelled CF*Vorms/2. The current
path now consists of transistors Q1 & Q2 and is passed into the load. As peak
signals occur rarely [11], minimal current is drawn from the higher supply voltage
and overall IC power dissipation is minimized.



343

When designing this type of amplifier there are several design challenges that
should be addressed:

This topology requires an extra set of supplies. The extra hardware/supply busing
that is required may limit the circuit’s ability in increase the number of ports per
board.

The voltage drop thru zener Z1 must be accounted for in the
high current supply, which adds power consumption. This can be overcome by a
zero overhead approach to be discussed later.

There are timing complexities that must be dealt with. The supplies can be
triggered either internally via the incoming signal or externally with a control
signal.

Transistor Q2 ultimately must handle the same peak current as Q1, whose area is
sized to handle the large peak currents. This increase in area will add cost to the
final solution.
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As mentioned above, the zero overhead approach is one way to overcome the large
voltage drop in the above design [6]. The functional operation of this approach is
shown in figure 7. Again, there are two sets of supplies, but it is how these two
supplies are presented to the amplifier that is unique. The signal that controls the
supply that powers the output stage is VPSW. When the amplifier output signal
level is predicted to overcome the lower supply voltages, VPSW will switch to the
higher supply as shown in figure 8. When done so, the higher supply is passed
thru the buffers to power up the output stage during the peak signal event. This
architecture operates without the need for large voltage drop zener diodes.
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Again, there are several design challenges/issues that should be addressed:

This topology still requires an extra set of supplies. The extra hardware/supply
busing that is required may limit the circuit’s ability in increase the number of
ports per board.

Peak prediction of the incoming signal. It is important to note that the peak signal
is the phase sum of the available channel signals. This level can be altered by
board/system parasitics that the predictor may not be aware of, thus causing
potential mis-switching of the supplies. This architecture will work best if AFE
and line driver are on the same piece of silicon where parasitics can be controlled.

The switches that the high supply passes thru must have low resistance as they will
also be passing peak current. This adds to the die area.

With these switches, shoot thru currents and edge coupling must be dealt with and
eliminated.
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Figure 9 is a simplified schematic of a generic single-ended Class H/H-like system.
When a large peak voltage signal reaches node IN, the emitter follower, Q1, along
with diode, D1, and capacitor C1, drives the voltage at node VCCP above VCC in
the shape of an amplified version of the input signal. Peak current flows through
transistor Q1 and capacitor C1 on its way to the load. Diode D1 is reverse biased
providing isolation to the DC supply applied to VCC. The threshold voltage for
activation is set by a combination of gain in the signal conditioning path and the
time-averaged voltage across the capacitor C1. Some of this occurs in the block
labeled SC. Below this threshold voltage, the load current flows through diode D1
and into the driver amplifier. Current source, I1, recharges the capacitor in time
for the next peak.

For ADSL DMT signals, given a probability of clipping, the interval between
peaks can be determined for a frame length and total number of samples per frame.
Assuming ideal Gaussian statistics, the probability that a peak occurs varies from
once every 4.6s for a 5.3CF up to once every 7.6min. for a 6.4CF [11]. Since the
peak appears infrequently, the current I1 and capacitor C1 are relatively small as
the recharge rate is much shorter than the time between voltage peaks. Since the
DC supplies are set to handle the rms level plus headroom, power reduction is
substantial as the internal voltage supplies only increase on peak signals.

4. Class H topology
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While this topology is more eloquent when compare to the two Class G approaches
above, it is not without design challenges/issues. These include:

Extra diodes and capacitors for proper operation. While requiring less board area
than an extra supply, these still are of concern. However, a process with a good
Schottky diode can be used to limit the extra components. This will add slightly to
die area.

There are timing complexities that must be addressed when firing the pumps. The
pumps can either be activated via an external signal or from the incoming signal
waveform.

Transistor Q1 will handle the same peak current as the output transistor, therefore
it must be sized appropriately. This will add to die area.

While each of the above three examples will save power over the Class AB system,
they do so for a slight cost adder. Eventually, end users will determine the value of
this power savings and decide their worthiness for ADSL applications.

5. Circuit examples

It is instructive to compare the three amplifier classifications (AB, G and H) while
driving similar signals under similar DC operating conditions. Figures 10 and 11
shows a Class AB amplifier in a non-inverting gain of about 19 without active
termination. Figures 12 and 13 do the same for Class G while figures 14 and 15
presents a Class H/H-like amplifier. Note that the Iamp circuit block in figure 14
is the same as figure 11.
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The Class AB amplifier in figure 11 is a standard current feedback block. The
input buffer (Q1, Q2, Q4 & Q5) mirrors the signal to the high impedance node
(base of Q11, Q14). From there, the signal is buffered to the output via transistors
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Q3, Q10, Q11 & Q14. This block is designed to drive over 300mA of peak
current.

The Class G amplifier in figure 13 is very similar to the Class AB amplifier in
figure 11. It has been fitted with a couple of extra devices (Q12 & Q13) and
diodes (D1 & D2) to make Class G operation possible. During small signals, the
amplifier is powered thru diodes D1 & D2. During peak signals, transistors Q12 &
Q13 will activate pulling the internal supply rails above VCCL/VEEL. During this
time, the diodes, D1 & D2, are reverse biased and the amplifier is powered by
VCCH/VEEH thru devices Q12 & Q13. As such, devices Q12 & Q13 must be
sized similarly to devices Q3 & Q10 if proper distortion is to be maintained.
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The Class H-like amplifier in figure 14 contains both the Class AB amplifier of
figure 11 along with an Adaptive Linear block shown in figure 15.
During small signals, the amplifier is supplied by VCC and VEE thru diodes D1 &
D2. When the incoming signal becomes large enough to trigger the ALP

signals at nodes VCCP & VEEP increase to reverse bias diodes D1 &
D2. During this time, peak current passes thru transistors Q1 & Q2 in figure 15.
Again, since these devices are passing peak currents, they need to be sized
similarly to the output devices of the main amplifier if proper distortion is to be
maintained.
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All three topologies will be processing the same incoming level of DMT signal and
with the same gain, will have identical signal levels at their outputs.  The Class AB
amplifier will be biased with +/-12V of DC supply.  The Class G amplifier will
have both +/-6V and +/-12V DC supplies.  The Class H/H-like will have +/-6V DC
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supplies. All three will have a DC quiescent current of about 10mA. This DC
current level is fairly reasonable considering that all three will be processing the
same level of output signal. Additionally, the main amplifier topology is essentially
the same for all three examples. What is slightly optimistic for the Class G/H/H-
like is that the extra current needed to run peripheral circuitry is not included.
However, these examples serve as a good starting point to help one better
understand the operation of these different types of amplifiers and appreciate their
power savings. Each amplifier will put out about 13dBm of line power and have
similar MTPR distortion properties.

Figure 16 is the time domain plot of the Class AB amplifier. The supplies are
more than adequate to handle the signal swing. However, as this peak occurs
infrequently, this extra headroom is not necessary and power is wasted. Figure 17
is the time domain plot of the Class G amplifier. The lower supplies are shown in
blue and are clearly not large enough to handle the peak output signal swing. The
higher supplies are shown in red and current is drawn thru these when the output
signal gets large enough. Figure 18 is the time domain plot of the Class H
amplifier. Note that while the amplifier output surpasses the lower supplies, the
pumping supplies support a much larger voltage as evident from the plot.
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The rms output levels of each circuit are show in figure 19. All three amplifiers
are processing the same signal. Figure 20 shows the power dissipations of each
amplifier system. Note that while the Class AB amplifier TSPC is slightly more
than 450mW, the Class G and Class H/H-like is slightly less than 250mW.
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One type of Class H-like system is Analog Devices’ AD8393. This system will
generate 24V of AC power supply swing on only 12V DC of supply.

Figure 21 is a scope photo of the driver amplifier output voltages vs. time along
with the internal pumped voltages (VCCP & VEEP) of the AD8393 and external
fixed supplies (VCC & GND). The photo shows VCCP and VEEP tracking the
output signal and exceeding the magnitude of the fixed external supplies by 6V
above VCC and below GND. This 24V AC swing on the VCCP/VEEP bus
permits the outputs of the amplifiers, VOUTP & VOUTN, to swing 18V on the
12V DC supply when the high input crest appears.

Figure 22 is the MTPR measurement for this waveform in a resistive load
application reflected thru the 1:1.1 transformer). This is equivalent to
driving 20.4dBm into At 800kHz, MTPR was better than –70dBc. The
TSPC from this plot was 650mW.

6. Class H-like (AD8393) system measurements
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Figure 23 are the results of this amplifier cut into an existing reference design that
was optimized for a Class AB amplifier. For the two line conditions presented, the
TSPC ranges from 600-684mW while maintaining better than 1E-7 BER both
upstream and downstream.
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Clearly much progress has been made with Class AB amplifiers in reducing the
TSPC in ADSL applications. However, this power reduction has asymptotically
reached it’s maximum efficiency and further reduction will be limitied. Also, with
the emerging ADSL2/2+ standards along with the desire to broadcast video on
demand over phone lines, the TSPC of Class AB amplifier systems will increase
beyond today’s levels back close to 1W. With these new requirements and the
nature of the DMT waveform used in ADSL, the environment for Class G and
Class H/H-like amplifiers is favorable for power reduction beyond today’s Class
AB amplifiers even with the emerging standards and applications. The work
presented here not only provides a theoretical basis for these claims, but also basic
circuit concepts to help understand how power reduction is possible with Class G
and Class H/K-like amplifiers.
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Abstract

Realization of the electrical-physical layer for the USB 2.0
standard requires sophisticated mixed-signal electronics. The
combination of the new 480 Mb/s high-speed mode together with
backward compatibility with USB 1.1 is technically challenging.
In this paper the essential parts of the USB protocol are described
and important system trade-offs are discussed. Furthermore, the
structure and operation of the PHY are explained and
implementations of some critical building blocks are shown. The
use of integrated calibrated resistors in order to minimize the
number of external components is described. Finally, silicon
realizations are shown and measured results are presented.

1. Introduction

The Universal Serial Bus (USB) is a widely accepted interface for PC
peripherals today. Ease-of-use and the possibility of low-cost implementation
have contributed significantly to its success. The low-speed (LS) and full-speed
(FS) modes, at 1.5 and 12 Mb/s respectively, were defined in the USB 1.0
standard in January 1996 [1] and in its revision, USB 1.1, in 1998 [2]. A
consortium of companies composed of Intel, Microsoft, Compaq, Philips, HP,
Lucent, and NEC started working on the extension of the bandwidth in early
1999. This resulted in the addition of a new 480 Mb/s high-speed (HS) mode,
which has been included in the USB 2.0 standard, released in April 2000 [3].

The structure of a general USB network is hierarchical, with one host
controller (usually a PC) at the top tier and up to 127 device functions at the
endpoint nodes. The network is constructed using cables, each of which can be
up to 5 m long, and hubs, which route and distribute the signals between devices
and the host (cf. Figure 1) The network is allowed to have up to 6 tiers,
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corresponding to a host with 5 cascaded hubs, which implies a maximum of 6
cable connections between the host and any device. Hot plug-and-play,
foolproof operation, and high fault tolerance are important features of USB.

In a classic USB network all communication is initiated by the host, which polls
all devices. During initialization or reset of any connection the mode of
operation is negotiated, after which packet based communication becomes
available at the highest possible speed.

USB establishes on FS/LS connections a 1 ms time base, called a frame,
and on high-speed connections a time base, called a micro-frame. Frames
and micro-frames are indicated by Start-of-Frame packets (SOF, micro-SOF)
and may contain several transactions.

The USB 2.0 standard is backward compatible with USB 1.1, which
means that devices from both standards can be used in the same network.
However, the HS mode of any device can only be exploited if everything from
the host down to that device is HS capable. In order to prevent lower speed
traffic holding up the high-speed bus traffic in the upper tiers, speed switching is
applied. The first HS capable hub in the chain converts the LS and FS packets to
HS transactions for further communication with the host. Issues of this type are
handled at the protocol/hub layer.
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The recent development of USB On-The-Go (OTG) enables the
possibility of making a single point-to-point connection between two devices.
OTG targets cases where no PC is available, like for example the connection of
a digital camera to a printer. An OTG peripheral can have the following
enhancements: limited host capability to communicate with other selected USB
peripherals, a small USB connector to fit the mobile form factor, and low power
features to preserve battery life.

The remainder of this article describes the electrical/physical layer of the
USB 2.0 standard. This includes channel characteristics, transmission modes and
interoperability, line-coding and signaling, packet formats, phase alignment, and
data transmission, reception, and repetition.

The physical layer interface is the connecting module between the cable
and the inner protocol logic for every port of a device. This is illustrated for the
HUB at tier level 3 in figure 1.

A block diagram of the USB physical layer interface is shown in Figure 2.
This sophisticated mixed-signal module contains output drivers, receivers, level
detectors, terminations, high-speed logic (for CODEC, SERDES, FIFO and data
recovery), and reference circuits, such as a band gap, power-on-reset, crystal
oscillator, and PLLs. The blocks in the dashed box are also needed for USB 1.1,
although control functionality has increased. However, most of the circuitry is
inside the dotted box, which is the part required for high-speed operation.
Additionally, the resistors for line termination and protocol signaling, which
were previously realized externally, are now integrated inside the IC.
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2. The transmission channel

A connection between any two devices consists of a cable, two pairs of
connectors (A/B - male/female) and some PCB tracks at both ends, which carry
signals to the ICs. For the relatively low bit rates of USB 1.1 (1.5/12 Mb/s) the
channel requirements are pretty loose compared to what is required in USB 2.0
for HS at 480 Mb/s.

For USB 2.0, PCB requirements are given by a TDR specification, which
specifies nominal characteristic impedances, permitted level of discontinuities
(parasitic components), and PCB track delays.

Figure 3 shows a cross-section of the USB cable as specified in the 1.1
standard. It consists of a twisted pair for the data signal, a supply pair, and some
filler material, surrounded by a shield of foil and braid including a drain wire,
and finished with a PVC outer isolation [1, 2]. One of the issues that had to be
addressed for the USB 2.0 standard was whether or not new types of cable and
connectors needed to be defined for the HS data rate. However, characterization
of the installed base of USB cables showed that USB 1.1 compliant cables were
actually good enough to allow much higher-speed signaling. Therefore, slight
modifications of the specification were sufficient to allow HS mode
communication over the same type of cables, thus ensuring full backward
compatibility with USB 1.1. One such modification was the extension of the
frequency range, for the cable transmission loss specification, to 400 MHz.
Figure 4 shows the specified maximum loss, together with measured results, for
a typical 5 m cable. High-frequency losses are caused by the skin effect,
dielectric losses, and coupling effects.
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Furthermore, maximum skew and delay are more tightly specified at 100 ps and
5.2 ns/m respectively. A common-mode characteristic impedance specification
of ± 30% has been added, while the differential characteristic impedance
specification is maintained at ± 15%.

Given the specified characteristics of both the cable and the total channel,
requirements for USB transceiver modules are derived and defined by means of
eye templates at the connectors for receive and transmit, including test
conditions. In this way reliable data transfer is guaranteed and interoperability
between PHYs of different vendors is enforced.
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3. LS and FS mode signaling

The signaling level for LS and FS is 3.3 V, just as in USB 1.1. The cable is
driven by a pair of slew-rate controlled drivers, with an output impedance
specified at ± 10% for USB 2.0 (Figure 5). The source termination scheme
implies full-swing signals on the bus without DC power consumption. However,
this comes at the cost of full signal reflection at the receiver side. The slew-rate
control reduces EMI and enhances symmetry of data crossovers. Three of the
four possible states of the pseudo-differential driver are used: differential ‘1’ and
‘0’ states for data packets, and single-ended-zero (SE0) for protocol handling.
The condition where both outputs are high (SE1) is a forbidden state (Table 1).

The analog front-end of the receiver consists of a differential comparator-
amplifier to recover the data and two single-ended detectors to detect the state of
the bus. Hubs in LS and FS mode amplify the signal and re-transmit it, thereby
largely removing reflections and glitches, but do not perform timing recovery.

4. HS mode signaling

In HS mode, low-swing (400 mV) differential signaling is applied. In this case,
the bus on both sides is terminated to ground with ± 10% resistors, giving
the correct differential impedance and a reasonable common-mode impedance
match (Figure 6). This results in high robustness, while keeping power
consumption at an acceptable level. Termination resistors can be reused because
a USB 1.1 driver, which drives SE0, gives the right terminations for HS mode.

During data transmission a differential pair current driver switches a
constant current between the two outputs. This current flows into the termination
resistors, thereby generating a differential voltage swing. In the absence of data
packets, the driver current can be drained to ground via a third switch path, or
the current source may be switched off. In practice a combination of both of
these measures is employed to reduce power consumption and relax the on/off
switch-time requirements of the source.
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Limited-swing pre-driver circuits reduce capacitive throughput. Their
low-crossing point for transitions minimizes the ripple at the common tail node.
Pre-driver outputs are pulled to the positive supply during other modes in order
to prevent large leakage currents via the PMOS output devices.

Switching off the output current brings the bus into HS Idle state, which
equals SE0 for LS and FS. The resulting common mode steps cause no problems
if sufficient common mode input range is preserved in the differential receiver
circuits. The reception of signals is fully differential and a differential input
amplifier stage delivers the input signal to the data sampling and recovery unit.

Figure 7 shows measured differential HS signals at the near-end and far-
end connector of a 5 m cable at the beginning of a packet. This figure clearly
illustrates the delay and losses of the channel.

In order to distinguish data signals on the bus from noise and disturbance,
a squelch detector is included, which measures when the differential receiver
input signal amplitude exceeds a certain threshold between 100-150 mV. The
detector must indicate squelch when the magnitude of the differential voltage
envelope is 100 mV, and must not indicate squelch if the amplitude of
differential voltage envelope is 150 mV. The implementation of the squelch
circuit is shown in Figure 8. The circuit compares the level-shifted differential
input signal with the reference voltage levels across resistors R1 and R2. These
reference levels are derived from a band gap reference circuit. If the input
amplitude exceeds the reference level in either direction, one of the comparators
switches and node ‘s’ is forced high. The current limited discharge of this node
provides a filtering function, which prevents the squelch circuit output reacting
to differential data crossovers.
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In HS mode, due to much higher frequencies, signal dispersion in the
channel is too severe to repeat the signal in a hub by amplification only, as in
LS/FS modes. For this reason, every hub must recover incoming HS data
packets and re-time the data to a local clock before repeating them. For these
hub repeaters there is, besides the squelch detector, an additional check on the
synchronization sequence (SYNC) at the beginning of a packet in order to
reduce the probability of noise propagation in the system.
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5. Mode detection

Apart from data signaling, there are mechanisms implemented to determine the
mode of operation between two PHYs in order to exploit the highest possible bit
rate. Figure 9 shows the required configuration around the cable for this ‘mode
signaling’. This includes the previously discussed LS/FS and HS drivers and
some additional resistors. Note that the LS/FS drivers, driving SE0, provide a
correct termination for the HS current driver.

In accordance with the structure of the bus, ‘mode signaling’ is always
top-down. At the host side of each connection there are two pull-down
resistors Rpd, which generate a soft low on the bus (soft SE0) when nothing else
is driving the bus actively high. Furthermore, the termination resistors and
several drivers for each mode can all be disabled separately. Finally, in upstream
facing ports, there is a pull-up resistor Rpu connected to either DM or
DP, for LS and FS/HS devices respectively, which must be switchable for HS
capable devices. This pull-up resistor creates a differential ‘0’ on the bus for LS
and a differential ‘1’ for FS/HS devices, assuming no driver is active and HS
terminations are disabled.

At the instant of initialization of a connection a downstream facing port is
in soft SE0 state due to the pull-down resistors. If a LS device is
connected, its pull-up resistor on DM generates a differential ‘0’ (LS-J), which
is detected by the legacy level detectors on the host side, and the connection
enters LS mode. A long SE0 (10 ms) is transmitted downstream to reset the
connected device. Before the HS mode was specified, the procedure for FS was
similar except that, in that case, a DP pull-up generates a differential ‘1’ (FS-J)
on the bus. However, in the USB 2.0 standard this procedure has been extended
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to allow an additional HS mode while maintaining backward compatibility with
USB 1.1 devices.

A speed negotiation protocol, known as ‘chirping’, has been introduced to
allow a USB 2.0 hub/host to detect USB 2.0 device connections. If a HS
capable, downstream facing port detects a differential ‘1’ on the bus, it sends an
SE0 and starts a timer. If a HS-capable device is connected to the downstream
side, it should respond with a Chirp K on its upstream port within 7 ms for a
fixed amount of time. Chirp K means that the HS current driver of that device
drives a K state on the lines without enabling its HS terminations. This generates
a K state on the bus, with approximately 800 mV amplitude. This level is too
low to be detected by USB 1.1 level detectors, but is easily recognized by the
HS capable, downstream facing port. Note that, without driving a Chirp K, the
bus would show a ‘tiny J’ because of the FS pull-up resistor. After receiving the
Chirp K, the downstream facing port switches to HS mode because it knows that
the connected device is HS capable. After the Chirp K ends, it responds with a
fixed number of slowly alternating Chirp J and K states. This tells the connected
device that the downstream facing port is also HS capable. When the device
recognizes this sequence it switches to HS mode, which completes the chirp
protocol.

The chirp will fail if one side of the link is not HS capable, because either
the Chirp K is not transmitted, or the downstream port will neither detect it nor
respond to it. In this case both sides will enter FS mode. The situation where
both sides are not HS capable corresponds to the conventional USB 1.1 case.
The chirp procedure is depicted in Figure 10.
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6. Data encoding

In order to balance data and generate sufficient data transitions on the bus, NRZI
encoding with bit stuffing is employed. NRZI means that, for each zero, the line
state is inverted, whereas for ones the line state remains unchanged. In order to
limit the maximum run length in case of long strings of ones, a zero is ‘stuffed’
into the stream after every 6 consecutive ones, thus forcing a transition of the
line state. This operation, known as bit stuffing, is performed even when the
bit is a zero, in order to avoid ambiguity at the receiver. This method implies
that there is at least one signal transition every 7 bit periods.

This encoding method trades a small data rate penalty (< 1% for random
data), for improved performance. The drawback is that this makes the effective
throughput slightly data dependent, which implies that the speed of the PHY’s
parallel I/O data busses at the system side, need to be controlled to match the
bus transfer rate. This is implemented by holding these busses for an extra clock
cycle, when the PHY has encountered so many bit stuffs that it is still processing
the previous parallel word.

7. Packets

A packet (Figure 11) is composed of a Synchronization (SYNC) sequence, a
packet field, and an End-of-Packet (EOP) sequence. The packet field is made up
of a Packet Identifier (PID), a field (DATA) containing control bits, address
information, or user data depending on the packet type, and a Cyclic
Redundancy Check (CRC) code, for error detection.
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Although the structure of packets is similar for different modes, the
sequences for SYNC and EOP are different. In LF/FS mode the SYNC consists
of 8 bits, KJKJKJKK, whereas in HS mode a SYNC consists of a total of 32 bits
composed of alternating Ks and Js and ending with two Ks.

The process of squelch detection, clock timing, and data recovery in HS
mode may result in a loss of SYNC bits in repeaters. For this reason, a longer
HS SYNC has been defined to ensure that the SYNC is sufficiently long at all
tier levels to detect packets and synchronize timing before the data content
starts. The loss of HS SYNC bits is known as pre-dribble.

Each hub is permitted to sacrifice up to 4 bits of the SYNC for repeating,
but it is not allowed to corrupt the pattern. This implies that for 5 hubs in
cascade at least 12 SYNC bits will be left at the endpoints.

A HS packet can contain up to 1024 bytes of un-coded data, which makes
the worst-case packet length about 10k bits. A HS EOP at the end of a packet is
realized with a string of 8 equal consecutive bits on the bus (40 for the long EOP
used in micro-SOF), which violates the bit-stuff encoding rule. This event is not
allowed inside data packets so that, when a bit-stuff error is detected, it is
assumed that the packet has ended. Furthermore, after the EOP, the bus returns
to HS idle, which is detected by the squelch detector. In the same way as SYNC
bits are sacrificed at the beginning of packets in repeaters, noise bits may be
added to the end of the packet, which is called post-dribble. HS hubs are allowed
to add up to 4 bits of post-dribble, but must not corrupt the EOP.

In LS and FS modes an EOP consists of driving SE0 for 2 bit times,
before the bus returns to the idle (J) state, which is signaled by the level-
detectors. Pre- and post-dribble will not occur because data recovery is not
included in hubs for these modes.

8. Clock domains

Each device in the USB network has its own reference clock provided by a local
crystal oscillator. Tolerance on the accuracy of the frequency is specified at
± 500 ppm. This means that for HS mode the accumulated timing misalignment
over one packet can be as high as 10 bits. Because hubs, which recover and re-
time the data, must be able to repeat packets without corrupting them, an elastic
buffer is needed to avoid underflow or overflow situations. Therefore, a FIFO
buffer of sufficient size is partially pre-loaded with data before the repeat output
stream is started. This FIFO has cyclic, gray-coded, read and write address
pointers for glitch free simultaneous asynchronous read and write functionality.
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9. Data recovery unit

A block diagram of the data recovery unit is shown in Figure 12. A PLL
generates multi-phase 120 MHz clock signals from an external 12 MHz crystal
reference clock. The pre-amplified data signal is oversampled with samplers
driven by the multi-phase clock signals. The sampler outputs are re-timed to a
single 120 MHz clock phase and stored in a register. Edge information is
extracted and delivered to the edge tracking and phase selection unit which
tracks sliding phase due to frequency mismatch and, at the same time, filters out
short term variations. The sampler phase, which is deemed to contain the
samples closest to the middle of the data eye, is selected and the corresponding 4
samples are stored [4, 5].

A consequence of the sliding phase is that the selected sampler phase will
drift and, after some time, an under-run or over-run situation will occur where
either a bit will be lost or included twice. This problem has been solved by
storing 5 or 3 bits instead of 4 bits in those cases. These situations can be easily
detected by monitoring the phase jumps. The resulting 3 to 5 bit data words,
synchronized to the local clock, are sent to the FIFO, together with under- and
over-run status bits.



372

An important requirement for data recovery in hub repeaters is the amount
of latency added to the data stream. In order to minimize the total bus turn-
around time, the repeater must have a latency of less than 36 HS bit times plus 4
ns, measured between input and output connectors. As the pre-loading of the
FIFO accounts for a significant portion of this budget, signal processing for
timing recovery is performed in parallel to the data flow itself.

10. Disconnect

Unplugging a cable, or any other line-break event, causes a loss of connection
between two PHYs. This disconnect situation must be detected by the remainder
of the network in order to prevent useless communication on this port. For both
LS and FS this event is seen on the bus because the pull-up of the disconnected
device will fail to generate a J state (differential ‘0’ for LS and differential ‘1’
for FS) and an SE0 will be seen on the bus during Idle status between packets.

In the case of disconnection in HS mode, the bus status does not change
during Idle mode because nothing is driving the bus anyway. However, the
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terminations at the downstream side of the link are disconnected now. This
means that the amplitude of HS signals driven on the lines doubles from 400 mV
to 800 mV. Because the lines are not properly terminated anymore the actual
signal may behave in a very strange way for regular data content.

A micro-SOF (Start-of-Frame, which schedules the bus time) with a long
EOP, consisting of 40 equal bits, has been defined to facilitate disconnect
detection in HS mode. This long period of stable output guarantees sufficient
signal settling, taking into account the propagation delay of the cable. A
disconnect detection circuit on all HS capable downstream facing ports, which
operates in a similar way to the squelch circuit, determines when the signal level
exceeds a threshold within the range 525 mV - 625 mV. Figure 13 shows the
arrangement of all the required circuitry around the I/O pins for HS capable
devices.

11. Reference voltages and integrated resistors

USB 2.0 signaling requires both accurate voltage levels and precision resistors.
An integrated band gap reference circuit provides an accurate absolute reference
voltage. By means of V/I and I/V conversions using internal resistors of the
same type, scaled values of the band gap voltage can be accurately derived. This
principle has, for example, been applied in the squelch detector circuit described
before.

Line termination, pull-up, and pull-down resistors have, traditionally,
been implemented off-chip because of the required accuracy. However, in this
implementation most resistors are integrated. Using one precision external
reference resistor, currents with accurate absolute values can be generated. With
these currents, digitally controllable internal resistors can be tuned to a preferred
resistance level with a simple calibration loop. The precision is mainly limited
by characteristics of the controllable resistor, such as tuning step size and
linearity. The tuning concept is depicted in Figure 14.

The known current derived from the external resistor is forced through a
replica of the internal resistor/MOS structure that is used for the terminations.
Comparison of the resulting voltage Vi with Egap gives the digital code that is
used to select the correct set of similar, but scaled, parallel branches. As only
PVT variations have to be calibrated, the greater part of the resistance is kept
fixed, which reduces the influence of the branch switching on the total
resistance. The calibration is performed during reset.

In this way, it has been possible to integrate termination and pull-up
resistors, which eliminates a lot of external components. Furthermore, it saves
1C pins, since both sides of the termination resistors are actively driven, thus
necessitating two pins per resistor for external solutions. The accuracy of the
resistors after calibration is ± 10% for the terminations and ± 5% for the
pull-up and the pull-down resistors, which conforms to the USB specifications.
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12. The parallel system interface of the PHY

The system interface of the PHY contains a dual uni-directional or single bi-
directional parallel data bus. This bus may be implemented either 16, 8, or 4 bits
wide, running at 30, 60, or 120 Mb/s/pin respectively, depending on pin count
and clock speed preferences. A handshake procedure, using ‘Valid’ and ‘ready’
signals, is used to maintain alignment between data on the parallel interface and
data on the USB bus, thus compensating for the slight difference of effective
data rates due to bit-stuffing. In addition to this data bus, the interface also
includes control signals, such as enable signals for several functions within the
PHY, and detector output signals, which are needed by the higher-level protocol.
Recently, the UTMI+ standard has been released in an effort to standardize this
parallel interface format [6, 7, 8]. However, it is beyond the scope of this paper
to explain this interface in further detail.

13. Process technology issues

The first USB 2.0 transceiver was implemented in a CMOS process [9].
Because 480 MHz was rather difficult in this technology, parallelism and
pipeline tricks were applied to implement data recovery and processing. The
problem with smaller feature size processes is that the LS/FS signaling level is
3.3 V, which requires almost 5 V tolerance when reflection effects are included.
For this reason, thick gate oxide devices are applied in circuits connected to the
I/O pins, while internal circuitry with normal gate oxide, operating at standard
process supply voltage, profits from increased speed and power reduction. In
this way the design has been successfully ported to and CMOS
processes.
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14. Testability

In order to make this mixed-signal block testable on mass production testers the
block has a CTAG.AMS shell [10]. The CTAG.AMS test strategy allows both
for scan tests of the digital part of the transceiver and analog functional tests.
Special analog modes enable external monitoring of internal transceiver signals.
At-speed loop-back tests are implemented and measures have been taken inside
the analog part of the transceiver to enable DC-tests on essential USB
parameters. By means of this strategy a high test coverage is achieved in the
transceiver.

15. Results

The transceiver has been implemented in several technologies. Figure 15 shows
a layout of test silicon. The silicon die area is about The PHY is
measured using a PHY test PCB plugged into a generic FPGA board to generate
all possible data and control signals to test the circuitry. Figure 16 shows a
photograph of a test board. A product evaluation board, which includes a
transceiver chip, is shown at the bottom left-hand side of the picture for
comparison of sizes.

Figure 17A shows the HS transmit eye, with template, measured at the
near-end connector while Figure 17B shows the received HS eye patterns at the
far-end connector. Both measurements were performed using a typical 5 m cable
connection.
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The power consumption of the PHY, including output drivers, varies between
30-130 mW depending on the (active) state and mode of operation. The HS
current output driver consumes about 60 mW, which pretty much dominates the
total power budget. In power-down mode (Suspend) there is hardly any power
consumed apart from about in the pull-up and pull-down resistors.
Table 2 summarizes the performance of a CMOS PHY example.
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Abstract

High-speed serial digital backplane transceivers must equalize
broadband channel loss at frequencies up to several GHz. Power
dissipation must be minimized to allow for integration of many
transceivers on a single IC. This paper will include a system level
overview of the electrical backplanes typical in state-of-the-art
network equipment. The signal integrity considerations applicable
to this channel will be presented. Mixed-signal circuit approaches
to implement highly integrated backplane transceivers that are
interoperable with conventional binary signaling will be
discussed. The tradeoffs of multi-level signaling for future
applications will also be covered.

1. Introduction

The capacity requirements for high performance backplanes for networking and
computing applications, measured both in terms of aggregate bandwidth as well
as bandwidth-distance product per link, continue to rise. In the near future,
several hundred Gbits/s will be concentrated into compact systems having
backplanes on the order of                       with 20 or more layers. To support these
system bandwidths, the speed of the backplane links must grow. Parallel, multi-
drop busses clocked at a few hundred MHz will be replaced by multi-Gb/s,
controlled-impedance, point-to-point serial links routed through a central or
distributed switch. A variety of competing standards exist for serial backplane
communications; these include SPI-5, XAUI and Infiniband. These standards
commonly bundle multiple 2.5 Gb/s or 3.125 Gb/s links for higher bandwidth.
Emerging standards such as HSBI aim to push the link rates to 5 Gb/s and
higher.

At these data rates, the losses of the channel may be significant. Advanced
backplane materials and connectors may be used to mitigate these losses, but
system vendors will continue to use traditional FR-4 dielectrics in a significant
percentage of high performance backplanes. This choice is driven largely by cost
constraints, but reliability and manufacturability issues are also important. Thus,
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in addition to driving the channel at high baud rates, the backplane transceivers
must also equalize the channel losses. The concentration of transceivers in one
system can be on the order of hundreds, due to the frequent need for redundancy
and because both ends of the backplane are in the same box. Therefore, the
power per Gb/s and area of the transceivers must be kept to an absolute
minimum.

2. Backplane Channel

A state-of-the-art high-speed serial backplane may have hundreds of stripline
traces with lengths as long as 1 m. Signals are generally routed differentially to
minimize crosstalk. In widely-used FR-4 backplanes, the dielectric loss is the
dominant term at high frequencies. This phenomenon results in a loss term that
scales with frequency and length as:

where    is the length of the line and f is the frequency. The dielectric attenuation
constant, is given by:

where is the speed of light in vacuum, is the relative permittivity of the
dielectric and tan is the dielectric loss tangent (tan in FR-4). The
dielectric attenuation constant for FR-4 evaluates to at 1 GHz,
independent of line geometry or impedance.

Skin effect loss is due to the confinement of the ac current in a conductor to a
thin region along its surface. The skin depth in copper is only at 1 GHz,
compared with a typical trace thickness of (0.5 oz), so the ac losses can
be considerably larger than the dc resistance of the line would suggest. Due to
the high density of connections on a backplane, the line widths are often small
(~ 0.2 mm), so that skin effect loss in the conductors is also important. The skin
effect loss is a function of the line geometry, and for stripline can be expressed
as:

The skin effect attenuation constant, is given by [1]:
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where is the characteristic impedance of the line, t and h are the thickness and
height above the ground plane, respectively, of the line, and A is a geometric
factor that includes the effects of line width (w):

The frequency-dependent loss is due to the skin effect resistance, which can be
written as:

where is the radian frequency and is the skin depth in a conductor having
conductivity and permeability

A wide copper stripline with impedance would have a skin effect
attenuation constant of at 1 GHz. The skin effect loss dominates
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at low frequencies, since it increases as the square root of frequency, while the
dielectric loss increases linearly with frequency. The crossover is in the low
GHz range for practical backplane line aspect ratios.

An example of the step response through a channel with predominantly skin
effect loss is shown in Figure 1 [2]. The skin effect loss gives a long transient
tail, which can cause significant inter-symbol interference for uncoded bit
sequences with long run lengths and bit periods comparable to the channel rise
time.

The connectors that mate the line cards to the backplane contribute to the
channel loss by causing impedance mismatches. The connectors are also a
primary source of crosstalk. Fortunately, low-loss materials and higher-fidelity
connectors are available to improve the channel loss and crosstalk. Table 1
summarizes some of the important properties of a range of a few backplane
dielectric materials.

Figure 2 compares the frequency response of a legacy FR-4 backplane with
conventional VHDM-HSD connectors to that of a backplane implemented in
Rogers 4350, with more advanced GbX connectors. Both backplane traces are 1
meter long. Note that the low-loss backplane has higher ripple since the
connector reflections are attenuated less.
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3. Binary Transceivers

Serial backplane transceivers predominantly use binary (two-level PAM)
signaling because its relatively low implementation complexity allows for very
high speed of operation, commensurate with the multi-Gb/s data rates needed.
Clocks are generally embedded with data to minimize the impact of path skew.
For flexibility and expandability, the data processing in a generic network
system is generally partitioned into N line cards connected through a backplane.
These line cards may be interconnected with dedicated links, but this requires

links, some of which may traverse the whole backplane. The link count
can be reduced to O(N) if all links are routed through a central switch card; if the
switch card can be placed at the center of the chassis, the maximum link length
is approximately halved. However, this switched backplane approach
exacerbates the power and congestion problems on the switch card and the ICs
that implement the switching function. Thus, the backplane transceivers
integrated in the switch chips often have the most severe power and integration
requirements.

The simplest and lowest power means of implementing the switch function is
with an asynchronous switch. An asynchronous switch does not enforce any data
rate or timing relationships between the I/Os, which allows different data rates to
be passed on different I/Os. Since there is generally dead time when the switch
reconfigures, this type of switch is better suited for circuit switching rather than
packet switching applications.

Figure 3 shows a representative 34 input × 34 output asynchronous crosspoint
switch. It uses pre-amplifiers and unclocked comparators for high input
sensitivity. The signal path is fully differential and based on current mode logic
(CML). The output drivers are differential open collector current switches. The
output level is digitally programmable on a per-output basis to minimize power
and crosstalk. Trimmed on-chip terminations minimize reflections at package
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interfaces. This circuit is implemented in BiCMOS and can achieve 40
ps p-p jitter at 3.2 Gb/s with less than 60 mW/channel [3]. Other asynchronous
switches have reached port densities of 160 × 160 and I/O and data rates up to
12.5 Gb/s, albeit at much higher power [4].

The major drawback of a purely asynchronous transceiver is the accumulation of
timing errors, such as jitter and duty cycle distortion. These can be controlled in
the IC itself, but the low pass backplane channel introduces significant pattern-
dependent jitter. These effects are illustrated in Figure 4, which shows the
measured eye diagrams at 3.2 Gb/s on several points of a 1 m long FR-4
backplane with a total of four high-density connectors. The differential
transmitter embedded in an asynchronous crosspoint switch drives the input to
the left half of the backplane. The received eye at the midpoint of the first
backplane already shows reduced eye height, increased jitter and degraded rise
time. An asynchronous transceiver at the second switch at the midpoint of the
backplane can restore the vertical eye opening, but adds to the overall jitter.
Thejitter and eye height of the signal at the end of the right half of the backplane
are marginal. These measurements show that a purely asynchronous transceiver
without equalization can deliver 3.2 Gb/s data over more than 50 cm of
conventional backplane. Transceivers designed for higher data rates and trace
lengths where losses are higher may incorporate equalization and clock and data
recovery circuits to compensate for channel loss and its associated pattern-
dependent jitter.
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4. Equalization

In principle, the backplane loss can be compensated with a filter having the
inverse of its frequency response. This filter can be implemented in the
transmitter or receiver and may be either discrete time or continuous time. A
continuous time receive equalizer can be relatively easy to implement since it
does not require a recovered clock. Since the skin effect and dielectric losses are
proportional to line length, a variable filter equalization filter should have a gain
in dB of the form:

where is the reciprocal of the maximum channel loss (vs. frequency)
and is a scaling parameter proportional to trace length. This parameter may
be programmed through an external digital interface or set adaptively via a
circuit that minimizes some receiver error metric (e.g. deviation in received rms
power from a target level).

A Bode equalizer [5] approximates the desired behavior of Eqn. 7 as a rational
transfer function with variable coefficients. It can be expressed as:
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where b is another length scaling parameter. This form gives a flat frequency
response for b = 0.5, gain for larger values of b, and loss for smaller values of b.
A more readily realizable form that gives similar results for the high gain (b ~ 1)
case is:

where a is yet another scaling parameter.

Figure 5 illustrates how an equalizer of the form of Eqn. 9 can be implemented.
In the block diagram shown in Fig. 5a, the output is generated by summing a
unity-gain path with a high pass path with complementary weights, (1 – a) and
a, respectively. Figure 5b is a simplified differential circuit implementation.
Transistors and and the 2R degeneration resistor form a linear
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transconductor. Transistors and and the Y(s) admittance network form a
transadmittance stage. Four differential pairs and

driven by control voltage weight the output currents from the
transconductance and transadmittance stages. The admittance network is related
to the desired maximum equalization gain curve by the following expression:

It can be implemented as a simple R-C network for gain slopes vs. frequency of
up to 20 dB/decade. Multiple equalizer stages of this form may be cascaded to
achieve higher gain slopes.

Figure 6 shows the effectiveness of this type of equalizer in the frequency
domain. The frequency response of a 1 m FR-4 backplane with benign
connectors follows closely the inverse of the frequency response of a
programmable continuous-time receive equalizer for frequencies up to about 5
GHz. Thus, the frequency response of the cascade of the channel and the
equalizer has a relatively flat gain out to this frequency. The equalizer in this
example is implemented in a 30 GHz   silicon BiCMOS process and is
programmed to minimize the jitter at 6.25 Gb/s.
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Figure 7 illustrates the performance of this continuous time receive equalizer in
the time domain. The upper eye pattern is the received eye before equalization
and the lower eye is the output of the equalizer before slicing. The equalized
jitter is approximately 0.2 unit interval (bit period).

Equalization can also be done in the discrete time domain using finite impulse
response filters. The approach makes sense in a synchronous transmitter where
the input data is already sampled and quantized. This technique is often referred
to as transmit pre-emphasis. Figure 8 shows a three-tap FIR transmit filter that
realizes the cascade of two real zeros as well as the response of this filter to a bit
sequence. Note that the amplitude in the vicinity of data transitions is
accentuated, which pre-compensates for the low pass response of the backplane.

Figure 9 shows this type of 3-tap FIR transmit filter merged with a differential
binary transmitter. The delays are implemented with two flip flops. The raw and
delayed input bit streams are presented to the inputs of a bank of one-bit, current
output DACs with variable output currents. The output currents are set
proportional to the desired tap weights. The summation is done in current mode
at the common outputs of the drivers. The driver segments can be implemented
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as differential current switches with quasi-DC programmable tail current
sources. The pre-driver is implemented as a low-swing differential circuit for
low noise generation and high supply noise immunity.

The behavior of the FIR transmit filter can be evaluated in the frequency domain
using Z-transform methods. We will consider the simplest case of a two-tap FIR
filter (one tap of pre-emphasis); this analysis can be readily extended to longer
filter impulse responses. The Z domain transfer function of a two-tap transmit
filter may be written as:
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where and are the tap weights, is the unit sample delay (equal to the bit
period in this case), and is relative pre-emphasis weight. To
implement a high-pass function and which implies r > 0. The
frequency response of this transfer function is:

where is the bit period and j is The magnitude of the frequency response
is given by:

which has a minimum at dc:

and a maximum at integer multiples of half the bit rate:

where and are the tap weights, is the unit sample delay (equal to the bit
period in this case), and is relative pre-emphasis weight. To
implement a high-pass function and which implies r > 0. The
frequency response of this transfer function is:

where T is the bit period and j is The magnitude of the frequency response
is given by:

which has a minimum at dc:

and a maximum at integer multiples of half the bit rate:
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The maximum boost is the ratio of these quantities:

If the transmitter is power-constrained or swing-limited, the sum is also
bounded. Since for the high-pass case, this constraint implies that to
achieve boost, the low frequency components are effectively attenuated (de-
emphasized) with respect to the high frequency components. For a receiver with
finite sensitivity, this effect limits the maximum pre-emphasis boost.
Mismatches in the transmitter can also place limitations on the maximum usable
boost. Fortunately, modest boost levels on the order of 10 dB can have
a dramatic impact on eye opening.

Figure 10 shows the frequency response of 1 meter of FR4 with two GbX
connectors, the inverse of the 2-tap FIR transmit equalizer frequency response
(neglecting the effects of the implicit zero-order hold in the transmitter), and the
composite frequency response of the channel and transmit equalizer. The bit
period is T= 160 ps and the tap weights are set for 9.5 dB of peak boost (r = 0.5)
at the Nyquist rate of 3.1 GHz. The unequalized backplane half-power
bandwidth of 500 MHz is increased to 1.9 GHz after equalization.
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Figure 11 shows the simulated time domain performance of this 2-tap FIR
transmit equalizer over the same 1 m FR-4 channel as Figure 10. The 50
backplane traces are doubly terminated. The upper eye diagram shows the far
end of the line with no equalization; the eye is barely distinguishable. The lower
eye diagram shows the received signal with the transmit equalizer enabled

r = 0.5). The equalized jitter is approximately 0.2 unit
interval (or bit period). The vertical eye height is improved to 190 mV and the
peak-to-peak jitter is ~ 0.19 UI. Note that the low-frequency amplitude is lower
than in the unequalized case.

5. Multi-Level Transceivers

When the loss slope of the channel becomes excessive, it may become
advantageous to encode multiple bits per symbol to reduce the baud rate [6]. The
loss and crosstalk at the reduced Nyquist frequency would have to be
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sufficiently lower to compensate for the reduced symbol spacing resulting from
the higher number of levels needed to encode multiple bits per symbol. For
example, by moving from binary or two level pulse amplitude modulations
(PAM 2) to four level pulse amplitude modulation (PAM 4), the baud rate could
be halved, but the symbol spacing would be reduced by a factor of three if the
transmit power is limited.

Figure 12 illustrates this tradeoff for a specific channel frequency response
corresponding to a 1 m FR-4 backplane with low loss connectors. A simple
metric to compare alternative coding schemes is to evaluate the ratio of the
signal amplitude to the sum of the impairments at the receive end, The upper
two curves in Figure 12 (labeled N=2 and N=4) represent the effects of channel
loss on the received signal. The binary signal swing is assumed to be 1 V p-p.
The multi-level curve (N=4) is shifted down from the upper curve by 9.5 dB to
account for the 3x reduction in transmit symbol spacing due to the higher
number of quantization levels. The impairments are split into two components,
indicated as near end crosstalk (NEXT) and receiver (RX) sensitivity in the
graph. The NEXT curve follows the envelope of the measured all-hostile
crosstalk for a VHDM-HSD connector with the two worst aggressors removed
(assuming some optimization is done in the connector pin assignments to avoid
this worst case). The receiver sensitivity aggregates the effects of noise, offset,
on-chip interference & finite gain in the receiver. In this example, it is taken to
be about 30 mV p-p and dominates the NEXT.
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Point A in Figure 12 corresponds to a 12 Gsymbol/sec baud rate using binary
signaling, giving 12 Gb/s. Point B represents 6 Gsymbol/sec baud rate using
PAM-4 multi-level signaling and also yielding 12 Gb/s. In this case, moving to
the more spectrally efficient (N=4) multi-level scheme results in a modest signal
to impairment advantage. Using this metric, it can be shown analytically that for
a channel whose loss is dominated by skin effect loss (i.e. proportional to the
square root of frequency), PAM-4 becomes favorable over binary where the loss
at the Nyquist rate is greater than 33 dB using binary signaling. If the channel
loss is dominated by dielectric loss, the break-even point is 19 dB of loss at the
Nyquist rate.

When comparing binary and multi-level transceivers, the cost of implementation
must also be considered. Figure 13 compares block diagrams of binary receivers
and transmitters to their multi-level (W-bit per symbol) counterparts. The power
and area of the multi-bit receiver are similar to those of a low-resolution A/D
converter and can be expected to grow between O(N) for a fully pipelined
architecture and order     for a flash implementation. The multi-level
transceiver also incurs the cost of a reference generator. The multi-level
transmitter complexity should scale in a manner similar to that of its receiver
depending on the level of segmentation chosen in the transmit DAC. However,
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the power in an efficient transmitter can be dominated by the output current
needed to swing the load, so the total power multi-level transmitter should grow
more slowly than the complexity. Multi-level transceivers reported to date have
been much higher power than their binary counterparts, which makes them less
suitable for high-density applications.

6. Conclusion

Backplanes pose significant problems to the transmission of high bit-rate serial
digital signals. Equalization in either the transmitter or receiver can compensate
for the channel loss while maintaining compatibility with conventional binary
transceivers. Multi-level transceivers can reduce the symbol rate to frequencies
where the loss is lower. The overall power, area and complexity of the
transceivers are important since many applications require the integration of
many channels per chip.
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